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2
Applying the calculus concept of limits,
the specialist gets to know more and more
about less and less until, in the limit,
he retires, knowing everything about nothing.
The generalist learns less and less
about more and more until, in the limit,
he retires, knowing nothing about everything.
Neither is quite the ideal life.

Lawrence J. Kamm
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1

Introduction

Modern mobile communication systems shaped the semiconductor industry during the
last decade: The demand for lower cost and higher speed at reduced power consumption and increased functionality has been a key driver for CMOS technology scaling and
even at today’s gate geometries of 45 nm Moore’s law continues to go on. Alternative
technologies like Silicon-Germanium Heterobipolar (SiGe HBT) technology displaced established receiver architectures based on discrete semiconductors and III-V electronics
into the niche of power-amplifiers and antenna switch modules – before SiGe HBT finally
will be displaced by RF CMOS to higher-frequency applications like automotive radar.
This thesis applied a wide range of available circuit design techniques to realize very linear receivers with low noise figure to satisfy the system needs of applications like UMTS,
CDMA, GPS, TETRA and WLAN. Circuits have been realized that show comparable
or better linearity and noise performance than implementations using discrete or III-V
technology. As the author of this thesis escorted SiGe technology from early infancy in
the clean rooms of the Daimler research labs via the production transfer to Temic (later
renamed Atmel, now TELEFUNKEN Semiconductors [1]) – where he was part of the
team that developed the first commercially available SiGe frontend circuit – a big part of
this work is dedicated to device modelling. This is essential, as only accurate models enable the trend to first-time right designs with optimum performance. At Ulm University
he joined forces with a team that innovated MMIC design at frequencies up to 24 GHz
using commercially available SiGe HBT production lines from Atmel [2].
A good circuit needs to fulfil the requirements of the system, rather than the system
coping with the limitations of the circuit. Therefore chapter 2 shortly explains the mobile communications systems used in this thesis and derives the system requirements for
the receivers to be realized in chapter 3. The common demand of all these systems is:
(i) High linearity (ii) Low power consumption and (iii) Low noise figure. While SiGe HBT
technology allows for the realisation of low-noise, low-power RF circuits, high linearity
typically is achieved by high operating currents. Therefore circuit design techniques were
necessary to satisfy the linearity needs without the use of excessive current. Chapter 4
briefly compares the different technologies used, including an experimental verification
of the active device models in the design kit. This is then followed in chapter 5 by an
extensive measurement and modelling campaign to remove the deficiency of the passive
device models in the design kit: After improving both the accuracy of the on-wafer measurements (see appendix C) and the quality of the electro-magnetic field simulations,
both techniques have been merged to derive a set of scaleable inductor models, greatly
facilitating RF circuit design at RF frequencies. Chapter 6 is dedicated to the low-noise
amplifier (LNA) and uses circuit design techniques to optimise linearity at a minimum of
noise and current consumption, followed by extensive benchmarking. Mixer designs are
evaluated in chapter 7, identifying different mixer types to optimally serve the requirements of different systems. The thesis ends up with a conclusion and gives an outlook
where further studies might be directed to.
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2

Introduction to mobile communication systems

2.1

Digital modulation and the need for linear receive frontends

The move from analog phone systems like NMT (Nordic Mobile Telephone) and AMPS
(Advanced Mobile Phone System) with AM or FM modulation to digital standards like
GSM and UMTS using digital modulation techniques provides more information capacity,
compatibility with digital data services, higher data security and better quality communications. The RF spectrum must be shared, yet every day there are more users for the
available spectrum as the demand for communications services increases. Digital modulation schemes have greater capacity than analog modulation schemes to convey large
amounts of information. There is a fundamental trade off in communications systems:
Simple hardware can be used in transmitter and receivers to communicate information.
However, this uses a large amount of spectrum which limits the number of users or the
available data rates. Pagers, for example, use simple digital modulation algorithms like
2-level FSK or BPSK (see Fig. 1) which can be demodulated even deep inside modern
steel/concrete buildings. Alternatively, more complex transmitters and receivers can be
used to transmit the same information over less bandwidth. This transition to more and
more spectrally efficient transmission techniques requires more and more complex hardware. Complex hardware is difficult to design, test, and build due to more demanding
specifications. [3]. They key specifications which need to be met in a complex receiver are
noise figure, linearity and power consumption.
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Figure 1: Digital bit stream (top left) encoded with simple modulation formats
like Amplitude Shift Keying (ASK), Frequency Shift Keying (FSK) and Phase Shift
Keying (PSK).
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A symbol is defined as a state in the polar IQ plane at a given time (see Fig. 2). The signal
bandwidth for the communications channel depends on this symbol rate. BPSK (Bi-Phase
Shift Keying) has got 2 states (0 or 180◦ ) corresponding to just one bit of information (’0’
or ’1’). Here the bit rate just equals the symbol rate, but the states can be distinguished
(’demodulated’) easily. This is important for spread-spectrum satellite-based systems
like GPS due to the high attenuation between the transmitter in the satellite and the
terrestrial receiver and the fact that the signal level is below the thermal noise floor. Due
to the low bit rate of BPSK, it takes around 35 seconds even with a good sky view until
the GPS receiver has all the necessary information to calculate a valid position1 . A low
receiver noise figure is important to acquire the weak GPS signals, while linearity is not
important for stand-alone GPS receivers. However, as most GPS receivers need to work
close to mobile phones that transmit with power levels that are up to 1017 times stronger
than the weak GPS signals at an offset of just 200 MHz, linearity becomes important
for GPS receivers, too. The GPS system is sketched in section 2.5 and the low-noise
preamplifier developed in this thesis in chapter 6.8.8.
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Figure 2: Digital modulation formats of the systems covered in this thesis shown in
a constellation diagram.
In FSK, the frequency of the carrier is changed between two values as a function of
the modulating signal (data) being transmitted. For Minimum (frequency) Shift Keying, MSK, the difference between these two frequencies is chosen to be half the data
rate, with the result that the modulated carrier contains no phase discontinuities and
frequency changes occur at the carrier zero crossings (see Fig. 1, top right) [4]. Thus, a
static frequency shift translates into a linearly varying phase shift. This leads to a vector
rotating either clockwise or counterclockwise, the absolute states in the constellation diagram being irrelevant. A long series of binary ones would result in a series of positive,
counter-clockwise transitions, a long series of binary zeros in a series negative, clockwise
transitions (see Fig. 2). As MSK is not spectrally efficient, the data stream is filtered
1

To speed that up, satellite information can be transmitted via a cellular network with a higher data
rate, so that only code and timing synchronisation need to be aligned via the slow satellite link (assisted
GPS, A-GPS).
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using a Gaussian filter, a pre-modulation lowpass filter with a sharp cutoff frequency and
very little overshoot in its impulse response [4]. When demodulating a GMSK signal in
the receiver section, care needs to be taken to preserve low phase distortion. This is a
major concern when the receiver is demodulating the signal down to baseband, and care
must be taken in the design of the IF filtering to protect this characteristic [4]. GMSK
receivers require high carrier frequency accuracy between receiver and transmitter, imposing tough requirements on the VCO / synthesizer section (which is beyond the scope
of this thesis). The strong point of GMSK is in the transmitter section: As the amplitude of the modulated signal remains constant and there are no zero-crossings, this
constant-envelope schemes allow for the use of very power-efficient class-C power amplifiers, generating mainly harmonics, which can be filtered out easily. Therefore more
efficient amplifiers (which tend to be less linear) can be used with constant-envelope signals, reducing power consumption. Again, for GMSK simpler hardware with lower power
consumption comes at the expense of a smaller bit rate (1 bit per symbol).
Moving to more sophisticated modulation techniques that carry several bits per symbol
(QPSK, QAM, OFDM), amplitude variations are inevitable. They exercise nonlinearities
in an amplifier’s amplitude transfer function, generating undesired spectral regrowth leading to power leakage into adjacent channels. Power amplifiers in class A or AB operation
are necessary which have high power consumption. For QPSK (or 4QAM), 4 states carry
2 bits of information. This modulation scheme is more spectrally efficient than BPSK
as the bit rate is twice the symbol rate. This comes at the expense of a more difficult
demodulation: In general, schemes that rely on more than two levels (e.g. QAM, QPSK)
require better signal to noise ratios (SNR) than two-level schemes for similar bit-error-rate
(BER) performance [4]. Higher orders of quadrature amplitude modulation like 16QAM
or 64QAM are used for satellite communications where the chance of perturbations due
to interferers is low. M-QAM with M up to 64 is the modulation format of the Orthogonal Frequency-Division Multiplexing (OFDM) technique used in 802.11a/g Wireless
Local Area Networks (WLAN, see table 4). OFDM is a frequency-division multiplexing
(FDM) scheme utilised as a digital multi-carrier modulation method: A large number of
closely-spaced orthogonal sub-carriers are used to carry data simultaneously. The data
is divided into several parallel data streams or channels, one for each sub-carrier. Each
sub-carrier is modulated with M-QAM (m=2. . . 64, e.g. BPSK, QPSK, 16QAM, 64QAM)
at a low symbol rate, maintaining total data rates similar to conventional single-carrier
modulation schemes in the same bandwidth [5]. OFDM systems are used in applications
with frequency-selective fading due to multipath, such as DAB, DVB and WLAN [5].
As WLAN terminals typically operate at distances within 50m of a base-station, the link
budget is not so tight compared to systems like GPS and the low noise figure for the frontend is mainly needed to overcome the high noise figure in the receive chain of the low-cost
CMOS-based transceiver chip sets nowadays used in this application. π/4-DQPSK is a
so-called differential modulation scheme, alternating between two QPSK constellation diagrams that are rotated by 45◦ : Starting from a ’black’ state in Fig. 2, transitions must
occur to a ’grey’ state from where, again, transitions are only allowed back to a ’black’
state. This avoids zero-crossings and guarantees that there is always a phase change,
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making clock recovery easier. Note that the transitions between the states in practice
are not straight as this would consume infinite bandwidth. Filtering is applied instead,
leading to sophisticated transitions. At the decision points, however, the location is at (or
close) to the corresponding state. For an excellent introduction into digital modulation
in communications systems see [3].
Another layer of complexity in today’s systems is multiplexing. Three principal types of
multiplexing (or ’multiple access’) are TDMA (Time Division Multiple Access)2 , FDMA
(Frequency Division Multiple Access) and CDMA (Code Division Multiple Access). This
means that different users are assigned to different time slots (TDMA), different carrier frequencies (FDMA) or different spreading codes (CDMA). From these modulation
schemes it can be derived that new, spectrally more efficient systems require cleaner data
at the baseband input in order to demodulate them properly with a low bit-error rate. As
will be explained in section 3.1, this is especially true if a small receive signal is masked by
strong interferers close to the desired frequency channel. Linear receive front-ends with
low noise figure are the answer to the increased complexity of modern mobile communication systems.

2.2
2.2.1

Mobile phone standards
The evolution of mobile communications

Analog systems of the 1st generation (1G) like NMT or AMPS have been followed by
digital 2G systems like GSM or IS-95. 2G systems were designed for voice transmission
and offer only low data rates. This capability was enhanced in 3rd generation systems
like EDGE (a GSM modification with 8-PSK modulation instead of GMSK), CDMA2000
(an evolution of IS-95) and the Universal Mobile Telephone System (UMTS) based on
wideband CDMA. 4G will use a variable spreading factor, orthogonal frequency codedivision multiplexing (VSF-OFCDM) for down-link data rates of up to 100 Mbit/s and
variable spreading factor CDMA (VSF-CDMA) for 20 Mbit uplink data rates [6]. In this
thesis, among others, circuits for IS-95 and UMTS have been designed. Therefore the key
technical properties are sketched in the following sections.
2.2.2

CDMA

CDMA (Code Division Multiple Access) is an access method where multiple users are
permitted to transmit simultaneously on the same frequency (full duplex system) and
most often even timeshare the same channel. Frequency division multiplexing is still
performed, but using just a few, very wide channels (e.g. 4 channels, each 5 MHz wide
for UMTS) which are assigned to different operators, not different users. The users
can be distinguished by a unique higher-rate digital sequence which is overlaid on their
transmission. As these codes are orthogonal, distinction can be achieved by correlating
2

introduced by Emile Baudot in 1874.
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the received spectrum with a users overlaid sequence, which causes the signals of the other
users to vanish if the signals have been transmitted without distortion via the transmit
chain of the sender to the receive chain of the addressee. Therefore linearity is a key
requirement of CDMA systems. The correct signal is amplified by the coding gain which
is given by the code length. For a 128 bit code, the coding gain is 10 · log (128) = 21 dB.
With decreasing data rate, the code length is increased, and thus the base station can
improve signal reception from a mobile phone which is far from the base station simply
by reducing the data rate [7]. The overlay sequence is based on codes which are shared
between the base and the mobile stations [3]. The overlaid signals, just distinguished by
different Walsh codes, together with the fact that CDMA phones receive and transmit at
the same time (full duplex mode), make CDMA receivers the most demanding RF parts
in terms of linearity which are treated in this thesis.
2.2.3

Narrow-band CDMA

Frequency bands [MHz]

869 - 894 (down-link) cellular (USA)∗
1840-1870 (down-link)
Korean PCS
1930-1990 (down-link) American PCS
CDMA / FDMA
FDD
Walsh
32-64 (Dyn. adapt)
19-20
QPSK (mobile) OQPSK (base-station)
10 nW to 1 W
1.2288 Mbit/s (spreading)
1.25 MHz
Chebyshev low pass (FIR)
115 kbit/s (IS-95B)

824 - 849 (up-link)
1750 - 1780 (up-link)
1850 - 1910 (up-link)

Data structure
Duplex method
Orthogonal codes
Channel per frequency
Number of channels
Modulation
Mobile output power
Symbol rate
Channel spacing
Filtering
Peak data rate
∗
same as AMPS frequency range

Table 1: IS-95 key parameters [3, 8].
Wireless CDMA mobile communication networks based upon the narrow-band IS-95 and
IS-98 standards are widely used as a 2nd generation cellular standard throughout the
US, South America and Asia (especially Korea) with different frequency allocations (see
table 1). An IS-95/98 receiver needs to coexist in an harsh environment with other multistandard mobile phones, imposing tough system conditions on the radio. As will be
explained in section 3, the strongest interferer is the mobile phone’s own power amplifier
leaking through the antenna diplexer (see Fig. 15) to the receiver. In order to cover
the various frequencies shown in table 1, four different IS-95 CDMA / GPS multi-band
LNA/mixer combos have been developed by Atmel and TriQuint semiconductors [9, 10,

2.2 Mobile phone standards
Frequency bands
Data structure
Duplex method
Orthogonal codes
Channels per frequency
Users per channel
Modulation
Symbol rate
Channel spacing
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1920 - 1980 MHz (up-link) 2110 - 2170 MHz (down-link)
CDMA / FDMA
FDD
OVSF (orthogonal variable spreading factor)
4 . . . 512
15 . . . 50
HPSK (mobile)
QPSK (base-station)
3.96 Mbit/s (spreading)
5 MHz

Table 2: W-CDMA key parameters.
11, 12, 13, 14], where this thesis contributed to the design of the 1900 MHz LNA and
Mixer (see Fig. 3).

Figure 3: Chip photograph of the CDMA/GPS LNA/mixer combination [9, 10, 11,
12, 13, 14]: Top left: PCS LNA, top right: PCS mixer, bottom left: GPS LNA,
bottom right: GPS mixer

2.2.4

Wide band CDMA (UMTS)

Compared to narrowband CDMA, the wideband CDMA (WCDMA) modulation used in
UMTS uses a wider bandwidth (3.84 MHz as opposed to 1.23 MHz for IS-95) and the
signals are spread using orthogonal variable spreading factor (OVSF) rather than Walsh
codes. In the UMTS frequency-division duplex (FDD) mode, the 1920-1980 MHz band
is allocated for the up-link (mobile → base-station) and the 2110-2170 MHz band to the

8
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down-link (base-station → mobile), where individual operators acquired 5 or 10 MHz of
paired spectrum, respectively. The full-duplex FDD mode is appropriate for a mix of voice
and data services and is favoured by most operators. The TDD service is more suited for
data transmission and uses just 5 MHz of unpaired 3G spectrum, which is interesting as
many European 3G licenses include bandwidth of this unpaired spectra. This TD-CDMA
interface performs up-link and down-link in a single band and separated by time.

Figure 4: The Scuba receiver down-converts 4 channels simultaneously [15, 16].
Commercial products are available for UMTS mobile receivers which are able to receive
a single W-CDMA channel (e.g. [17, 18]). However, current base station receivers, which
are designed to process four neighbouring channels simultaneously, are built-up using discrete components. Since a high pressure for cost reduction of the equipment exists on the
telecommunication market, an integration of the analog receiver functionality even for the
base stations is desirable. Due to stronger requirements in terms of bandwidth and linearity compared to mobiles, the development of such a base station receiver IC is challenging.
In a joint effort between Atmel, Ulm University, and Alcatel SEL research, Stuttgart, a
UMTS base station chip set has been developed within the MEDEA+ project Scuba
(System-on-Chip solutions for advanced UMTS BAsestations). The direct down conversion receiver (DCR) down-converts 4 adjacent WDMA frequency channels of 3.84 MHz
bandwidth and 5 MHz spacing simultaneously to the base band [19] (see Fig. 4): Important design parameters of the fully ESD-protected device are a noise figure NF ≤
2 dB and a voltage gain of 48-54 dB into a 1000 Ω differential load (AD converter). The
system architecture of the receiver is described in detail in [15, 16] and uses an IQ downconverter based on two Gilbert cell mixers, where the LO quadrature signals are derived
from a 3.84-3.96 GHz VCO using a divider constructed from master-slave flip-flops in ECL
technology, which leads to a low phase error [20] (see Fig. 5). A balanced preamplifier
with 6 dB of variable gain in front of the mixers accommodates for gain variations due to
fabrication tolerances and temperature of the whole receiver chain (antenna, diplexer and
the receive ASIC itself). The mixers are followed by an active baseband low pass filter

2.2 Mobile phone standards
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with very high linearity and a sharp roll-of outside the 10 MHz pass band (see Fig. 4,
bottom). The complete receive IC was realized in Atmel’s SiGe1 bipolar technology [1],
which is briefly sketched in section 4.2.

VGA
from antenna
/ duplex filter

gain control
from DSP

LNA
/2

to ADC

BBF

BBF

LO in

to ADC

5x5 mm, 32 pin
QFN package

Figure 5: The Scuba UMTS receiver in the version with integrated LNA.
Known problems of DCRs are relaxed using this architecture, as
 DC offsets after the mixer can be filtered by coupling capacitors, as there is no
spectral content at zero IF frequency (see Fig. 4, bottom).
 and LO feed through from the VCO back through the mixer and the LNA to the
antenna is reduced due to the VCO running at twice the input frequency.

Originally it was intended to realize the LNA onto the same SiGe die as the preamplifier,
mixers and IQ baseband filter (see Fig. 5). Beside tough specifications like a gain of more
than 17 dB and a sub-1.5 dB noise figure, a reverse isolation of 40 dB was required in
order to fulfil the limits for radiated LO power from the antenna (see table 17). A first
LNA design integrated into a 32 pin QFN package showed a reverse isolation |S12 | of just
33 dB [15, 16], despite the exposed die attach having an almost ideal, inductance-free
connection to ground. Even worse, the large inductor of the LNA’s output match picked
up LO signals which were coupled into the substrate via MIM capacitors driven by the
800 mVpp outputs of the LO divider. As cost was not a prime concern, no additional efforts
to improve the reverse isolation have been spent (e.g. using inductors with a patterned
ground shield to avoid substrate coupling (see section 5.12), but the safe way was chosen
to realize the LNA as a separate IC in a TSSOP8 package (Fig. 6).
This thesis contributed to the Scuba project in two ways:
1. Design of the UMTS LNA according to the specifications in table 17, with emphasis
on an extremely low noise figure and a high reverse isolation. Compared to the
narrow-band CDMA LNA, a different linearization approach has been used, as for
the UMTS receiver the linearity was tested with an interferer spaced 5 MHz apart,
while it was 0.9 MHz for the narrow-band IS-95 LNA. This item is discussed in
detail in section 6.8.4.
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Figure 6: The Scuba LNA optimised for lowest noise figure and high reverse isolation will be discussed in detail in section 6.8.4.
2. A second work package of the Scuba project concentrated on the realisation of
accurate, scaleable models for all kind of passive inductors on silicon using electromagnetic field simulation, verified by on-wafer measurements. This topic is covered
in chapter 5.

2.3

Professional mobile radio systems

Professional Mobile Radio (PMR) terminals based on analog technology are widely used
to fulfil the communication needs of professional organisations including all emergency
response services as there are police, fire brigade, rescue teams as well as customs, private security companies, airports and transportation companies. Advantages of PMR
technology over cellular systems like GSM or UMTS are
 the ability to operate between mobile terminals without the need for a base station
(direct mode operation)
 guaranteed access to the network even under heavy load (e.g. in an emergency [21])
 group calls and broadcasting (point to multi point communication)
 reconfigurable networks
 a wider operating range which is achieved by using the UHF range (400 or 800 MHz)
in Europe and the UHF (403. . .512 MHz, 806. . .870 MHz) and VHF (136. . .174 MHz)
range in the United States.

Analog technology will be replaced by digital PMR technology within the next years. In
Europe there are presently two competing standards: TETRA (TErrestrial Trunked Radio
Access), as proposed by ETSI, combines FD/TDMA (4 time slots) with π/4-DQPSK
modulation. TETRAPOL initially was developed as a proprietary standard and large
networks are already operational in more than 30 countries [22]. TETRAPOL uses FDMA

2.4 Wireless Local Area Networks

source
multiple access
modulation scheme
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ETSI standard
TETRAPOL forum
www.tetramou.com www.tetrapol.com
FD / TDMA
FDMA
π
DQPSK
GMSK
4

channel spacing [kHz]

25

10 or 12.5

frequency range

UHF

UHF

TIA (U.S.A)
FDMA
C4FM (phase 1)
CQPSK (phase 2)
12.5 (phase 1)
6.25 (phase 2)
VHF and UHF

Table 3: Overview of different standards for PMR terminals [23, 24, 25]
multiplexing and a robust GMSK modulation. Depending on the country, several bands
are allocated to PMR systems. They can be grouped into the 400 MHz bands (380430 MHz, 440-490 MHz and 470-520 MHz) and a 800 MHz band (750-870 MHz). Within
the MEDEA+ project SUPERSTAR (Silicon Universal Platform for Secured Telecom
Applications), TETRA/TETRAPOL multi-mode terminals are developed which target
the European market as well as the American market and therefore need to fulfil the
American APCO 25 standard as well. For APCO, analog Mutual Aid Channels (MACh)
are required to allow inter-system communication with analog handhelds according to
standard TIA-603-B. However, none of the RF parameters is determined by these MACh’s.
Inherent to all three standards is a low channel spacing of 6.25 . . . 25 kHz (see table 3).
This requires both LNA and mixer to be robust against 3rd order intermodulation from
two very closely spaced tones due to co-location interference in rugged environments. As
interferers appear in the receive band they cannot be reduced in amplitude by a SAW filter
between LNA and mixer as it is the case in the IS-95, UMTS and GPS receiver developed
during this thesis. Therefore, special design techniques have been used to make (i) the
LNA robust against interferers at small offset frequencies and (ii) to design a mixer with
very high linearity (see section 7.5.2) which considerably differs from the mixers designed
for CDMA and WLAN. The main differences between TETRA, TETRAPOL and APCO
are summarised in table 3. The two receive ICs – one for the 400 MHz band and one
for the 750-870 MHz band – are shown Fig. 7 and will be discussed in detail in section 6
and 7. Fig. 8 shows a fully equipped LNA/Mixer board using the IC shown in Fig. 7.

2.4

Wireless Local Area Networks

Wireless Local Area Networks (WLANs) are a low-cost alternative to cellular networks
in providing data services at retailers, hotel chains, property owners, airports and train
stations to offer business travellers high-speed connectivity to their corporate networks
as well as broadband internet access including voice-over-IP (VoIP) phone calls, without
having to invest into UMTS license fees [26]. Compared to cellular networks, WLAN
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Figure 7: 400 MHz version (left) and 800 MHz (right) version of the LNA / mixer IC
developed for TETRA/TETRAPOL handhelds using Atmel’s at46k SiGe BiCMOS
technology.

Figure 8: Fully equipped test board for the TETRA/TETRAPOL/APCO-P25 receiver.
offers a higher data rate (up to 54 Mbit/s per cell versus 3 Mbit/s for TD-UMTS, see
section 2.2.4). Spectral allocations for WLAN are in the 2.4 GHz and in the 5-6 GHz
band. The latter offers 200-455 MHz of unlicensed spectrum in many regions, with the
potential to realize both fixed and portable wireless multimedia applications [27]. The
different frequency bands which are allocated by the FCC in the US and by European and
Asian authorities are shown in table 4. The European HiperLAN and Japanese HiSWAN
standards are history, the market meanwhile is completely dominated by the 802.11a/b/g
standards.
In order to meet the high demand associated with these applications, low-cost siliconbased radio transceiver front-ends capable of performing at 2.4-5.85 GHz are essential.

2.4 Wireless Local Area Networks
standard
802.11b
802.11g
802.11a

13

country
of origin
US

frequency
range [GHz]
2.4 - 2.4835

maximum
data rate
11 Mbps

US
US
(U-NII)

2.4 - 2.4835
5.15 - 5.25
5.25 - 5.35
5.725- 5.825
2.40 - 2.4835
5.725 - 5.85

54 Mbps
54 Mbps

ISM bands

air access
FHSS
DSSS using CCK
OFDM using CCK
OFDM

channel
spacing
1 MHz
25 MHz
20 MHz
20 MHz

Spread
spectrum

Table 4: Current WLAN standards [28, 29, 30]. Data for the ISM bands are for
comparison only.
Using Atmel’s SiGe-1 technology, a broadband image-reject (IR) mixer has been developed within this thesis which achieves an image-rejection of more than 40 dB without
the need for any post-tuning (section 7.7). However, due to the low integration level,
this receiver did not make it into a product. Pure 5 GHz CMOS transceivers have been
reported with impressive RF performance [31, 32, 33, 34], albeit this comes at the expense of a high power consumption [31]. While CMOS offers an advantage with respect
to the integration level, the noise behaviour, current driveability and device matching is
inferior compared to bipolar devices. In 2004, both BiCMOS and CMOS radios coexisted,

RFout

5 GHz

1nF
100pF

RFin

RFout

PU24

2.4 GHz

VCC

5 GHz

100pF

27pF

100pF

PU5
54pF
RFin

2.4 GHz

Figure 9: Test board of the 2.4 GHz / 4.9-5.9 GHz dualband WLAN LNA. The IC is
mounted chip-on-board (COB) onto a 2-layer PCB made from RO4003, 200µm (8 mil)
thick, with 17.5µm Cu cladding [35]. A support layer is glued below for mechanical
rigidity. Losses in LNA input and output are just 0.1 dB @ 2.4 GHz, each, including
connectors. SMD capacitors: Taiyo Yuden, 0201 size (except 1nF which is 0402).
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where SiGe BiCMOS offers 5 dB higher sensitivity compared to CMOS [36]. Due to the
enormous price pressure and the trend towards very high integration levels, CMOS radios
using direct conversion architectures (DCR) will inevitably win the race. Opportunities
for SiGe remain, but only in the front-end section (power amplifier or low noise amplifier).
To date most CMOS radios offer reasonable noise performance at 2.4 GHz, but 5 GHz
performance is still poor with receiver (RX) noise figures around 5-6 dB [32, 34]. Therefore, at the end of this thesis, a 4.9-5.9 GHz LNA has been developed according to the
specifications of a European manufacturer of front-end modules [37]. These modules are
fabricated using low-temperature co-fired ceramic (LTCC) and integrate a T/R switch
(usually GaAs pHEMT), band pass filters for receiver (RX) and transmitter (TX), and
sometimes a power amplifier [38]. This PA is usually built with InGaP HBTs [39, 40] or
GaAs pHEMTs [41], as SiGe HBTs optimised for large breakdown voltages lack sufficient
gain at high frequencies (see table 26). Interfaces to the radio are either single-ended or
balanced, the latter being electrically superior but requiring additional signal lines. While
some of the front-end modules on the market do not contain active parts in the RX path
and show a transmission loss of ≈3 dB [42], the 802.11a standard benefits from a low
noise preamplifier within the module. Modules with integrated LNA are on the market
and use GaAs pHEMT technology for both switch and LNA [43, 38]. The LTCC process
allows passive components such as resistors, inductors and capacitors with high quality
factors3 to be embedded in a multilayer, integrated module with high density and low
cost [44, 38]. It turned out, however, that larger values of capacitors (>500 fF) and inductors consume large area on the LTCC and require the use of SMD components placed
on the top of the module, which is unwanted. Finally, to keep prices low, all passives
of the LNA were realised on silicon, except the input blocking capacitor, which - when
integrated on Si - would increase the noise figure by more than 0.5 dB at 2.4 GHz (ADS
simulation). The LNA results are presented in section 6.8.9. A balanced architecture, as
it was published by our group earlier [45], is easier to package due to a virtual ground at
the symmetry point and offers a better signal integrity. However, as the antenna interface
is always single-ended, a single ended LNA design was chosen here. The output can then
be converted to a balanced signal by a balun on the module. In addition, the use of
SiGe2-Power for the single-ended design offers much better noise performance than the
balanced LNA using SiGe1. Later on, a 2.4 GHz LNA for 802.11b/g systems was added
to the 5 GHz LNA (see Fig. 9).

2.5

Global Positioning Systems

The Global Positioning System [46] has been launched by the US for military navigation
purposes. It is a satellite-based location/time finding system with 24 satellites (plus
reserve satellites) orbiting the earth. They are located in 6 orbital planes in an altitude
of 20180 km with an inclination of 55◦ . The satellites, which have a period of revolution
of 11h58m00s, transmit signals in both the L1 band (1575.42 MHz) and the L2 band
3

The quality factor is defined in detail in section 5.6.
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at 60/77×fL1 (1227.6 MHz) which can be distinguished by different Gold codes used to
spread the signal. The L2 band transmits the P (precision) code, a military code of 2.35 ·
1014 bit length which has not been disclosed to the public so far. Therefore, for commercial
applications, just the L1 band is of interest. In the L1 band, each satellite transmits a
specific 1023 bit Gold code with a chip rate of 1.023 Mcps using BPSK modulation. These
C/A (coarse acquisition) codes therefore repeat every 1 ms. In contrast, the military Pcode repeats every 265 days. Using the location and time information sent by the satellites
and time-of-arrival (TOA) from at least 4 visible satellites, four equations can be solved
for altitude, latitude, longitude, and time [47, 48]. Within this thesis a 1575 MHz GPS
LNA was designed as part of Atmel’s ANTARISchipset [48]. The LNA is sold under
the name ATR0610 [49, 50, 51] and its design is explained in detail in section 6.8.8. The
latest generation of the ANTARISchipset, which is a system-in-package consisting of a
BiCMOS die for the RF part, a CMOS die for the baseband part as well as 6 passive
components, along with a complete description of how to build a high-performance GPS
receiver from antenna selection to the software interface has been published by the author
recently in [48] (see Fig. 10). The partitioning is such that the SiGe LNA (developed in

Figure 10: GPS receiver module containing the Antaris chipset [48]. Top left: 23.104
MHz TCXO, top right: 32.768 kHz crystal resonator for the real time clock, left: LNA
and SAW filter, right: ATR0635 GPS receiver (system-in-package).
this thesis) is directly connected to the antenna with no filtering. After amplification by
the SiGe LNA, a SAW band pass filter with balanced outputs feeds the signal to the mixer
of the bipolar receiver IC. The differential architecture of the SAW filter can easier deal
with the parasitic capacitance effects of the SAW package, achieves higher attenuation in
the stop band and replaces a bulky transformer on the board [52]. As the SAW filter is
located behind the LNA, a low LNA noise figure directly translates in good GPS signal
strength C/N0 (measured in dB/Hz). In a GPS system, GPS signal strength directly
relates to the key system parameters ”acquisition sensitivity” and ”tracking sensitivity”.
On the other hand, this architectures forces the LNA to tolerate all out-of-band jammers,
as no filtering is used in front of the LNA, except the usually used, narrow-band ceramic
patch antenna [48]. Therefore the key specifications of the GPS LNA have been (i) low
noise figure (ii) high linearity to tolerate jammers e.g. in the 1750 MHz GSM transmit
band along with (iii) low power consumption. The GPS LNA developed in Atmel’s SiGe1technology is housed in a PLLP6-package that measures just 1.6 × 2.0 mm2 and is merely
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# of satellites (reserve)
altitude
equatorial inclination
frequency bands

modulation
chip rate
speed
pilot channel
code
power

GPS
24 (6)
20180 km
55◦
1575.42 MHz (L1)
1227.60 MHz (L2)
BPSK
1.023 Mcps (CA code)
50 bit/s (CA code)
no
Gold (1023)

Galileo
27 (3)
23616 km (MEO)
56◦
1561-1590 MHz (L1)
1176-1207 MHz (E5a, E5b)
1269-1289 MHz (E6)
Binary Offset Carrier (BOC)
1.023 Mcps
250 symbols/s
yes (BPSK modulated)
Gold (8184-10230)
5-6 dB above GPS level

Table 5: Key parameters of the American GPS and the European Galileo system [46,
55, 56].
bigger than the size of a discrete transistor (see section 6.8.8). This small size and its full
ESD protection make it an ideal candidate for active GPS antennas.
When the European Galileo system will go into operation somewhere in 2013 [53], the
combined correlation of GPS and Galileo satellites shall give an availability of position
information in 95% of all cases together with an improved location accuracy. Galileo
is a Global Navigation Satellite System (GNSS) initiated by the European Commission
and the European Space Agency (ESA) and compatible with but independent from the
American Global Positioning System (GPS). The main differences between GPS and
Galileo are sketched in table 5. Compared to a GPS receiver, for optimum performance
a Galileo receiver will need a broadband front-end with a flexible frequency plan to cover
all 4 bands. The standard consumer receiver, however, will just receive the free Galileo
service in the L1 band [54]. Due to its broadband nature, the GPS SiGe LNA developed
in this thesis can be used to receive the important Galileo L1 -band as well.

3

System considerations and level planning

A typical setup of a CDMA phone is shown in Fig. 114 : Connected to the antenna is a
band pass filter which blocks signals below the TX-band and above the RX-band. Due
to the full duplex mode of a CDMA phone, the diplexer (see Fig. 15), the equivalent of
the antenna switch of a TDMA phone, is a very important part: It needs to have a low
attenuation from the PA to the antenna in order to guarantee a good PA efficiency and
4

The isolator following the PA is often omitted in modern phones in order to improve power added
efficiency (PAE) of the transmitter and save cost as well as PCB real estate. This, however, requires the
PA to withstand VSWR-ratios of higher than 10:1 without damage.

NF=2.3dB (PCS)
/ 2dB (cell)
−107 .. −28dBm
loss=2.5−3.5dB

BPF

Diplexer

−104 .. −25dBm
−106 .. −25dBm for traffic ch.
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loss=0.5dB
typical diplexer:
TX−Ant loss:
1.7dB
rejection @ RX band: 45dB
Ant−RX los:
2.5dB
Rejection @ TX band: 60dB
TX−RX rejection @ TX: 61dB
TX−RX rejection @ RX: 46dB

BPF

LNA
PA−Noise in RX−band:
−135 − 43 = −178 dBm/Hz LO
receiver input referred thermal noise: −174dBm

Isolator
PA
P=... +29dBm
Noise @ RX band: −135dBm/Hz

Figure 11: Typical setup of the RF front-end for a CDMA mobile phone [57].
a low attenuation from the antenna port to the LNA to maintain a high signal-to-noise
ratio. As we will see in this section, the most important specifications are the isolations
between antenna port, RX- and TX-port. As an example, the system planning for an IS95/IS-98 receiver is reviewed following [57, 58]: CDMA phones operate in the full duplex
mode which introduces an additional interference to the phone receiver: A signal leakage
from the transmitter (TX) through the antenna diplexer. This TX leakage is generally
not a problem on its own. But, in the presence of a strong jammer passing the diplexer
(e.g. a signal transmitted by a nearby AMPS or TDMA base station), the modulated
TX leakage signal is transferred to the jammer by the LNA nonlinearities, widening the
jammer spectrum. This cross modulation (XM) contaminates the RX channel adjacent
to the jammer, degrading the receiver sensitivity. The maximum allowed XM determines
the linearity specifications for a CDMA LNA (since the TX leakage is filtered by the RF
image-reject filter following the LNA (see Fig. 11), XM is negligible in the mixer; the
mixer linearity is defined by the 3rd-order intermodulation of two inband jammers, see
Fig. 14): The adjacent channel selectivity is a measure of the ability of the receiver to
detect the desired modulated signal without exceeding a given degradation due to the
presence of an unwanted signal in the adjacent channel. This is typically measured by
the frame error, given by the mobile phone standard. The desensitisation characteristic5
5

desensitization means a receivers unability to receive the full strength of a radio signal. This is caused
by a nearby transmitter with a strong signal on a close frequency, which overloads the receiver and makes
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of the receiver determines its ability to operate successfully under strong interferers. This
requires an LNA with exceptional high linearity that should be achieved
1. without degrading the LNA NF and gain since the desired RX signal from a base
station at maximum distance to the mobile phone is very weak, while the mobile
phone in this condition transmits at its maximum output power. This is because the
CDMA mobile phone sets its output power according to PT X [dBm] = −73 − PRX in
the cellular band and PT X [dBm] = −76 − PRX in the PCS band [60], so minimum
RX power always translates into maximum TX power. In addition, the signal may
be jammed by a nearby AMPS or TDMA base station.
2. with a low power consumption to extend the talk time of the phone, and
3. with a low-cost technology allowing a high level of integration.
While previously GaAs MESFET front-ends containing LNA and mixer have been used,
the industry meanwhile has switched to SiGe transceivers [58, 61], with RF CMOS solutions being in the pipeline [62].

3.1

Intermodulation distortion
output power [dBm]

IM3

frequency

f1 − f2

2f2− f1

f2

f1 2f1− f2

Figure 12: Applying two tones to a nonlinear device leads to intermodulation distortion.
Intermodulation distortion is the result of two or more signals interacting in a nonlinear
device to produce additional unwanted signals [63]. These additional signals (intermodulation products) occur mainly in devices such as amplifiers and mixers, but to a lesser extent
it unable to fully receive the desired signal [59].
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they also occur in passive devices such as ceramic SMD capacitors with a low voltage coefficient (capacitance slightly varying with applied RF voltage swing), parts containing
magnetic materials such as circulators and isolators and corroded RF connectors [63].
This thesis concentrates on the reduction of intermodulation products in Low Noise Amplifiers (LNAs) and mixers. As can be found in numerous textbooks (e.g. [64, 65]) and
scripts [66], the non-ideal characteristics of a weakly non-linear amplifier can be described
by using the power series expansion:
Vout = K0 + K1 × Vin + K2 × Vin2 + K3 × Vin3 + . . .

(1)

Applying a one-tone excitation Vin = E·sin (ω · t) and using sin (3a) = 3·sin (a)−4·sin3 (a)
and cos (2a) = 1 − 2 · sin2 (a) results in

Vout

"

#

"

#

3 · K3 · E 3
K2 · E 2
= K0 +
+ K1 · E +
× sin (ω · t)
2
4
K2 · E 2
K3 · E 3
−
× cos (2 · ω · t) +
× sin (3 · ω · t)
2
4

(2)
(3)

This shows that a one-tone input signal produces harmonic distortion (Eqn. 3), as well
as DC offset and gain compression (Eqn. 2, K3 < 0). A two-tone input signal
Vin = E1 · sin (ω1 · t) + E2 · sin (ω2 · t)

(4)

produces harmonic distortion and intermodulation distortion: Combining Eqns. 1 and 4
results in
Vout = K0 + K1 · {E1 · sin (ω1 · t) + E2 · sin (ω2 · t)}
+ K2 · {E1 · sin (ω1 · t) + E2 · sin (ω2 · t)}2
+ K3 · {E1 · sin (ω1 · t) + E2 · sin (ω2 · t)}3 + . . .

(5)

The first term K0 represents the DC offset of the amplifier, the second term is the fundamental signal. The subsequent terms represent the distortion of the amplifier. The
2nd order intermodulation distortion (IMD) can be found by analysing the third term of
Eqn. 5 by using the identities above and sin (a) · sin (b) = {cos (a − b) − cos (a + b)}/2
K2 (vin )2 = K2 · {E12 · sin2 (ω1 · t) + E22 · sin2 (ω2 · t) + 2 · E1 · E2 · sin (ω1 · t) · sin (ω2 · t)}
i
E12 + E22 K2 h 2
= K2
E1 · cos (2 · ω1 · t) + E22 · cos (2 · ω2 · t)
(6)
−
2
2
+K2 · E1 · E2 [cos (ω1 · t − ω2 · t) − cos (ω1 · t + ω2 · t)]
The first and second terms in Eqn. 6 represent DC offset and second-order harmonics.
The third term is the second order IMD. This exercise can be repeated with the fourth
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term of Eqn. 5 to study third-order effects.
K3 (vin )3 = K3 {E13 · sin3 (ω1 · t) + E23 · sin3 (ω2 · t)
(7)
2
2
2
2
+ 3 · E1 · E2 · sin (ω1 · t) · sin (ω2 · t) + 3 · E1 · E2 · sin (ω1 · t) · sin (ω2 · t)}
By using sin3 (a) = 1/4[3 sin (a)−sin (3a)] and sin2 (a)·sin (b) = 1/2[sin (b)−1/2 sin (2a + b)−
sin (2a − b)] this gives
K3 (vin )3 =
+
−
−
−

3 · K3 3
{E1 · sin (ω1 · t) + E23 · sin (ω2 · t)
4
2 · E12 · E2 · sin (ω2 · t) + 2 · E1 · E22 · sin (ω1 · t)}
K3 3
{E1 · sin (3ω1 · t) + E23 · sin (3ω2 · t)}
4
3 · K3 · E12 · E2
1
{sin (2ω1 · t − ω2 · t) − sin (2ω1 · t + ω2 · t)}
2
2
2
1
3 · K3 · E1 · E2
{sin (2ω2 · t − ω1 · t) − sin (2ω2 · t + ω1 · t)}
2
2

(8)
(9)
(10)
(11)

Term 9 signifies the third-order harmonics and finally terms 10 and 11 represent thirdorder IMD. The result clearly indicates that IMD and crossmodulation only occur on
a curved transfer characteristic with cubic terms as in Eqn. 1. In contrast a transfer
characteristic with a linear and quadratic portion generates the mixing products (sum
and difference) and the harmonics of the input signals (see Eqn. 6) [67]. 2nd order
intermodulation products are usually outside the channel and can be removed by filtering.
3rd order intermodulation products, however, for small tone spacing |f1 − f2 | fall within
in the receive band and cannot be removed by filtering. Higher order intermodulation
products are generally less important because they have lower amplitudes and are more
widely spaced [63]. In this thesis, when talking about nonlinearity, 3rd order nonlinearity
is meant, measured with a two-tone input signal of low magnitude. The 2-tone test is
widely accepted in assessing amplifier linearity: The summation of the two tones with
slightly different frequencies and the same amplitude V0 leads to a time-varying envelope
with peak amplitude 2·V0 and tests the amplifier over its whole transfer characteristics [64].
Therefore it is one of the most demanding amplifier tests available. The frequency of the
envelope ω1 − ω2 is often referred to as beat-frequency.
Fig. 12 shows the power levels in logarithmic scale (e.g. in units of dBm) as seen on
a spectrum analyser. The distance (in dB) between the fundamental tones and the 3rd
order intermodulation products is denoted as IM3 .
The 3rd order intercept point (IP3 ) can be defined as referred to the input
IIP3 [dBm] = Pin [dBm] +

IM3 (Pin )
[dB]
2

(12)

or referred to the output,
OIP3 [dBm] = Pout [dBm] +

IM3 (Pin )
[dB]
2

(13)
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input level [dBm]
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Figure 13: Definition of 1dB-compression and 2nd and 3rd order intercept point.

where Pin , Pout and IM3 (Pin ) are extracted in the linear range of Fig. 13. Note that OIP3 −
IIP3 = Pout − Pin and thus equals the power gain of the device. If two strong interferers
are present at the antenna, their 3rd order intermodulation products can fall inside the
receive channel, masking the desired signal: As evident from Fig. 14), interference due to

output power

Interferers
IM3 products of a "bad" amplifier
desired
signal

IM3 products of a "good" amplifier

frequency

Figure 14: A third-order intermodulation product corrupts the desired channel.

intermodulation is primarily of interest at the limits of receiver sensitivity in the presence
of relatively large interferers.
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Derivation of LNA IIP3 requirements

The sources of interference in a CDMA receiver include [58]
NRX – the RX thermal noise,
NT X – the thermal noise of the TX in the RX band, coupled through the diplexer to
the LNA,
NΦ – the RX LO phase noise that appears at IF after the jammer is downconverted
by the RX LO (reciprocal mixing),
PXM – the jammer cross modulation power in the adjacent RX channel.
In the IS-98A/95B and interim standard, the RF receiver sensitivity of the CDMA cellular mobile station is defined at the handset antenna connector. The minimum required
sensitivity for the received forward channel is equal to -104 dBm. The maximum input
power is -25 dBm [57]. The maximum total thermal noise power, Noc,th = NRX + NT X is
set by the receiver sensitivity and dynamic range requirement of the standard, where the
frame error rate (FER) must not exceed 0.5% when the received forward CDMA signal
power at the antenna is P̂or = −104 dBm. This not only holds for the receive channels
but for the dedicated traffic channel as well, whose ratio to the total received power is
-15.6 dB. At the sensitivity limit this is Ec,T raf f ic = P̂or − 15.6 dB = −119.6 dBm. Here
Ec,T raf f ic is the power per code. As explained in [58], to guarantee 0.5% FER for the
traffic channel in average white gaussian noise (AWGN), the ratio of the average power
per data bit Eb to the effective noise spectral density Nt , should be 4.5 dB or more, even
for the traffic channel.
Eb,T raf f ic
128 · Ec,T raf f ic
=
≥ 4.5 dB
Nt
Noc,th

(14)

The factor 128 is the coding gain (see section 2.2.2). Taking the logarithm of Eqn. 14,
the maximum allowed thermal noise at the antenna can be computed as
Noc,th [dBm] ≤ (−119.6 + 10 · log(128) − 4.5) dBm = −103 dBm

(15)

With a 3 dB margin, this sets the upper limit for the thermal noise at the receiver:
∗
Noc,th
= NRX + NT X ≤ 10

−106
10

[mW ]

(16)

The maximum total interference (noise) power, Noc,tot = NRX + NT X + NΦ + PXM , is
set by the single-tone desensitisation requirement, where the FER must not exceed 1%
when P̂or = −101 dBm for the receive channels and P̂or − 15.6 dB for the traffic channel.
Assuming that the total interference has a Gaussian distribution, the minimum required
Eb /Nt is 4.3 dB for 1% FER. In analogy to Eqn. 15 we calculate the total interference
power referred to the antenna to be
Noc,tot [dBm] ≤ (−101 − 15.6 + 10 · log(128) − 4.3) dBm = −99.8 dBm.

(17)
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The noise margin for reciprocal mixing and jammer cross modulation is therefore limited
to
−99.8
−106
(18)
10 10 + NΦ + PXM ≤ 10 10 [mW ]
For the single-tone desensitisation test case, the jammer is ν0 = 900 kHz away from
the centre of the RX channel center. So, the RX LO phase noise that appears in the
RX channel due to the reciprocal mixing is confined to a 900 kHz ± 1.23 MHz/2 =
285. . .1515 kHz frequency-offset range. As this is outside of the PLL loop filter bandwidth,
we consider the noise of a free running VCO here which is proportional to 1/ν 2 with respect
to the carrier in the above mentioned frequency range. Optimised, discrete CDMA VCOs
show typical values of Φ0 = −133.5 dBc/Hz at ν0 = 900 kHz offset from the carrier [68].
Φ(ν) =

Φ0 · ν02
ν2

(19)

Integrating this 1/ν 2 noise shape over the 285. . .1515 kHz frequency range gives
1
1
Φ0 · ν02
(20)
dν = Φ0 · ν02 · {− + }
2
ν
ν2 ν1
ν1
1
1
= 10−13.35 mW/Hz · (900 kHz)2 · {−
+
} = −69.9 dBc (21)
1515 kHz 285 kHz

ηΦ =

Z

ν2

Taking into account a 3 dB improvement in phase noise due to the LO frequency divider
which is often used, yields -72.9 dBc. Referencing this phase noise to the PJ = -30 dBm
jammer power at the antenna, we get for the receiver’s LO phase noise contribution
NΦ = −102.9 dBm. According to Eqn. 18, this leaves a maximum of PXM ≤ −105.5 dBm
for the cross modulation contribution due to the -30 dBm jammer. Finally, using [58] and
Eqn. 12, this cross modulation power is related to the LNA linearity by






}

PXM [dBm] = PJ + 2 PT X + LT X − LT X−RX  − 2 · IIP3 − 2.4
|

{z

TX power as seen on LNA input

(22)

where PT X = 23 dBm is the maximum transmit output power at the antenna, LT X is the
diplexer TX-antenna insertion loss and LT X−RX is the diplexer’s TX-RX isolation (from
the PA to the LNA input) in the TX band. The correction factor ”2.4 dB” takes into
account that the CDMA signal is not a continuous single tone, as assumed in Eqn. 12.
Note that both Eqns. 12 and 22 are valid only in dBm! Rearranging Eqn. 22 results in the
following relationship between the diplexer characteristics and the LNA minimum IIP3 ,
satisfying the single-tone desensitisation requirement:
IIP3,min [dBm] = PJ /2+PT X +LT X −LT X−RX −PXM /2−1.2 = 59.5−LT X−RX +LT X (23)
From Eqn. 23 it is evident that the diplexer is a key part in a CDMA phone and its
performance translates directly into the linearity requirements of the front-end: Assuming
a TX-RX isolation of 53 dB and a TX loss of 2.7 dB, the required minimum IIP3 is
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Figure 15: The diplexer is a key component in a CDMA front-end (source: Ube
Electronics Limited and CTS WIRELESS COMPONENTS, INC.)
+9.2 dBm for a cellular CDMA LNA. Using the same analysis with slightly different
assumptions for the technical specifications, ref. [57] calculates an IIP3 of +7.6 dBm
which is quite similar.
Eqn. 23 shows that improvements in the TX-RX isolation relax the receiver linearity
requirements, resulting in a lower power consumption6 . The diplexer itself used to be a
ceramic mono-block duplex filter consisting of coupled resonators (see Fig. 15) or a SAW
(Surface-Acoustic-Wave) device. Using SAW devices for diplexers is challenging, as the
high TX power of up to 2 watts which needs to be handled in the thin piezo-electric
layers leads to self heating [70]. In 2004, smaller diplexers using Bulk-Acoustic-Wave
(BAW) or Film-Bulk-Acoustic-Resonator (FBAR) technologies have been introduced to
the market [71, 72]. Currently BAW diplexers with a footprint of 3.8 × 3.8 mm2 are
being developed [69]. Compared to SAW devices, BAW filters offer better power handling
capability, a lower temperature coefficient and can in principle be integrated onto the
silicon RFIC [70], provided that AlN is used as a piezoelectric material, as other materials
lead to contamination in the silicon IC process7 .
The +9.2 dBm of IIP3 are required during a CDMA call, when the receiver is subject to
the cross modulation distortion. In addition there is a low-linearity paging mode, which
is used when the receiver monitors a forward-link paging channel waiting for an incoming
call. In this idle mode, the TX power is switched off and the current of the LNA can
be reduced by approximately 50%. Some receivers also have a low-gain bypass mode to
handle a strong RX signal.
3.1.2

Derivation of receiver NF requirements

In the case of the receiver, there are two sources of interference that are purely white
Gaussian noise [57]:
1. The receiver’s input referred thermal noise power spectral density (PSD) N0
6

Using Eqn. 23 and the latest performance data for a BAW diplexer [69] with 57 dB of TX-RX
isolation and 2.7 dB insertion loss in the TX-band, the 4 dB of additional TX-RX isolation relax the IIP3
requirement from 9.2 dBm to 5.2 dBm.
7
For a good overview about FBAR and BAW devices see [70].
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NF [dB]
Gain [dB]

LNA Image filter
1.7
3
13
-3

25
1st Mixer
6.5
13

VGA
15
–

Table 6: IS-95 line up analysis for a total NF of 3.07 dB using H.T. Friis classical
noise formula for cascaded networks [75].
2. The transmitter’s thermal noise PSD in the receive frequency band NT X
N0 is determined by the receiver’s noise figure (NF), and NT X is determined by the
amount of the transmitter’s thermal noise leaking to the antenna connector of the mobile
phone through the diplexer. A typical PA has an output thermal noise power spectral
density in the receiver frequency band of -135 dBm/Hz[73, 74]. Assuming a minimum
of 43 dB attenuation through the diplexer from the PA to the antenna input port in
the receiver band, NT X can be calculated as −178 dBm/Hz at the antenna connector. As discussed above, the IS95/98A standard specifies that the traffic channel requires a minimum signal strength per data bit of [Eb /Nt] ≥ 4.5 dB for a 0.5% FER. As
−178 dBm/Hz + (−174 dBm/Hz) = −172.5 dBm/Hz, the PA noise floor adds 1.5 dB of
additional noise power to kB · T in the RX band requiring that the [Eb /Nt] needs to be
increased from 4.5 dB to ≈ 6.5 dB [57]. This in turn requires that the minimum sensitivity is improved from -104 dBm to Pactual = -106 dBm. The noise figure for the complete
front-end (referred to the antenna port) can now be calculated according to
NFreceiver = −106 dBm − 10 · log(1000 · kB · T0 · 1.23MHz) = 7.1dB

(24)

where kB is Boltzman’s constant and T0 = 290 K is the standard noise temperature.
Subtracting the loss of 0.5 dB in the diplex circuit and 3.5 dB in the duplex circuit, the
NF budget for the rest of the receiver front-end (LNA & mixer) is 3.1 dB. Using H.T.
Friis classical noise formula for cascaded networks [75], different trade-offs can be made
between LNA, mixer and VGA performance. The settings used in this work are shown in
table 6.
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Device technology
Technology selection criteria

At the beginning of the thesis, only the SiGe1 bipolar and the at46k BiCMOS process
were available. The first SiGe1 product – a 1.9 GHz LNA/PA RFIC for the Digital
European Cordless Telephone (DECT) [76, 77] – was available in 1998 and at that time
the first commercial SiGe product on the market. SiGe1 has faster HBTs with better noise
figure than at46k and comes at a lower price. Therefore most designs used this simple
technology, using a 0.8µm (effective) emitter width, 2 metallisation layers (optional 3)
and only 19 mask levels [2, 78]. MOS transistors turned out to be useful to allow for
bypass switches in LNAs and passive FET ring mixers. Therefore at46k had been used
for the design of the TETRA/TETRAPOL frontend, despite its higher HBT noise figure.
This technology is described in detail in section 4.4. The SiGe2-RF process with higher
fT was projected for a 5 GHz WLAN LNA. As no MPW was available at the time of
tapeout, the power-version of this technology (SiGe2-Power) was used and led to a much
lower noise figure than simulated with the SiGe2-RF models. We later attributed this to
(i) the lower base sheet resistance of the power-version (see table 26) and (ii) to lower
interconnect resistances at the LNA input, as the tungsten plugs of SiGe2-Power allow
to reinforce the base and emitter metal 1 (M1) stripes with metal 2 (M2), resulting in a
lower base and emitter resistance.

4.2

SiGe1 and SiGe2 bipolar processes

Figure 16: Scanning electron microscopy of a grinded SiGe1 wafer
Atmel’s SiGe HBT technology has been reported in detail elsewhere [78, 79, 80, 81, 82,
83, 84, 85, 86]. Therefore only the key aspects of the different processes which have been
used in this thesis are highlighted. In SiGe1, after buried layer (BL) implantation, device
isolation is performed using LOCal Oxidation of Silicon (LOCOS). This leads to the
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characteristic ”bird’s beaks” at the base-collector interface (see Fig. 16) and is associated
with high base-collector capacitances CBC . The SiGe epitaxy is done over the complete
wafer by single-wafer atmospheric pressure CVD (APCVD), where the SiGe layer grows
mono crystalline onto the collector region and poly crystalline on the field oxide. The
poly crystalline base contact is formed by implantation and silicidation of titanium. For
small signal applications, a low collector resistance is not as important as it is for power
applications and sometimes a higher collector resistance increases stability [87]. Therefore,
in order to get a compact device with low base-emitter resistances and capacitances, HBTs
with multiple emitter stripes but a single collector contact rotated by 90◦ have been used
(Fig. 17).

Figure 17: Layout of a multi-finger SiGe HBT with 6 emitter stripes, each 0.8µm ×
19.6µm, 7 base contacts and one collector contact. This design shows low base and
emitter resistances and moderate collector resistance and is therefore used in the LNA
input stage of the GPS-LNA, UMTS-LNA and IS-95-LNA.
SiGe2-RF, announced end of 2000 [88], and SiGe2-Power are derivatives of a 2nd generation technology which uses Shallow Trench Isolation (STI) rather than LOCOS to isolate
devices. Together with narrow emitter stripes of 0.5 µm width (effective) this leads to
higher fmax and 9 dB higher gain (MSG) at 5 GHz compared to SiGe1. In order to increase
the current handling capability in SiGe2-Power, tungsten plugs allow for connections from
metal 2 to the individual emitter stripes. In addition, the tungsten plugs enable stacked
vias, so very compact layouts are feasible. The key parameters of the technologies are
summarised in table 26 in appendix D.

4.3

SiGe1 model verification

In order to verify the models in Atmel’s SiGe1 design kit, a thorough on-wafer characterization has been performed. As will be shown in section 6.6, the cascode configuration is
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the key building block in the LNAs designed during this thesis. Therefore, rather than
validating single transistors, typical LNA cascode cores, consisting of large, multi-emitter
input devices (see Fig. 17), cascaded by smaller output devices, feedback from the output
to the input together with the appropriate bias networks have been realized (see Fig. 18)
and characterised. The small output device in common base configuration masks the large
collector-base capacitance of the huge input device and makes cascodes nearly unilateral
devices with very good reverse isolation (S12 ≈ 0). This improves stability and makes
parameter extraction easier, improving the overall model quality. As has been reported
earlier [89, 90, 91, 92], bond pads shielded with a grounded metal layer at the RF input
and output result in a defined parasitic capacitance of ≈ 80 fF, slightly higher than the
capacitance of unshielded pads. However, as the spreading resistance of the substrate is
absent due to the shield, the low residual series resistance of the metal shield leads to a
high quality factor of these parasitic capacitances and they can easily be compensated by
the matching networks. In addition, the reduced substrate loss of the input pad improves
the LNA’s noise figure. We found that the minimum NF of a 6-finger SiGe HBT at 2 GHz
using shielded bond pads was 0.15 dB lower compared to an unshielded pad.
RF out
Vbias

Vcasc
Q1
Cc
C fb

Q2

6X R bias R bias

Q0

RF in

Figure 18: Schematic and layout of a typical LNA core, suitable for on-wafer characterization.
Very good agreement between measured and simulated small signal S-parameters and
noise parameters was obtained for the cascodes. The slightly lower gain and reverse
isolation is probably due to a deficiency in the MIM capacitor model for the small values
of the feedback capacitor Cf b (note that the design in Fig. 18 uses a 0.1 pF capacitor):
The model in the design kit uses the parallel plate equation and no fringing capacitances
are considered.
The location of the source match for minimum noise figure (Γopt ) is in reasonable agreement with the model, taking into account that the NP5 electronic tuner system at 2 GHz
works at the lower limit of its frequency range. The measured minimum noise figure was
lower than the simulated one (see Fig. 20), but NFmin is a strong function of current gain
and base resistance, values which can strongly vary from wafer to wafer. The model-value
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Figure 19: Measured (symbols) versus simulated (lines) S-parameters and noise
parameters for an LNA core at VCC =2.7V, ICC =6mA. Rbias = 2kΩ and Cf b =100fF
(see Fig. 18).
of hF E =140 can be regarded as a worst case value but the target hF E -value for SiGe1
is 180 (table 26), explaining the higher NFmin in the simulation. Anyway, as will be
explained in appendix A, measurements of the absolute noise figure are associated with
an error of at least 0.2 dB. Note that Fmin of the 6-finger device itself as shown in Fig. 17
is 0.6-0.8 dB @ 2 GHz (depending on the wafer lot), which is superior to shrinked, pure
silicon bipolar technologies with small feature sizes (e.g. 0.9 dB @ 2 GHz for Infineons’s
B6HF technology [93]). The degradation to the measured value of 1.1 dB @ 2 GHz in
Fig. 20 is due to the additional noise contribution of the bias resistor in the current mirror
of Fig. 18, which amounts to Rbias =2 kΩ in this example. As will be seen in section 6,
higher values for this resistor (e.g. 4 kΩ) lead to a lower noise figure (Fig. 73), but degrade
the linearity. Biasing using a discrete SMD inductor using the same 6-finger device (section 6.8.4) allows for the realisation of a complete LNA with NFmin ≈ 0.9 dB (Fig. 70)
and a 50 Ω noise figure of 1.15 dB (Fig. 137). This shows the large influence of the bias
network on the LNA’s noise figure.
As the active device models were in reasonable agreement with the measurements, no
bipolar modeling activities have been performed. Models of passive devices, however,
either showed a large deviation from the measurements (spiral inductors) or have not
been available at the beginning of the thesis (symmetrical inductors), which led to a large
number of redesigns for design centering. Chapter 5 is therefore dedicated to the modeling
of passive components on silicon.
In 2003 Schottky diodes8 were added to the SiGe1 process to allow for the design of
8

A Schottky diode is formed by a metal-semiconductor contact (e.g. an aluminium layer in contact
with an n-type silicon substrate). It is named after the German physicist Walter H. Schottky, who in 1938
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Figure 20: Minimum noise figure NFmin and equivalent noise resistance Rn of the
LNA core of Fig. 19 (VCC =2.7V, ICC =6mA). At higher frequencies the measured
NFmin is lower than the simulation as the actual base resistance is lower than modelled.
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R P1
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DS

D P2
R P2

Figure 21: Equivalent circuit model of the Schottky diodes in Atmel’s SiGe1 process.
power amplifiers with integrated power detectors. The models provided by Atmel had
a high complexity and showed both poor agreement with the measurements (Fig. 22)
and poor convergence behaviour in the circuit simulator. As the design of a diode ring
mixer for the PMR front end required accurate diode models, a set of Schottky diodes of
different width (40µm, 80µm, 160µm and 320µm) was realized in GSG configuration and
characterised on-wafer. The simple model of Fig. 21 was able to describe the behaviour
in forward and reverse direction (see Fig. 22): The anode consists of a Schottky contact
of titanium silicide on the n-type silicon of the collector layer. A simple RC network CP 1 ,
explained the rectifying behaviour of this kind of contact. The Schottky diode is electrically similar to a
p-n junction, though the current flow in a Schottky is due to majority carriers having an inherently fast
response [94]. Therefore it is used extensively for high-frequency, low-noise mixer and switching circuits,
for example in automotive collision avoidance systems running at 77 [95], [96] and 120 GHz [97].

4.4 at46000 SiGe BiCMOS process
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RP 1 was sufficient to describe the shunt parasitics at this node. The cathode is formed
by the buried layer which resides in the p-type wafer. Thus a reverse biased diode DP 2 is
required to model the capacitance which varies slightly with the applied voltage at this
terminal. The detailed parameters of the model are summarised in table 7.
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Figure 22: Measured S-parameters (points) versus scaleable model (lines) for a
Schottky diode with 80µm width in forward direction (3.8 mA) and reverse direction
(-2 V). The black lines indicate the poor agreement of Atmel’s original model of the
V5.1 design kit.
DP 1

series diode

CP 1
RP 1
DP 2

shunt capacitance
shunt resistance
shunt capacitance

RP 2

shunt resistance

IS = 1µA, RS [Ω] = 576/w[µm], N = 1.15
Cj,0[f F ] = 2.21 · w[µm], VJ = 0.18 , M = 0.3
CP 1 [f F ] = 0.149 · w[µm] + 5.1
RP 1 [Ω] = 103/w[µm] + 88
Cj,0 [f F ] = 0.76 · w[µm] + 40
VJ = 0.5 , M = 0.14
RP 2 [Ω] = 5360/w[µm] + 35

Table 7: Scaleable model parameters of the circuit shown in Fig. 21.

4.4

at46000 SiGe BiCMOS process

Atmel’s at46000 process is a SiGe BiCMOS process with 50 GHz-fT SiGe HBTs and a
0.35 µm CMOS part (for details about the CMOS part see section 4.5). This process runs
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in an 8-in fab in Colorado Springs (U.S.A) and is currently being installed in Rousset
(France) as well. Compared to the bipolar processes of Atmel Heilbronn which were
described in the last section, at46000 uses an AlCu (0.5% Cu) interconnect scheme with
3 or 4 metal layers, plus one 4µm thick layer of unroutable metal for thin film inductors
(TFI) with a thickness of 4 µm and a resistance of just 8 mΩ/2 [98, 99]. Shallow trench
isolation (STI) is used for device isolation and planarization is achieved by means of
several chemical-mechanical polishing (CMP) steps. Filling procedures for both STI and
metal filling applied after layout generation guarantee a homogeneous surface in order
to achieve a reproducible lithography. Our measurements on several lots showed that
the noise figure of at46000 HBTs is considerably higher than the NF of the HBTs in
the bipolar processes, if devices with multiple emitter stripes of the same emitter area
are compared (table 26). The equivalent noise resistance, Rn , is approximately twice for
at46000 HBTs compared to SiGe1, pointing towards a larger base resistance. This is in
contrast to an active base sheet resistance of just 500 Ω/2 and a SiGe base thickness of
135nm (including Si spacers) as cited in the design rule manual [99]. The reason for the
higher NF might be problems with linking the intrinsic base to the external base contact.

4.5

Atmel’s at46000 0.35µm CMOS technology

Within this thesis, RF CMOS test circuits have been designed using the 0.35µm CMOS
part of Atmel’s at46000 SiGe BiCMOS process. While this CMOS transistors with a gate
oxide thickness of 69 Å, non-silicided gates and standard Aluminium interconnects are not
as advanced as current leading edge 90 or 65nm devices using strained silicon and Copper
interconnects [100, 101, 102], impressive figures of merit were achieved: A layout optimisation of these 0.35µm devices where the 20µm wide gate fingers have been contacted
with metal on both sides and substrate contacts displaced to the periphery of the device
improved the maximum frequency of oscillation fmax from 25 GHz to 60 GHz, which is
better than the reported fmax of 50 GHz for a 0.5µm CMOS-on-sapphire process [103]. Together with an fT of 22 GHz these devices are faster and have lower minimum noise figures
than the SiGe HBTs available on at46000 (table 26). It needs to be noted, however, that
this CMOS speed comes at the expense of high currents of ≈ 10-15 mA and gate voltages
above 1 V. Minimum noise figures of sub-1dB at 1 GHz can easily be achieved. However,
even with scaling of the device size, the source match Γopt to achieve this optimum noise
figure is far from 50 Ω. Therefore a deviation of the source impedance from the optimum
noise matching increases the noise figure considerably due to large value of the equivalent
noise resistor Rn with values above 50Ω, originating from the large gate resistance of the
non-silicided gates9 . Using the BSIMv3.3 model supplied by Atmel’s at46000 design kit
as a core, a surrounding network of gate-source capacitance (Cgs ), gate-drain capacitance
(Cgd ), drain-bulk capacitance (Cb ), associated with a gate resistance and bulk resistances
has been extracted from multi-bias S-parameter and noise measurements [104] according
9

Note that Rn for a good SiGe HBT is just 6-8 Ω at 2 GHz, which considerably simplifies noise
matching (table 26).

4.5 Atmel’s at46000 0.35µm CMOS technology
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to the method of Enz [105].
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Figure 23: Large signal equivalent circuit of the 0.35µm MOS transistors using a
BSIM3v3 core.
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Figure 24: Modelled versus measured y-parameters, equivalent noise resistance Rn
and minimum noise figure NFmin for a layout-optimised 8-finger NMOS device (wtot
= 8 × 20 µm, lg = 0.35 µm, Vd = 2 V and Idd = 7.5 mA).
The ohmic gate resistance of the MOS devices as extracted from the S-parameter mea-
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Γopt

surements was too small to model the large measured value of the equivalent noise resistor.
A model using an equivalent voltage and current noise source was used instead.

frequency [GHz]

Figure 25: Modelled versus measured optimum noise reflection coefficient for a
layout-optimized 8-finger NMOS device (wtot = 8 × 20 µm, lg = 0.35 µm, Vd = 2 V
and Idd = 7.5 mA).
NMOS, at46000
gate length
Number of gate contacts
Bulk contacts
fT
fmax
NFmin @ 2 GHz
Rn @ 2 GHz

Layout 1
Layout 2
0.35 µm
0.35 µm
1 per 20 µm-finger
2 per 20 µm-finger
b-sgdgs-b-sgdgs-b-...-b b-sgdgsgdgs...sgdgs-b
22 GHz
22 GHz
27 GHz
60 GHz
2.1 dB
1.1 dB
50 Ω
20 Ω

Table 8: RF performance of 16-finger NMOS devices, 0.35µm × 20µm per finger,
for two different layout versions at 15 mA (b=bulk,s=source,g=gate,d=drain).

4.6

Packaging

All ICs developed in this thesis have been evaluated on a printed circuit board (PCB)
made from low-cost FR4. Just the UMTS-LNA – due to its ultra low noise figure – was
evaluated on a PCB made from RO4003 material produced by Rogers Corporation. This
PTFE-based material shows lower losses compared to traditional, epoxy-filled woven-glass
laminates like FR4 and does not require corrections to be made to the measured NF value
due to PCB losses. Most ICs have been packaged into MLF (MicroLeadFrame) packages
from AMKOR Technology [106, 107] or QFN (Quad Flat-pack No-lead) packages from
ChipPAC Incorporated (see Fig. 26), bonded with 1.0 mil (25.4µm), low-loop Au wire.
Both are leadless packages where electrical contact to the PCB is made by soldering
the lands on the bottom surface of the package to the PCB, instead of the conventional
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formed perimeter leads. The exposed die attach paddle on the bottom efficiently conducts
heat to the PCB. Being 50% smaller in size compared to the TSSOP (Thin Shrink Small
Outline Package) – which used to be the industry standard for RFICs for many years –
the thermal performance improved up to 55% over TSSOP, and electrical performance
(inductance and capacitance) improved 60% and up to 30% respectively over the TSSOP
package [106]. While thermal considerations are not as important for our low-power
receivers as they are for power amplifiers, they benefit from a low inductance to ground
that can be achieved by several down-bonds in parallel onto the exposed paddle of the
QFN and MLF packages (see Fig. 26). It is essential, however, to provide a good GND
on the PCB itself by several through holes to the PCB’s ground layer directly beneath
the exposed paddle [108]. While the TSSOP package routes the IC pads to just 2 rows of
pins, the QFN and MLF packages ease routing, as all four sides of the IC are accessible.
As the smallest MLF or QFN package available was a 16 lead package, the UMTS-LNA
had to be packaged into a TSSOP8 with exposed paddle. This solution provided a low
inductance to ground, but the formed perimeter leads led to large inductances for the I/O
pins. It was possible, however, to include these inductances into the matching networks
(except for the supply pin, where an on-chip shunt capacitor to GND was used). Due to
the low pad count of the GPS-LNA (6 pins including GND), an PLLP6 package was used
which is hardly larger than a transistor package (see Fig. 101).
die

down bond
mold compound
Au wire
leadframe

die attach adhesive

exposed die paddle

Figure 26: MLF package and cross sectional view of a mounted IC (Source: Amkor
Technology [106, 107], ChipPAC Incorporated)
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5

Modelling of passive components

5.1

Passive components on Silicon substrates

As high speed silicon based semiconductor processes like Si-BJT, BiCMOS, SiGe HBT, RF
CMOS and SiGe HFET keep on increasing their operating speed, many applications that
had been a domain of compound semiconductors like GaAs, GaInP or InP are now being
served by RF integrated circuits fabricated using silicon technologies [109]. Examples
include low noise amplifiers, down converters, VCOs, up converters, and power amplifiers
for DECT, GSM, GPS, WLAN and Automotive radar [78].
Si-based technology – beside the lower production cost – offers the advantage of integrating
additional functionality like control logic, PLLs, IF filtering, and ADCs/DACs on the chip.
It becomes increasingly important to include matching components like MIMs and spiral
inductors onto the IC in order to save real estate on the PCB. At higher frequencies due to
the package parasitics many applications are enabled by integrated passive components.
Applications for passive LC networks are (but are not limited to)
 Narrowband impedance matching networks in LNAs and PAs (see chapter 6)
 Low noise series inductive feedback in all kind of amplifiers and mixers (see chapter 6 & 7)
 LC tanks for VCOs and tuned loads in amplifiers
 To a lesser extent on chip filtering at RF frequencies (e.g. image rejection filters)
 Differential to single-ended conversion and vice versa using on chip transformers.

5.2

Lumped element circuit design

Circuit designs using resonant tanks, LC matching networks, inductive degenerations,
etc., made from lumped elements rather than synthesising them with open and shorted
transmission lines are a popular design solution in Si RFICs and MMICs [109]. While
transmission line circuits are often used in III-V MMICs, lumped element circuits offer
better performance on lossy Si substrates for frequencies up to approximately 24 GHz
[110, 111, 112, 113, 114, 115, 20] while consuming less chip space than distributed designs [96, 116, 117, 118, 119]10 . Using reactive loads instead of resistive ones allows for
higher headroom leading to high linearity at low supply voltage and low current consumption (see section 6.7.2). Accurate models of these components are essential for first-time
design success (”first-time-right”). The models need to be scaleable with respect to the
10

At higher frequencies, e.g. for 77 GHz automotive radar applications, thin-film microstrip lines are
used, where the bottom metal layer effectively shields the field distribution from the lossy substrate. This
technique is not considered in this thesis, as the frequency range is beyond the scope of this work.
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physical geometries in order to allow for fine-tuning of the circuit designs. As popular design environments like Cadence FW2 are based on time-domain-simulators, no frequency
dependent elements should be included and the models should be fully SPICE compatible. The models for spiral inductors which had been available at the beginning of the
thesis in the design kits of Atmel’s SiGe1 and SiGe2 processes lacked accuracy and greatly
overestimated the quality factor. The quality factor Q is a measure for an inductor’s energy (magnetic energy - electric energy), over the energy dissipated in its metallisation
resistance and the conducting substrate (for a detailed definition of Q, see [120] and section 5.6.). The error in the inductance itself was as large as 30%. This required that
many circuits, e.g. the LNAs for UMTS and GPS, were realised with several versions
on one reticle with slightly different matching networks in order to get one design which
is close to the specification (see chapter 6). For components like symmetrical inductors,
no models have been available, leading to time-consuming trial-and-error in the design
of the mixers (see chapter 7). The author hopes that this modelling work may lead to
better agreement between simulated and measured circuit design results, less redesigns
and reduced development costs.

5.3

Loss mechanisms of passive components on silicon

It is a common belief that the major challenge of integrating passive components into Sibased processes is the lossy silicon substrate with a specific resistance of ζ = 10 −20 Ω· cm
for bipolar processes and < 5 Ω · cm for CMOS processes: At higher frequencies substrate
currents limit quality factors of integrated inductors due to I 2 R losses to approximately
5-10 [121, 122]. As explained in [123], these currents can be divided into two classes –
those conducted through metal-substrate capacitances associated with individual turns of
the spiral and circulating eddy currents due to magnetic fields within the substrate. For
moderate substrate resistivity (ρ = 10 . . . 30 Ω · cm), eddy currents can be neglected and
currents conducted through the field oxide into the lossy substrate represent a major loss
mechanism [123]. Suspended inductors on a cavity etched underneath through surrounding via holes have been used in the past to reduce substrate loss and hence increase the
quality factor of large-value integrated inductors on a CMOS substrate [91, 124, 125, 109],
but this technique did not become a mainstream process due to concerns about the stability of the membrane11 . In section 5.11 we examined suspended inductors realised by
backside etching on SiGe2-Power and SiGe2-RF processes and came to the conclusion
that etched cavities make sense for large inductors only (2πf · L > 50 Ω, where f is
the operating frequency). To reduce inter stage matching losses of power amplifiers and
bipolar LNAs and mixers, however, small inductors (2πf · L < 50 Ω) are required, due to
11

Recently, techniques have been presented that transfer a fully processed silicon wafer onto a low-loss
glass substrate or even a flex foil by using a substrate transfer process with removal of the lossy silicon
substrate at a delamination layer like the buried oxide of a SIMOX wafer [126, 127], resulting in values
for the quality factor of up to 40. Proton implantation selectively below passive structures – a method
originally used for GaAs HBT isolation – can create semi-insulating (≈ 106 Ω · cm) Si layers and increases
the Q factor for 5-15 nH inductors by 30-60% [128].
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the low impedance levels in PAs and LNAs. Here an improvement can only be achieved
with lower metal sheet resistivity. Indeed, when modelling the passive components in this
thesis, frequency-dependent conductor losses turned out to play an important role in optimising inductors. Since the invention of the Si-IC technology, Al-interconnect systems on
SiO2 field oxide have been used (see Fig. 29). The rule of thumb for such kind of inductors is a series resistance of 1 Ω/nH, which limits the quality factor Q at lower frequencies
to ≈ 2π · f [GHz]. Moving into the sub-micron arena, the resistance-capacitance (RC)
delays become so severe that circuit performance is often limited by the interconnects
rather than by the active devices itself. Gold interconnects have been mainly limited
to III-V electronics, as gold, as an impurity, forms a deep trap within the silicon band
gap. Changing from aluminium to copper reduces the specific metal resistance by approximately 40%, but this is not necessarily good news for the quality factor of integrated
spirals: In order to preserve a reasonable aspect ratio in these sub-µm interconnects, the
copper thickness deposited by the damascene process is kept low. For a 0.13 µm, digital
for metal 1-4 and 40 mΩ
CMOS process this results in sheet resistances between 70 mΩ
2
2
for the top copper layer [129], which is considerable higher compared to the values of the
Atmel-SiGe processes (Fig. 29). As copper forms a dense oxide which cannot be removed
by the ultra-sonic movements of the wire bonder, a top aluminium layer is sputtered
to realise the bond pads. Design rules, however, often do not allow routing in this Al
layer. The first IBM Cu/SiO2 0.25 µm process came to market in 1998. Back end of line
(BEOL) processes featuring a 4 µm thick Cu layer on top of an additional 2 µm Oxide
have been reported that show Q-values of 24 for a 2.8 nH inductor [130]. It remains to be
seen, however, whether this additional post processing steps will make it into commercial
products or not.
Low-k dielectrics (whether spin-on organics or vapour-phase deposited inorganics) [131]
have been even slower to market, and are only now beginning to be seen in commercial
products at the 0.13 µm node [132]. Moisture absorption and material shrinkage used
to be a problem of many of these low-k dielectrics. Bencocyclobutene, or BCB, commercialised by Dow Chemicals, now seems to play a strong role due to its low curing
temperature and its inherently planarizing properties, which eliminates the need of expensive chemical-mechanical polishing (CMP) steps. High resistivity silicon substrates
with ρ ≈ 1 kΩ · cm are used for some applications where increased crosstalk due to reduced junction isolation may be tolerated [117]. As can be seen in section 5.9, due to the
need of substrate contacts in an IC, the difference in quality factor between inductors on
20 Ω · cm and 1 kΩ · cm is not very pronounced.
In this work we concentrate on the modelling of passive components for Atmel’s SiGe1
and SiGe2-RF bipolar processes which use standard Al metallisation (with traces of Si
and Cu) on SiO2 dielectric.

5.4

Spiral inductors in the Atmel SiGe1 and SiGe2 processes

For the past 20 years, CMOS chip design has been primarily based on the de facto industry
standard ’Manhattan’ architecture, named for its right-angle interconnects resembling a
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Figure 27: Round spirals (left) show a quality factor improvement of 10% over
rectangular, ’Manhattan’-type inductors (right).

Figure 28: Cross sectional view of a spiral inductor in Atmel’s 50 GHz SiGe bipolar
process. For better visibility, the z-axis is scaled. The bottom metal (orange) is used
for the feed through (underpass) and to reinforce the top metal (blue) in order to
reduce series resistance.
city street grid. In CMOS technologies this has led to rectangular implementations of onchip spiral inductors. In Atmel’s bipolar technologies we are not limited to a ’Manhattan’type of routing and the layout generator synthesises a round spiral inductor from semi
arcs (see Fig. 28). Using test structures as shown in Fig. 27, we found that the Q-factor
of round spiral inductors is 10% higher than the Q of their rectangular counterparts for
comparable inductance. With respect to area consumption there is no benefit of using
rectangular shapes. Improvements of the auto routing algorithms used during CMOS
layout generation have led to the formation of an industry consortium called the ’X
Initiative’ consisting of major semiconductor manufacturers. This consortium pushes the
’X Architecture’ which routes metals 1-3 in a ’Manhattan’ style and rotates the primary
direction of the interconnect in the fourth and fifth metal layers by 45◦ [133], requiring less
total wire length and a lower via count. Its likely that octagonal inductors will become
prevalent in CMOS layouts within a few years.
In the past a typical procedure to obtain simulation models for spiral inductors was to
realise an array of inductors in a configuration suitable for on-wafer probing. After the
S-parameters [134] have been taken they are de-embedded for pad and feed line parasitics
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(see section C.3). The disadvantages of that procedure are
 long lead times in the range of 2 to 6 months due to layout process and wafer
fabrication
 inaccuracies in the determination of RS due to high contact resistances between the
on-wafer probes and the aluminium pads, which are covered by a natural oxide
 high costs associated with mask fabrication and wafer processing.

In order to improve design efficiency, electromagnetic (EM) field simulation will finally
make most of these arrays of spiral inductors obsolete. In order to rely on the simulated results, the proper simulator needs to be chosen and – even more importantly –
it needs to be fed with a consistent set of technological data to correctly reproduce the
measured data. It was one of the main targets of this thesis to set-up a consistent set of
substrate parameters, choose the appropriate simulator and derive scaleable closed-form
equations for the most commonly used passive components. The EM simulation setup
was checked against measurements by realising several test arrays of spiral inductors on
multiple multi-project wafer runs (MPWs) in Atmel’s SiGe1 and SiGe2 processes. Data
for the metallisation stack was provided through the design kits. An example is shown in
Fig. 29.

Figure 29: Schematic view of the metallisation system used in Atmel’s SiGe1 process,
provided that no first metal is used.
Initially simulated Q-factors differed from measured ones. Therefore wafers have been
cross-sectioned as shown in Fig. 30 to check the values shown in Fig. 29. The crosssections confirmed these values and the reason for the discrepancy has been identified
within the EM simulation: As will be discussed in detail in section 5.13, the initial layer
setup in the EM simulator was not appropriate so simulate the current crowding within
the conductor (proximity effect) correctly (see Fig. 48).

5.5 Equivalent circuit extraction
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Figure 30: Left: Cross sectional view of an inductor composed of metal 2 and 3.
To obtain a clearer cut, the wafer was grinded with an angle of 30◦ in y-direction .
Y-scale is therefore 0.5µm per tick mark {sin(30◦ ) = 0.5}, while x-scale is 1µm per
tick mark. The cross-sectional cut confirms the data provided by Atmel (see Fig. 29).
Right: Cross sectional view of an inductor with metal 2 and metal 3 connected by
continuous via holes. As can be seen from the figure, the SiGe1 technology uses no
CMP techniques to planarise the metallisation system.
In the Atmel design kit, in order to reduce the series resistance of the Al traces, two
layers of metals are shunted in parallel [109] by either continuous long-vias or circular vias
placed in 90◦ ,45◦ ,22.5◦ or 11.25◦ segments (see Fig. 37). Metal layers 2 and 3 are used to
decrease the distance from the lossy silicon substrate [135], but cost-sensitive products like
the CDMA chipset shown in Fig. 3 omit the 3rd metal layer and use just metal 1 and 2 for
the coil. As will be shown later, shunting 2 or more metal layers in parallel improves the
quality factor for ’small’ inductors, where metallisation losses dominate the overall loss.
We found that ’large’ inductors can be improved by routing them in the top metal only,
as this decreases the oxide capacitance and hence the substrate losses. The terms ’small’
are used for inductors where the operating frequency is considerably below the frequency
of peak-Q and ’large’ for coils that are operated close to the frequency of peak-Q. Due to
this results Atmel modified the layout generator to allow for the realisation of inductors
in a single, top metal layer, in addition to the stacked types used previously.
The maximum quality factors measured for Atmel’s SiGe-bipolar processes are around 10
for a 4.5 turn, 2.2 nH inductor and therefore comparable to what has been published for
aluminium inductors on lossy silicon substrates [136].

5.5

Equivalent circuit extraction

For the evaluation of spiral inductors and the comparison between measured and EMsimulated data, the S-parameters were separated into the single-π network of Figs. 31,3212 .
12

Note that this simple model is not suited for implementation into CAD packages, as it contains
frequency dependent quantities such as the series inductance and the series resistance. The lumped
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This was necessary, as plotting different sets of S-parameters (Sij , i, j = 1, 2) would
not reveal the differences, as inductors with largely different Q-factor may have almost
identical S-parameters. Therefore, in order to compare measured with simulated data
or to fit scaleable models to target data sets, no S-parameters have been used directly.
Instead, they have been used to extract the elements of the single-π model which allows
for an accurate comparison of different data sets plus the single-ended quality factor Q
defined by Eqn. 36. The elements describing the parasitics of the spirals are
1. A series resistance RS that increases with frequency due to the skin effect and
proximity effect (see Fig. 48)
2. A capacitance CP that describes the capacitance between adjacent turns
3. Two RC networks that model the lossy substrate, where Rsub1 and Rsub2 are in
the order of 700 Ω for a 20 Ω · cm substrate with a wafer thickness of 180 µm.
Cox1 , Cox2 , Csub1 and Csub2 increase with respect to the area of the coil. For inductors with patterned shields (PGS), Rsub1 and Rsub2 may be in the 0 – 40 Ω range
(see section 5.12). Magnetic substrate currents (eddy currents) are neglected (see
section 5.3).
Cp
Rs

L

P1

P2
C ox1
R sub1

C ox2
C sub1

R sub2

C sub2

Figure 31: Physical equivalent circuit model of a lossy spiral inductor [137, 138, 139].
The frequency dependent RS will later be modelled by an ”RL+R//L” ladder circuit
(Fig. 53).
According to Pfost et al. [140, 141], the following equation holds for a given lossy dielectric
RSub · CSub = ρ · Diel.

(25)

where Diel. = r · 0 with the vacuum permittivity 0 = 8.85 · 10−12 F/m. A substrate
corner frequency fc can be defined as
element model implemented in SPICE syntax as shown in Fig. 53 will be described in detail in section 5.15.
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Cp

P1

P2
C ox1

Ys

i1

L

Rs

i2

P1

P2

C ox2

R sub1

C sub1

R sub2

u1

C sub2

Yp1

Yp2

u2

Figure 32: The equivalent circuit of Fig. 31 separates into a π-network [139]

fc =

1
2 · π · RSub · CSub

=

1
2 · π · ρ · Si

(26)

which amounts to 7.6 GHz for silicon substrates (r = 11.9) with a conductivity of ρ =
20 Ω·cm = 0.2 Ω·m (σ = 1/ρ = 5 S/m). Extracting the substrate networks RSub , CSub for
different measured and simulated inductors shows an amazing agreement with Eqn. 25.
This means that Eqn. 25 can be used in both the parameter extraction and the scaleable
model, allowing to calculate Csub1 (or Csub2 ) from Rsub1 (or Rsub2 ).
The remaining values for the equivalent model in Fig. 31 can easily be extracted from
the S-parameters: Rather than fitting the parameters L, RS , CP , Cox1 , Cox2 , Rsub1 , Rsub2 ,
Csub1 and Csub2 to the 2-port S-parameters, it is easier to separate the series and shunt
conductances according to Fig. 32.

i1 = YP 1 · v1 + YS · (v1 − v2 )
i2 = YP 2 · v2 + YS · (v2 − v1 )

(27)
(28)

In matrix form this can be rewritten to
"

i1
i2

#

=

"

YP 1 + YS
−YS
−YS
YP 2 + YS

#

×

"

v1
v2

#

(29)

This means that it makes sense to transform the measured or simulated S-parameters into
Y-parameters. Computing
YS = −Y21 = −Y12 = −

Y21 + Y12
2

(30)

leads for low frequencies to (see Fig. 144)


1
1
·=
L=
2·π·f
YS





1
and RS = <
YS



(31)
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1
Cp may then be derived by fitting YS to j · ω · Cp + RS +j·ω·L
over the full frequency range
(Fig. 33).
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Figure 33: L0 is extracted from =[1/YS ] at low frequencies, while CP is fitted to
model the resonance across the complete frequency range (left). RS is determined by
extrapolating <[1/YS ] towards zero frequency (right).
The substrate networks can be expressed as
1
1
=
YP,i
Yii + (Y12 + Y21 )/2
1
Rsub,i
=
+
j ω Cox,i 1 + j ω Rsub,i · Csub,i

ZP,i =

(32)
(33)

with i = 1, 2. Using the relation 26, the substrate resistances can be obtained by fitting
the real part of Eqn. 33 over the complete frequency range13 :
<[ZP,i] =

Rsub,i
1 + (f /fc )2

(34)

The substrate capacitances Csub,i follow from Eqn. 25 and the oxide capacitances Cox,i
may be obtained from the imaginary part of Eqn. 33 at low frequencies.

5.6

Definition of the ’quality factor’

The quality factor Q is a measure for an inductor’s energy (magnetic energy - electric
energy), over the energy dissipated in its series resistance and the substrate networks.
Defined by Q = =[Z]/<[Z], it depends on how the inductor is operated in a circuit.
13

This is advantageous, as the low-frequency value of Eqn. 34 cannot be properly obtained from measurements, as the impedance of the substrate networks becomes infinite at low frequencies due to Cox .
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45
Cp
L

Rs
P1
C ox1
R sub1

C sub1

Figure 34: Definition of the single-ended quality factor Q1
Spiral inductors are often operated with one side AC grounded (shunt inductance to
GND or the supply voltage, e.g. Figs. 71, 72, 82, 87, 92, 99, 101, 120). From Fig. 34
its clear that this shorts one substrate network and that the remaining admittance is
YP,1 + YS = Y11 (if port 2 is grounded) and YP,2 + YS = Y22 (if port 1 is grounded). Thus
the single-ended quality factor is defined as [120]
=(Y11 )
=(1/Y11 )
=−
<(1/Y11 )
<(Y11 )
=(1/Y22 )
=(Y22 )
=
=−
<(1/Y22 )
<(Y22 )

Q1 =

(35)

Q2

(36)

. For
For a discrete, wire wound inductor this quality factor reduces to Q1 = Q2 ≈ ω·L
RS
a spiral on a lossy substrate, RS determines Q1 at low frequencies and Rsub1 and Csub1
determine its roll-off at high frequencies (see Fig. 35). The frequency where the peak
Q occurs is in between these two extremes. Peak Q itself is extremely sensitive to Sparameter accuracy: Slight deviations that are barely visible in the S-parameters of both
measurements and simulation lead to large differences in peak Q. The reason is that at
intermediate frequencies the real part in the denominator is still determined by RS which
is small compared to 2πf · L (see Fig. 34).

As can be seen for the measured 2.1 nH inductor of Fig. 35, for an asymmetric layout
Q1 is different from Q2 . Also, the quality factor for a balanced driven coil is higher
than its single-ended counterpart where one substrate network is grounded and the other
driven at full voltage swing: Under balanced conditions, both substrate networks are
driven, but with half the voltage swing. To derive the equation for balanced Q, for the
moment we assume the equivalent circuit not to be a π-circuit but of a T -form (which
is mathematically possible [142], but physically makes no sense). Due to the balanced
condition, i1 = −i2 = i and the current from the shunt impedance to GND is ’zero’.
Writing [142]
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12

Qdiff: port 1 and port 2 driven 180° out of phase
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Figure 35: Due to the inequality of the substrate networks, different single-ended
Q-values can be obtained, depending on the spiral configuration

v1 = Z11 · i1 + Z12 · i2 = (Z11 − Z12 ) · i
v2 = Z21 · i1 + Z22 · i2 = (Z21 − Z22 ) · i

(37)
(38)

The balanced impedance is therefore
Zbal =

v1 − v2
= Z11 − Z12 − Z21 + Z22
i

(39)

leading to the definition of the balanced inductance and balanced Q:

5.7

=(Z11 − Z12 − Z21 + Z22 )
2πf
=(Z11 − Z12 − Z21 + Z22 )
=
<(Z11 − Z12 − Z21 + Z22 )

Ldif f =

(40)

Qdif f

(41)

The choice of the metal layers

When realising inductors in an integrated semiconductor process, the first degree of freedom usually is in the choice of the metal layers. It makes no substantial difference to the
inductance whether a single metal layer (e.g. top layer) is used, or whether several metal
layers are shunted in parallel to reduce the series resistance.

5.8 Influence of the via geometry
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Figure 36: Extracted from S-parameter measurements, spiral inductors of the same
geometry (w = 7µm, s = 3µm, n = 4.5, ri = 26µm) using different metal layers show
little difference in their inductances (left) but vary substantially in the value of their
quality factor and self-resonance frequency (SRF, frequency of maximum Q) (right).
m12 denotes a spiral routed parallel in metal 1 and 2, m23 a spiral in metal 2 and 3,
and m2 and m3 spirals in metal 2 and metal 3, respectively.
Fig. 36 shows slightly larger inductance values for thinner metal layers (e.g. m2) compared
to coils realised with thicker metal (e.g. m12 = m1+m2, m3, or m23 = m2+m3). Also,
while the inductance from zero frequency for coils with thin metals remains virtually flat,
for thicker metal layers there is a considerable drop in inductance at frequencies around
5 GHz. The reason will be explained by EM simulation in section 5.13 to be the current
crowding effect, which – for higher frequencies – pushes the current towards the inner
margin of the turn, except for the outermost turn, where the current is pushed to the
outer margin (see Fig. 48). This effect at higher frequencies on average reduces the size
of the inductor compared to its geometrical size and is more pronounced for thick metals.
At lower frequencies, the Q-factor is dominated by the series resistance and benefits from
using a thicker metal. At frequencies above peak-Q, it is more favourable to use only the
top metal layer and move the inductor as far away from the lossy substrate as possible
in order to reduce substrate losses. To show the influence of the measurement accuracy,
Figs. 36 have been performed with 2 subsequent on-wafer calibrations: While there is
virtually no influence on inductance, the quality factor is extremely sensitive to slightest
changes in S-parameters.

5.8

Influence of the via geometry

The effect of via geometry on the performance of multilayer inductors with 2 metal layers
shunted in parallel was less pronounced than expected. For the Atmel SiGe1 process,
where no CMP is used, the standard continuous via hole (Figs. 37, right) has a slightly
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lower quality factor and higher series resistance than configurations which connect the
two layers only at the critical points in the layout (e.g. the underpass) (Figs. 37, left).
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Figure 37: From on-wafer measurements, virtually no influence of the via configuration on the inductance can bee seen (left: few circular vias, right: continuous via).
The slight changes in quality factor are due to variations in series resistance.

5.9

Inductors on high resistivity substrates

In the literature, high-resistivity (HR) silicon is reported to result in superior RF performance of passive components compared to standard silicon [95, 96, 116, 117, 143, 144].
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While this might be true for distributed elements like coplanar and microstrip lines, the
effect on the quality factor of a 2nH inductor was disappointing:

10

Figure 38: For frequencies up to fpeak /2, Q-factor is identical for inductors on
1 kΩ · cm and 20 Ω · cm. The higher substrate resistance of the high-impedance
substrates just allows for a slightly higher peak-Q.
As can bee seen from Fig. 38, a mere 10% of improvement in Q and a shift of peak-Q
to slightly higher frequencies will usually not justify the higher cost and lower isolation
performance between active devices associated with high-resistivity (HR) silicon14 . In addition, HR material tends to lose its high resistivity properties during high-temperature
semiconductor manufacturing processes [109]. Also, HR material cannot be Czochralskigrown but needs to be fabricated using the float-zone (FZ) technique [109]. In section 5.11,
it will be shown that large inductors benefit from a complete removal of the silicon underneath, while the loss of small and medium sized inductors is mainly governed by the
losses in the metallisation system.

5.10

The channel stopper

In all Atmel design-kit inductors the p+ channel stopper (CS) implantation, which prevents leakage currents between adjacent n+ wells, is blocked below the inductors. Due to
the small difference in Q between standard 20 Ω·cm and 1 kΩ·cm material, an n inversion
layer was believed to form on top of the HR silicon. However, DC measurements between
14

What can also be seen is that there is virtually no difference between 20 measurements on a wafer
with probe pads plated with gold (1 measurement per reticle) and a measurement on an unplated wafer.
This shows the high uniformity of the SiGe-1 process and the absence of contact problems using Cascade
infinity probes. For details on how to obtain reproducible on-wafer measurements, see appendix C.
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n+ wells in areas without CS showed that no such inversion layers existed. Finally the
RF measurements shown in Fig. 39 have been performed to preclude the existence of an
inversion layer below the inductor: With an inversion layer being present, there would
have been an increase in Q from the configuration to the left (CS completely removed)
to the configuration to the right (CS more and more slotted). As this is clearly not the
case, the evidence of an inversion layer below the inductors was ruled out. The optimum
configuration was an inductor with no channel stopper below.

6

Figure 39: This set of on-wafer measurements on 4 different dies shows that omitting
the p+ channel stopper beneath the inductors does not lead to a formation of an ninversion layer on the surface of the 20 Ω · cm-wafer (left: CS fully omitted, right: CS
not omitted).

5.11

Influence of the substrate

In an effort to increase the quality factor of the spiral inductors, the substrate below several
wafers of SiGe2-Power (1 kΩ·cm substrate) and SiGe2-RF (both 1 kΩ·cm and 20 Ω·cm
substrate) has been removed by reactive ion etching (RIE) and compared to inductors
without substrate removal. In order to eliminate errors due to varying metallisation
thickness, both etched and non-etched inductor arrays are arranged on the same wafer in
the way of a chessboard. The measured results for a 3.3 nH inductor are shown in Fig. 41.
All measured inductors showed an improvement in peak-Q of a factor of 2 (medium size
inductors, see Fig. 41) to 3 (large inductors, L=30 nH). The frequency where peak-Q occurs was shifted considerably towards higher frequencies, however, and there is virtually
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Figure 40: Inductor on a thin membrane with removed substrate.
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Figure 41: Inductors on a membrane with the substrate removed show a higher Q
at elevated frequencies, while there is no improvement at intermediate frequencies.
no improvement by substrate removal at low and intermediate frequencies. This means
that only inductors with ω · L  50 Ω benefit from substrate removal. Such inductors are
typically used in on-chip filters, VCO tanks or LNA matching networks. While a high
Q value is desirable in VCOs, high-Q filters and LNA output matching networks become
very sensitive to process spreads in the MIM capacitors and their bandwidth is often too
low for practical applications, requiring again to de-Q the passive circuit by shunting a
resistor in parallel. Matching the low impedances of power amplifiers usually requires inductors with ω · L  50 Ω and such inductors benefit from a reduction in series resistance
by using a thick top metal rather than by removing the substrate. We conclude that substrate removal in most cases is not a viable way to improve on-chip inductors, taking into
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account the additional processing costs and the lower yield associated with this technique.

5.12

Improving Q factor and reducing crosstalk by patterned
ground shields

The use of patterned ground shields (PGS) has been reported to enhance the quality
factor of spiral inductors on low resistivity substrate [137, 123]. On the 20 Ω · cm and
1 kΩ · cm substrates used for the SiGe1 and SiGe2 bipolar processes, no PGSs have been
used prior to this thesis. In order to evaluate the usefulness of PGS, an inductor array
with spirals ranging from 0.6 to 4.7 nH in 2 different metal versions (M23 or M3) has been
fabricated in the SiGe1 process and evaluated using an LRM+ calibration and ’Thru’ deembedding (see appendix C.2 and C.3). Two different shield geometries have been realised
using either the silicided base poly layer(TiSi, 4.5 Ω/2) or metal 1: In order to suppress
currents in the PGS induced by the magnetic field, shield #1 is slotted like a pie (not
shown), while shield #2 is slotted like a snow flake (see Fig. 42, left and right).

Figure 42: Spiral inductor with grounded, patterned ground shield. Left: Titaniumsilicide shield, Right: Shield in metal 1
Due to the thin oxide layer between metal 1 and metal 2, the PGS realised in metal 1
led to a degradation in quality factor and strongly reduced both inductance and selfresonance-frequency (SRF). On 20 Ω · cm substrate, the PGS realised in the TiSi layer
led to a significant Q enhancement for the inductors routed in metal 3 at the expense
of a narrower Q-vs-frequency behaviour (Fig. 43, right). For the spirals routed in M23,
no enhancement in Q was observed, but the PGS led to a very narrow Q behaviour over
frequency compared to the unshielded inductor (Fig. 43, left). Note that the inductance
strongly decreases with frequency for the shielded inductors whereas it slightly increases
due to the turn-to-turn capacitance for the unshielded device. The fact that this effect
is more pronounced for M23 with its lower oxide thickness between coil and shield shows
that eddy currents induced by the magnetic field (see section 5.3) try to cancel the current
flow in then coil itself. Virtually no difference was observed between shield #1 and shield
#2. On 1 kΩ · cm substrate, the use of PGS did not improve the quality factor but led
to a strongly reduced self-resonance frequency, shifting the frequency of peak-Q towards
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lower frequencies.
The following rules should be observed when using shielded inductors:
 Patterned ground shields are effective in enhancing the Q factor on low impedance
substrates ≤ 20Ω · cm if a large oxide thickness between shield and coil is available.
 On 1 kΩ · cm substrates, the reduced SRF leads to a lower frequency of peak-Q and
a narrower Q-vs-frequency behaviour.
 If shielded inductors are operated close to the frequency where peak-Q occurs, the
reduction in inductance compared to the DC value needs to be taken into account.
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Figure 43: 4.5 turn spiral inductors on 20 Ω · cm substrate. While the PGS do
not improve Q for the M23 type (left), significant Q enhancement is observed for the
shielded M3 type with its larger distance between coil and shield (right).
In addition to the Q-enhancement we have been especially interested in reducing crosstalk
between spiral inductors using PGS. As has been explained in section 2.2.4, the strong
crosstalk between the LO divider and the output inductor of the UMTS LNA precluded
the LNA from being integrated into the Scuba receive IC. In order to investigate crosstalk,
an array of inductors designed by TQS in Boston was realised on a SiGe1 MPW according
to the chip photograph in Fig. 44: Two inductors are shunted from port 1 and port 2 to
ground, respectively. They are spaced apart by 0, 0.25, 0.5, 1, . . ., 7 coil radii, measured
from edge to edge. Table 9 shows the available test structures, all of them routed in
metal 1 and 2. SOLT calibration has been done both using laser-trimmed standards on
an impedance standards substrate (ISS) with subsequent pad removal by de-embedding
as well as using less accurate on-chip calibration standards, eliminating errors due to
de-embedding (appendix C.2 and C.3). The isolation-calibration routine was used to
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4.5 nH
no PGS
no PGS
ring of
substrate contacts

grounded
TiSi
shield

1.0 nH
floating grounded
BL
TiSi
shield
shield

Table 9: Structures for characterising crosstalk between inductors

Figure 44: Test structure to measure crosstalk between shielded spiral inductors.
eliminate crosstalk via the S-parameter test set of the vector network analyser. Inductances and Q factors were extracted from S11 and S22 . S21 =S12 was a measure for the
isolation between the coils.
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Figure 45: Results of isolation measurements at 1 GHz (left) and 3.4 GHz (right).
Generally, isolation was at its minimum (e.g. maximum crosstalk) at the frequency of
peak-Q, as the voltage swing across the parallel LC circuit was maximum at this frequency.
This frequency was considerable lower for the inductors using the TiSi ground shield.
However, in order to get a fair comparison between shielded and unshielded inductors,
we have to compare crosstalk at the same frequency. Therefore the values have been
extracted at 1 GHz for the 4.5 nH coil, which corresponds to the frequency of peak-Q
for the 4.5 nH inductor with TiSi ground shield. For the 1.0 nH coil we chose 3.4 GHz,
corresponding to the frequency of peak-Q for the TiSi shielded version. Therefore the
inductors using the TiSi PGS showed the highest crosstalk, considerably higher than the
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unshielded versions, which were operated considerably below the frequency of peak-Q.
For large distances > 4× the coil-radius (measured from edge to edge), we found a 4 dB
improvement of the unshielded inductor with grounded ring of substrate contacts over the
unshielded type, while there was virtually no effect at smaller distances. Peak-Q decreases
by approximately 10% using a ring of substrate contacts, however.
The following three guidelines can therefore be given:
1. Use a patterned ground shield to increase the peak-Q of inductors which are spaced
apart far from the lossy substrate (M3-versions in the SiGe1 and SiGe2 technologies).
Take care, as the frequency of peak-Q drops and there is a strong roll-off in Q at
higher frequencies (see Fig. 43).
2. Use a ring of substrate contacts to reduce crosstalk between inductors which are
spaced apart by more than 4 times the coil radii. However, depending on the
distance of substrate contact to the coil, the reduction in peak-Q is in the order of
10% due to reduced values of Rsub (see Eqn. 25).
3. To reduce coupling between adjacent coils, there is not much that you can do.
Incorporate this coupling into your simulation and try to make use of it.
4. As noted by Sönmez [145], using massive metal planes with defined spacing around
the inductors leads to a better reproducibility for layouts at high frequencies (e.g.
24 GHz) at the expense of reduced inductance due to the eddy currents induced in
the metal planes.
It is interesting to note that both the inductance and the quality factor of the individual
inductors increase slightly when the distance between them decreases. This points to
a constructive coupling process and motivates the investigations towards symmetrical
inductors in section 5.17.

5.13

Electromagnetic field simulation

5.13.1

2.5D simulators based on the method of moments

At the beginning of this thesis, no EM based software tools have been available that
simulate inductors on lossy substrates, including metallisation loss, in short time on a
fast PC or workstation with sufficient accuracy. Just at the end of this work, the tools
have been powerful enough to model inductance and Q-factor accurately. Therefore,
within the framework of this thesis, several 2.5D simulators and one 3D simulators have
been investigated:
All of the 2.5D simulators used were based on the Method of Moments (MoM), which dates
back to the work of R.F. Harrington in 1960. It is a numerical discretization technique
which solves Maxwell’s equations for planar conductors (with zero thickness) embedded
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in a multi-layered dielectric substrate. The term 2.5D means that current in the plane
perpendicular to the conducting XY layers can only flow in Z-direction, no current flow
in ZX or ZY directions can be taken into account. Extensive evaluation was done on two
2.5D commercial tools, which differ in the way they solve these equations:
 The Momentum simulator, included in Agilent technologies’ Advanced Design System, relies on a 4-dimensional numerical integration technique to calculate each
pair-wise coupling between the mesh elements [146].
 Sonnet from Sonnet Software, Inc. utilises the so-called closed-box solution in
conjunction with a uniform grid which is solved using an FFT-based analysis [147].

Both Momentum and Sonnet introduced an intelligent frequency interpolation algorithm
(called adaptive frequency sweep, AFS in Sonnet), which fitted the S-parameters of the
complete frequency range to just a few EM simulated frequency points, greatly enhancing
simulation speed. The term ’intelligent’ means that the software autonomously decided
where to set the simulation frequencies within frequency range selected by the user. This
feature greatly speeds up the simulation process and it is amazing, how even narrow-band
filters with several poles can be simulated with just 5–8 frequency points. For spiral
inductors, however, this feature had to be used with caution: The software stopped the
process of setting and simulating additional stilt frequency points, when the difference
between the actually simulated result at a given frequency compared to the intelligent fit
was smaller than a given ∆. While this works excellently for the inductance of a spiral
inductor, large errors and even severe discontinuities of the Q-factor in the frequency
range of peak-Q occurred! Therefore, in addition to the frequencies set by AFS automatically, the simulator had to be forced to simulate several additional frequencies in the
region of peak-Q. The reason is the strong dependence of Q on the slightest changes in
S-parameters and was explained already earlier in section 5.5. This makes the quality
factor of a spiral both difficult to measure (influence of contact resistance, on-wafer calibration, de-embedding, see section C) and difficult to simulate.

5.13.2

Why a planar inductor is not a two-dimensional structure

Using the 2.5 D simulator, numerous simulations have shown that there was initially a
big difference in both inductance and Q-factor between measured and simulated results:
1. The Q-factor always simulated too high compared to the measurements, a fact that
first was attributed to poor measurements conditions (e.g. contact resistance) or to
a degradation in substrate resistivity during wafer fabrication or to a metal thickness
which could be thinner than specified.
2. The inductance always simulated too high. This was initially attributed to poor
de-embedding.
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Figure 46: Modelling the metal trace of this spiral inductor in M3 (5 turns, 2.2nH )
by a single, infinitesimal thin conductor overestimates L by 10% and Q by 17% (left).
The conductor needs to be split in at least 4 layers in order to model metal losses in
the 2.5D simulator properly. This can be seen from the slope of the series resistance
versus frequency (right).

A thorough investigation revealed that the problem was the 2.5 D simulation itself: The
MoM solver uses an infinitesimal thin conductor layer (zero metal thickness) and approximates the skin effect by a built-in model assuming a straight conductor. This estimated
skin effect is then overlaid to the simulated results in order to model some kind of metallisation loss. This works fine for structures, where the physical metal thickness is smaller
than 10 to 20% of trace width and/or spacing (whichever is smaller). In our spirals, the
spacing between the turns can be as small as 2 µm and the metal thickness of metal 2+3 is
4 µm (see Fig. 29), so this condition is not met! As can be seen in figure 46, the simulation
of a planar inductor with a line-to-line spacing comparable to the metal thickness is a 3D
problem and cannot straightforwardly be simulated using a planar, 2.5D simulator. The
reason is that the 2.5D simulator assumes the skin effect to happen just at the top and at
the bottom of a straight conductor and no current pushing to the side-walls is taken into
account. Even worse, a 2.5D simulator cannot determine if the current is flowing mainly
at the top or at the bottom of this artificial conductor. Therefore Sonnet requires the user
to set a factor called current ratio (CR) which specifies the amount of current flowing at
the top with respect to the current flowing at the bottom of the layer in order to calculate
metal loss. Assuming equal current flow at the bottom and at the top (CR=1), as it would
be the case in a strip line, overestimates the quality factor Q (Fig. 46, left) and simulates
the slope of RDC versus frequency as too flat (Fig. 46, right). Assuming that the current
flows just at the bottom and that there is no current at the top (CR=0, default setting)
underestimates Q. Adjusting CR for the coil Figure 46 to ≈0.2 would model Q correctly,
but still simulates the inductance too high by a factor of ≈ 10%.
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Its clear that Maxwell’s equations should determine the current distribution within the
conductor rather than the user. This can be achieved by an N-layer model [148] according
to Fig. 47:

m3, top
m3, bottom
m2, top
m2, bottom

Figure 47: In order to properly model the loss in the metal traces, 2.5D simulators
based on MoM require the conducting layers to be split into 2 or more layers with
zero thickness, separated by vias that correspond to the physical metal thickness [149,
150, 148]. The figure on the right is scaled in z-direction for better visibility.
Here the conductor is mapped into N simulator layers during GDSII-file stream-in, spaced
apart by tmet /(N-1), where tmet is the physical thickness of the conductor. Each of the N
infinitesimal layers is assigned a thickness of tmet /N in order to maintain the correct DC
resistance. I found out that a multiple sheet model should be considered [151, 152],
 if the gap between two lines is on the order of (or less than) the thickness of the
lines and / or
 if the width of one line is on the order of (or less than) the thickness of the line.

Increasing the number of layers from N=1 to N=5 shows subsequent improvements in the
accuracy of both L and Q (Fig. 46).
The current distribution in a 2 nH spiral inductor simulated using a 4-layer model is shown
in Fig. 48. While the current flow is homogeneous at 100 MHz, there is a pronounced
inhomogeneity already at 1.4 GHz, which is far below the frequency of peak-Q for this
inductor (5 GHz): The current tends to be pushed inside for the inner turns and to
the outside for the outermost turn. This lateral skin effect in literature is often called
proximity effect. We found this effect to be more pronounced for ”thick” conductors with a
total thickness of all shunted interconnect layers of 4-5 µm compared to ”thin” conductors
with a total thickness of less than 2 µm. As the current at higher frequencies flows mainly
at the inside of the turns, the inductor for higher frequencies becomes physically smaller
than its geometrical dimensions. We believe that this is the reason for the decrease of the
inductance with frequency below the frequency of peak-Q, which again is more pronounced
for inductors using ”thick” conductors compared to ”thin” ones, which we observed both
in on-wafer measurements (Fig. 36) and EM simulations (e.g. Fig. 46).
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Figure 48: While current distribution is homogeneous at low frequencies, currentcrowding occurs at higher frequencies, which pushes the current to the outside for the
outer turn and to the inside for the inner turns (Simulation using Sonnet V9 with
conformal mesh).

As can bee seen in Fig. 49, the classical skin effect of a straight conductor with its current
extrusion to all 4 sidewalls of the conductor is virtually absent.

Figure 49: Cross sectional view of the current distribution in a 2 nH, five-turn spiral
inductor at 5 GHz (z-direction not to scale). The metal strips in M3 are modelled
as 4 infinitesimal thin layers in the 2.5D simulator Sonnet V9. The traditional skin
effect which uniformly pushes the current to the edge of the conductors is virtually
absent. The proximity effect pushes the current to the inside for interior turns and to
the outside for the outermost turn.

To derive the closed-form, scaleable inductor models from the EM simulations, I used
Sonnet V9 together with an N-layer model with N ranging from 2 (for large inductors
> 5 nH) to 6 (for small inductors < 1 nH) so that the total amount of memory was
0.5-1.5 Gbyte and thus below the 2 Gbyte RAM limitations of our 3 GHz Pentium IV
machine. Simulation times for a frequency sweep of one inductor were between 3 and
24 hours. Exceeding the RAM of the computer is possible but leads to extensive disk
swapping and extremely long simulation time.
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5.13.3

Sensitivity of the EM simulation

In general, with the same computational effort, higher accuracy is obtained using a coarse
mesh size (e.g. 1.5 µm) combined with a larger number of layers compared to a fine mesh
size (e.g. 0.75 µm) combined with a low number of N. Astonishingly, the influence of the
mesh size on the simulated results of a 2.2 nH inductor with 7 µm line width, 3 µm spacing,
4.5 turns and 26 µm inner radius was very weak. Even with a grid of 2 µm – a value close
to generating short circuits between the turns – the equivalent circuit parameters of the
inductor are close to the final values (see table 10). At the other extreme of a small mesh
grid (0.75 µm), the algorithm collapses at frequencies below 1 GHz, which seems to be a
general problem of electromagnetic analysis when the cell size is very small compared to
the wavelength [153].
mesh
[µm]
2.0
1.5
1.0
0.75
0.5

L at
peak
RS at
Cox
Csub
Rsub
peak-Q
Q
peak-Q
100.2% 102.0% 97.4% 100% 100% 100.4%
100.0% 100.0% 100.0% 100% 100% 100.0%
99.7%
98.4% 102.1% 101% 99% 100.1%
99.7%
98.7% 101.6% 101% 99% 98.6%
–
–
–
–
–
–

memory
[MB]
86
169
389
655
1322

# of subsections
3274
4635
7063
9170
13037

time per
freq. [h]
0.08
0.21
0.70
1.55
42.9

Table 10: Influence of the mesh size on the simulation results of a 2.2 nH spiral inductor (Sonnet V9, conformal mesh). All values are normalised to the values obtained
with the 1.5 µm grid.
Sonnet states that in nearly all cases the principal error source is error due to cell size [153].
The method used in table 10 is often referred to as the Richardson extrapolation and gives
an idea about the total error of the analysis.
box size [µm]
180
256
512
768
1024

L at peak-Q peak-Q
85.3%
94.1%
94.3%
96.7%
98.9%
99.0%
99.7%
99.9%
100.0%
100.0%

RS at peak-Q
90.3%
94.5%
98.7%
99.4%
100.0%

Cox
102.8%
100.5%
99.4%
100.4%
100.0%

Csub
Rsub
253% 46%
171% 67%
117% 90%
105% 96%
100% 100%

Table 11: Influence of the box size on the simulation results of a 2.2 nH spiral
inductor using Sonnet V9 with conformal mesh and a 1.5 µm grid. The outer diameter
of the coil is 142 µm. All values are normalised to the values obtained with a 1024 µm
box. Small boxes lead to pronounced errors.
The FFT approach used in Sonnet requires the circuit to exist inside a shielding box with
perfectly conducting sidewalls. Therefore a sufficiently large box size is more important
than a fine mesh: In small boxes a current is induced in the sidewalls in opposite direction
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to the current in the coil and thus reduces its inductance (see table 11). At the same
time the substrate resistances decrease and the substrate capacitances increase, leading
to a slightly lower quality factor. The values for Csub and Rsub which represent the left
substrate shunt network of the equivalent circuit of Fig. 31 are depicted in table 11: The
absolute values of Csub and Rsub vary strongly with the box size. Their product, however,
as required by theory (Eqns. 25,26) remains mainly constant as it is only related to the
dielectric constant and the resistivity of the substrate, which remains constant throughout
the simulations15 . We propose to use a distance of at least 180 µm from the outermost
turn to the conductive box.
In Sonnet V9, ports can only be placed at the box wall. Therefore the terminals of the
passive structures are extended to the box wall using feed lines made from ideal conductors
(e.g. 180 µm long). The reference plane of the ports at each sidewall can then be shifted
in the layout editor to the terminal of the coil (e.g. by shifting them by -180 µm), forcing
the software to correct the S-parameters for the influence of the feed lines. As has been
explained earlier, a solver based on MoM does not discretize the dielectric layers but just
the conductors itself. Using a larger box therefore consumes little additional memory,
as the contribution of the longer feed lines usually is small compared to the number of
subsections of the coil itself.
The numerical complexity of an N-layer simulation increases rapidly with the number of
sheets. A similar problem occurs with 3-D, volume meshing EM tools like Ansoft HFSS
where the mesh must be small with respect to the line thickness, significantly increasing
analysis time [154, 152].
5.13.4

Comparison of 2.5D and 3D EM simulators

In Fig. 50 different EM simulations have been compared to measurements of a 4.5 turn
SiGe1 inductor routed in M23 (w = 7µm , s = 3µm , ri = 26µm).
 The HFSS simulations using Ansoft’s HFSS full 3D simulator have been performed
by Achim Kruck of Atmel Heilbronn.
 The Empire simulation [155] using the 3D Finite Difference Time Domain method
(FDTD) was provided by Winfried Simon of IMST, Kamp-Lintfort/Germany.
 2.5 D Sonnet and Momentum simulations have been performed by the author with
a 4-layer model as described in section 5.13.

The 2.5D simulations show a quality factor which is slightly too high. Taking into account
the error in measuring quality factor and the choice of the de-embedding method, which
is easily ±20%, the error is not too big. According to Fig. 46 the quality factor could
15

This interesting result might be the reason why we did not find a pronounced influence of substrate
contacts onto both measured and simulated Q-factors, as the roll-off of the quality factor is mainly related
to the product Csub × Rsub
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Figure 50: Comparison of different 2.5D (Momentum, Sonnet) and 3D (HFSS, Empire) EM simulators with measurements for a 4.5 turn inductor in M23.
be lowered by using a simulation model with more than 4 layers. The inductance and
series resistance match perfectly. As has been shown on Fig. 49, determining the right
current distribution is mandatory to simulate the correct Q-factor. The full 3D simulators
HFSS (by Ansoft) and Empire (by IMST) seem to do a better job here, as there is a good
agreement between measured and simulated Q. It is not clear why Empire simulated an
inductance value which is too high. It could be that feed line inductance has not been
de-embedded properly. Series resistance at DC simulated by Empire and HFSS is too low,
which could be adjusted by choosing a lower metal conductivity. Finally, all 2.5D and 3D
simulators – when properly used – give satisfying agreement with the measurement.

5.14

Analysis of process spreads

At Atmel’s request, the influence of typical process spreads onto an integrated inductor
has been evaluated. A 4.5 turn inductor (w = 7µm, s = 3µm, ri = 22µm) was simulated
using Sonnet with a 4-layer model for M3. The results are shown in Fig. 51: Changes in
metal thickness have the largest influence, as the DC resistance is inversely proportional
to the thickness, which is directly reflected in the DC resistance, extracted at 200 MHz.
At higher frequencies the effect on the series resistance is less pronounced, as the current
tends to flow at the edge of the turns (see Fig. 48). As has been expected, the effect
of metal thickness on the inductance is marginal. Variations in oxide thickness influence
only the peak-Q, with the remaining parameters being constant. The same is true for
variations in substrate conductivity around the target value of 5 S/m (20 Ω·cm). We
could not find a degradation of inductor parameters due to molding compound of plastic
packages, provided that dielectric loss is negligible.
The influence of the wafer thickness on the inductor parameters was very low. The
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Figure 51: Influence of process spreads on inductor performance.
Wafer thickness [µm]
180
300
450
600

Cox,1 [fF]
27.97
27.95
28.09
28.16

Cox,2 [fF] Csub,1 [fF] Csub,2 [fF] Rsub,1 [Ω]
35.60
20.13
12.75
1162
36.31
18.73
11.81
1250
36.52
18.46
11.63
1272
36.49
18.40
11.61
1278

Rsub,2 [Ω]
1966
2113
2139
2140

Table 12: The influence of the wafer thickness on the substrate networks is marginal.
difference between 180µm – which is used in RF power amplifiers to keep bond wire
inductance low and improve heat sinking – and an unthinned, 600µm wafer merely results
in slightly different substrate networks: As can be seen from table 12, the substrate
capacitances Csub,1 , Csub,2 decrease slightly with increasing substrate thickness while the
substrate resistances Rsub,1, Rsub,2 increase. The effect, however, is very small and does
not need to be considered in the inductor model, as the effect of the wafer thickness on
peak-Q is in the order of 1%. The small influence of the substrate thickness supports the
assumption of section 5.3, that the I 2 R losses are dominated by currents at the substrate
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surface, conducted through metal-substrate capacitances associated with individual turns
of the spiral rather than circulating eddy currents due to magnetic fields within the bulk
substrate.

5.15

Modelling

Up to now, the simple π model of Fig. 32 provided a convenient tool to evaluate measured
and EM-simulated data. However, due to proximity and skin effect both series resistance
and series inductance need to be implemented in a frequency dependent manner to model
the Q factor (defined in section 34) exactly. An elegant way to model an inductance
decreasing with frequency and a resistance increasing with frequency using purely frequency independent components is the use of one or multiple ladder circuits [156, 138].
A single ladder already models both the small inductance drop versus frequency due to
the proximity effect (Figs. 36 and 48) and the strong positive slope of Rs at frequencies
around peak-Q and below16 (see Fig. 54). In order to include substrate coupling between
the turns (Fig. 52), a parallel RC network between port 1 and port 2 consisting of C12
and R12 has been included according to [140, 141, 157], but later omitted in the final
model, as there was no improvement in model quality. The resulting model developed
in this work is shown in Fig. 53. Fig. 54 shows that excellent agreement between this
model and the target functions (S-parameter measurements or EM simulation) has been
obtained. There was no need to use the more complicated equivalent circuits which have
been reported recently [138], as a model usually becomes more difficult to scale, the more
parameter it uses.

111111111111111111111111111111
000000000000000000000000000000
field oxide
000000000000000000000000000000
111111111111111111111111111111
000000000000000000000000000000
111111111111111111111111111111
lossy silicon

Figure 52: Substrate coupling between the turns via the field oxide.
Fitting one set of model parameters to one target (measurement or EM simulation) is
relatively straightforward. In this thesis, this was done by a partner within the Scuba
16

As has been mentioned earlier, at frequencies above peak-Q the Q factor is not determined by the
series resistance any more and modelling of Rs at these frequencies is not important.
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Figure 53: Inductor model taking into account the proximity effect, skin effect and
substrate coupling. R12 and C12 have been omitted in the final model.

Figure 54: Using the enhanced model of Fig. 53 (thin lines), excellent agreement
between the target function (EM simulation in this case, thick lines) is achieved.
project, DTS of Reutlingen/Germany [158], by using an automatic fitting procedure based
on a SPICE 2G simulator (see Fig. 54). The more complex task is to derive a scaleable
model that can predict the properties of a coil for a given technology and metal configuration with basically arbitrary geometry (e.g. number of turns, line width, spacing, radius).
Rather than using a polynomial approach, it makes sense to relate as many quantities as
possible to geometrical properties of the inductor. This is easy for the DC series resistance, which can be approximated by the total length of the spiral, the metal width and
thickness, the geometry of the underpass and the sheet resistance of the metal. As the
layout generator synthesises the spiral inductor from semi-arcs, the length of the centre
line of the spiral is
LengthSpi =

x
πX
2 · ri + w + (i − 1) · (s + w)
2 i=1

(42)
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where x is the number of semi-arcs (x = 2·N). This computes to
LengthSpi = π · N · (2 · ri − s) +

π
· N · (2 · N + 1) · (s + w)
2

(43)

Dividing LengthSpi by the line width approximates the number of squares of the metallisation system. Multiplying the number of squares with the specific resistance of the metal
layer in Ω/2 (or the parallel resistance of several metal layers, if shunted in parallel) yields
the DC resistance of the coil. Adding the resistance of the underpass is straightforward
an results in a closed-form equation for RDC . The agreement with measurements or EM
simulations was so good that it was not necessary to take into account the resistance of
the vias itself (see Fig. 55).
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Figure 55: Closed form equation compared to measurements and EM simulations:
Red, solid line: RDC based on Eqn. 43. Measurements: Red 2 = SOLT cal., green
◦ = TNA cal. EM simulations: Blue filled 2 = HFSS (3D), magenta • = Sonnet
(2.5D), black 4 = Momentum (2.5D). Note that the HFSS results are rather erratic.
Inductance calculation techniques start with James C. Maxwell’s seminal work, first published in 1873 [159]. 1928 – thirty years before the first silicon IC was invented – Harold
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A. Wheeler presented simple analytical expressions for circular coils [160, 161, 162]. The
empirically derived expressions are remarkably accurate for multi-turn, circular inductors.
Wheeler gives [160]:
LW heeler = 31.33 · µ0 · N 2

a2
8a + 11c

(44)

where µ0 = 4 π 10−7 H/m, a is the coil mean radius and c the ’thickness’ of the coil,
defined as shown in Fig. 56 with
rout = N · (w + s) + ri
rout + ri
a =
2
c = N · (w + s)

c

(45)

rin
rout

Figure 56: Illustrating the inductance formula of Eqn. 44 given by H. A. Wheeler in
1928 [160]: The average radius of the coil is a = (rout + rin )/2, the average thickness
of the winding is denoted as c.
Wheeler states that this formula is accurate within 5% for coils with c > 2a. For our
standard coil with N = 4.5 turns, w = 7µm, s = 3µm and ri = 26µm, Wheeler’s formula
gives 2.12nH, which is in excellent agreement with the 2.1 − 2.2nH measured for this coil
for different metal configurations (see Fig. 36), although in this case c ≈ a. A similar
good agreement was found for other combinations of N, w, s and ri .
It is amazing how many closed-form equations for L have been reported since 1928, including modifications of Wheeler’s original formula. After a thorough comparison in Fig. 57,
I chose the expression from Mohan, del Mar Hershenson, Boyd, and Lee [163] for the lowfrequency coil inductance LDC of the scaleable small-signal model in Fig. 53. Their work
is based on the concepts of geometric mean distance (GMD), arithmetic mean distance
(AMD), and arithmetic mean square distance to evaluate the self- and mutual inductances
between the coils and yields
LDC

"

c2
µ0 · N 2 · davg · c1
ln( ) + c3 · ζ + c4 · ζ 2
=
2
ζ

#

(46)
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where davg = (dout + din )/2 is the average diameter and ζ = (dout − din )/(dout + din ) is
defined as the fill ratio of the coil. For circular coils, the parameters are c1 = 1, c2 = 2.46,
c3 = and c4 = 0.2 [163]. The more complicated expressions published by Jenei et al. in
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Figure 57: Closed form equations compared to measurements and EM simulations:
Measurements: Red 2 = SOLT cal., green ◦ = TNA cal. EM simulations: Blue filled
2 = HFSS (3D), magenta • = Sonnet (2.5D), black 4 = Momentum (2.5D). Again,
the HFSS results show a large spread. Closed form expressions (Mohan et al., 1999):
Blue, dotted line: Modified Wheeler (octagonal coils), Red, solid line: Geometric
mean distance (GMD, round coils, Eqn. 46), Green, dotted line: Data fitted monomial,
(octagonal coils). The GMD equation gives the best fit.
2002 [164]) did not result in improved accuracy.
Using the starting values for LDC from Eqn. 46 and RDC based on Eqn. 43, for each
metal configuration and technology a set of 20-30 S-parameter files was simulated using
Sonnet V9 for different N, w, s, ri . This set was used as the target function to fit the
scaleable model by DTS, using the automatic fitting procedure based on a SPICE 2G
simulator. The substrate and oxide capacitances have been scaled to a first order with
the coil area and the values of RRF and a of the model in Fig. 53 have been fitted. A

5.15 Modelling

69

detailed explanation is beyond this work and the reader is therefore referred to [158].
The models itself have been implemented in the design kits of the technologies, greatly
improving the agreement between measurements and circuit design (see e.g. Fig. 88 in
chapter 6).
As shown in appendix F, a software tool has been developed based on empirical formulae
that – for a given inductance operating frequency – calculates all possible coil combinations
and sorts them for the highest Q factor or the lowest outer diameter (see Fig. 155).
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Multilevel spiral inductors

As explained by Burghartz et al. in [135], coils with large inductance values can be realised
on a small area by using multilevel spiral inductors as shown in Fig. 58. In this way, the

Figure 58: Sonnet 2-layer simulation model of a multilevel spiral inductor.
inductor is wired in M3 from the outside to the inner side (green), switches to M2 (blue)
and is routed in the same orientation back from inside to the outside. Due to the mutual
coupling, this structure achieves an inductance which is in the order of 4 times of what can
be achieved on the same area using a conventional inductor (see e.g. Fig. 28). Inductors
of that kind can be used where large inductance values are needed on small area and series
resistance is not too critical. In single-ended applications, it is important to connect this
type of inductor with AC ground to the port that connects to the bottom coil (blue coil
in Fig. 58) and to connect the port with the large RF voltage swing to the top coil with
the larger separation from the substrate (green coil in Fig. 58). This way the parasitic
capacitance of the bottom coil has less influence on the performance. This effect is even
intensified, as the part of the coil being spaced away further from the substrate, usually
also has a lower sheet resistance due to the thicker metal. This can be seen in table 13,
where simulated data of the multilevel spiral used in the 2.4 GHz WLAN LNA are shown.
It can easily be seen that a 2-layer multilevel spiral achieves four times the inductance on
the same area than a conventional spiral. Alternatively, to achieve the same inductance
like with the multilayer type, a conventional spiral requires 2.5 times the area. This is in
accordance to the work of Sönmez who used multilevel spirals in SiGe2-RF technology in
24 GHz multi-functional MMICs [145].

5.17

Symmetrical, centre-tapped inductors

Symmetrical, centre-tapped inductors are often used in balanced circuit design due to their
high inductance per unit area. Easy biasing is achieved by the common terminal (ct),
which is a node of virtual ground when driven by a balanced signal at port 1 and 2. Prior
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# of turns N
inner radius ri
diameter
inductance L
quality factor at 2.4
∗
bottom coil
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multilevel
M23 spiral
M23 spiral
spiral
with same area with same inductance
4.5
4.5
6.5
30 µm
30 µm
33 µm
126 µm
126 µm
196 µm
5.76 nH
1.40 nH
5.80 nH
GHz
6.4∗
8.3
7.5
grounded. If the top coil is grounded, Q reduces to 5.6

Table 13: Performance of multilevel spirals compared to conventional spiral inductors. Line width is 6.4µm and spacing is 3µm for all 3 types (Sonnet simulation,
SiGe2-Power technology).

Figure 59: Different topologies which were evaluated by EM simulation.
to the extraction of a scaleable model, 4 different topologies as shown in Fig. 59 have been
compared using EM simulations: Configuration A denotes a symmetrical design routed
in M23, where the common terminal (ct) is fed in metal M1. Configuration B tunnels
port 1 and 2 to the inner side in M2 and circles from the inside to the outside in M23.
Configuration B was reported to show better performance over configuration A [165].
Finally, arranging two spirals in a balanced configuration leads to C (feed through at
the ct terminal) and D (feed through at port 1 and 2). The results of the analysis are
summarised in table 14: All geometries showed an inductance of ≈ 1.2 nH between port
1 and 2 when driven in a balanced manner. Note that there is no difference between
the ct port being open or floating. The symmetrical inductors A and B show a slightly
higher peak-Q compared to the two separate spirals in C and D associated with a smaller
series resistance. However, the main advantage of the symmetrical type compared to
two separate inductors is that its area consumption is lower by 25%. Type B shows a
slightly lower Q than A, in contrast to [165]. Nevertheless, B was programmed in the
layout generator as it allows for the realisation of inductors with even and odd number
of turns which is not the case for configuration A. Using two separate inductors leads
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to the highest SRF but comes at the expense of a higher area consumption. There is
no pronounced difference if the underpass is oriented towards the common terminal ct or
towards port 1 and 2.
Configuration Ldif f [nH]1
A
1.123
B
1.149
C
1.250
D
1.245
1 at

peak-Qdif f
Rdif f [Ω]2
22.22 at 12.3 GHz
1.131
20.38 at 11.1 GHz
1.311
19.04 at 13.1 GHz
1.602
19.35 at 13.5 GHz
1.579
2 at

5 GHz

200 MHz

area [µm2 ]
148.0 × 121 = 17908
148.0 × 121 = 17908
235.5 × 101 = 23786
235.5 × 101 = 23786

µm2
µm2
µm2
µm2

Table 14: Comparing the different topologies of Fig. 59 by Sonnet simulation.
For the equivalent circuit of a symmetrical inductor, it is straightforward to extent the
single π network for a standard spiral inductor (Fig. 31) to Fig. 60.
Cp

L12

R12

P1

P2
Cp1

Cpp1

L1
Rp1

R1

Cp2

L2

R2

Rp2

Cpp2

Cp3

P3
Cpp3

Rp3

Figure 60: This equivalent circuit of the symmetrical inductor can be extracted
analytically from 3-port Y-parameters.
This triple π network can easily be extracted analytically from 3-port Y-parameters: If
we define Y1 , Y2 , Y 3 as
Y1 = −Y [1, 3]
Y2 = −Y [2, 3]
Y12 = −Y [1, 2]

(47)

then inductances and series resistances can be extracted according to

Li =

=(1/Yi )
ω

i=1, 2, 12

5.17 Symmetrical, centre-tapped inductors
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Ri =
<(1/Yi )
i=1, 2, 12
YP i = Y [i, 1] + Y [i, 2] + Y [i, 3] i=1, 2, 3

(48)
(49)

where YP 1 , YP 2, YP 3 are used to derive oxide capacitances and substrate networks. Due
to the positive coupling between the turns, Ldif f from table 14 (the balanced inductance
between port 1 and 2) is larger than L1 + L2 . Therefore, L12 in Fig. 60 is a negative
inductance, the same is true for resistor R12 . While this is no problem for a SPICE-based
circuit simulator, some engineers prefer to substitute the negative inductance L12 by a
coupling factor κ. That way, the three inductors L1 , L2 and L12 are transformed into two
inductors L∗1 , L∗2 and one coupling factor κ.
L1 · (L2 + L12 )
L1 + L2 + L12
L2 · (L1 + L12 )
L∗2 =
L1 + L2 + L12
s
L1 · L2
κ = −
(L1 + L12 ) · (L2 + L12 )

L∗1 =

(50)

with κ defined as
κ = −√

L∗12
L∗1 · L∗2

(51)

As an example, extracting the symmetrical inductor in Fig. 61 according to the equivalent circuit in Fig. 60, results in L1 = L2 = 0, 2545 nH and L12 = −0, 876 nH. The
balanced inductance (port 3 open) is then [1/L12 + 1/(L1 + L2 )]−1 = 1.215nH. This can
be transformed into two coupled inductors of L∗1 = L∗2 = 0, 431 nH and κ = 0, 41. The
balanced inductance (port 3 open) is then 2(1 + κ)L∗1 = 1.215 nH, showing that both
representations are electrically identical.
EM simulation of symmetrical inductors is straightforward, as just a 3rd port is added
(see Fig. 62).
How to measure 3-port S-parameters with a 2-port test set, as well as a comparison
between measurements and EM simulation is shown in appendix C.6: Fig. 145 compares
on-wafer measurements to EM simulations for three different symmetrical inductors and
gets reasonable agreement. Due to that, for simplicity, the models have been extracted
from Sonnet EM simulations.
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Figure 61: Symmetrical, centre-tapped inductor fabricated using the SiGe1 process

Figure 62: In analogy to Fig. 49, the proximity effect pushes the current flow in this
symmetrical inductor to the inner side of the turns (except for the outermost turn).
In addition there is a slight classical skin effekt, accumulating the current at the top
and at the bottom (balanced drive 0◦ /180◦ with 0.5 V at 4 GHz).
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6

The low noise amplifier

6.1

Harold Black and the negative feedback amplifier

Amplifiers and mixers with high linearity at all frequencies make extensive use of negative feedback. The idea of using negative feedback to reduce distortion in long distance
telephone service amplifiers built upon vacuum tubes was introduced by Harold Black at
the Bell Telephone Laboratories as early as 1927 and patented in 1937 [166]. The invention allowed Bell to reduce overcrowding of lines and to extend its long-distance network
by means of carrier telephony. It enabled the design of accurate fire-control systems in
World War II, and it formed the basis of early operational amplifiers, as well as precise,
variable-frequency audio oscillators [167, 168]. Fortunately for the analog engineers, this
fundamental patent and its 126 claims – which were not limited to electrical systems but
applied to mechanics and acoustics as well – expired in 1954 [166]. Each modern low-noise
amplifier (LNA) employs some form of negative feedback, either parallel feedback from
the output to the input (e.g. section 6.2.1) or series feedback in the emitter or source
connection.

6.2

Broadband LNA designs

For multiband receivers, broadband LNAs are attractive as they simplify the radios and
less effort needs to be spent for antenna switches. This section discusses different broadband LNAs using negative feedback.
6.2.1

Transimpedance amplifier
V CC

R fb

Rl

i

1

i

R fb

2

V out
v1
V in

gm v 1

Rl

v2

CERF
Figure 63: Common-emitter stage with parallel resistive feedback. Left: schematic,
right: small-signal equivalent circuit.
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The transimpedance amplifier (TIA) shown in Fig. 63 is the RF counterpart of an audio
amplifier based on operational amplifiers with resistive feedback. The blocking capacitor
in the feedback path allows to set the collector-base voltage larger than zero as it would
be the case in the absence of this part. Its value should be large and provide a negligible
reactance at the RF frequency. Due to
1
· [v1 − v2 ]
Rf b
1
1
· v2 +
· [v2 − v1 ]
= gm · v1 +
Rl
Rf b

i1 =

(52)

i2

(53)

the Y-parameter matrix of this simple circuit is given by
"

Y11 Y12
Y21 Y22

#



=

1
Rf b

gm −

1
Rf b



− R1f b

1
+ R1f b
Rl

(54)

Using the normalised y-parameters yij = Z0 · Yij (i=1,2), the input reflection coefficient
is given by [142]
(1 − y11 )(1 + y22 ) + y12 · y21
(55)
(1 + y11 )(1 + y22 ) − y12 · y21
"
# "
#
Z0 Z02 · gm
Z02
Z0 2 · Z0
Z02
Z02 · gm
= 1+
−
−
/ 1+
+
+
+
(56)
Rl
Rf b
Rl · Rf b
Rl
Rf b
Rf b · Rl
Rf b

S11 =

and the output reflection coefficient by
S22

|

{z

}

=d

"

(1 + y11 )(1 − y22 ) + y12 · y21
1
Z0 Z02 · gm
Z02
=
= · 1−
−
−
(1 + y11 )(1 + y22 ) − y12 · y21
d
Rl
Rf b
Rl · Rf b

#

(57)

Both simultaneous input and output match (S11 = S22 = 0) can be achieved by adjusting the feedback resistor Rf b to gm · Z02 , independent of load resistor Rl (as long as
Rl >> 50 Ω)17 . The forward gain S21 is given by
−2 · y21
(1 + y11 )(1 + y22 ) − y12 · y21
!#
!
"
Z0
1
1
=
≈ −Z0 · gm −
· −2 · gm −
d
Rf b
Rf b

S21 =

(58)
(59)

and the reverse isolation by
−2 · y12
(1 + y11 )(1 + y22 ) − y12 · y21
Z0
2 Z0
·
≈
=
d Rf b
Rf b

S12 =

(60)
(61)

6.2 Broadband LNA designs
IC
3mA
5mA

gm
0.118 S
0.197 S

77

Rl
Rf b
S21
300 Ω 300 Ω 13.20 dB
500 Ω 500 Ω 18.58 dB

S12
-17.54 dB
-21.19 dB

S11
0.062h0◦
0.046h0◦

S22
0.071h180◦
0.041h180◦

k
∆
1.12 0.60
1.04 0.74

Table 15: S-parameter set of a CERF LNA using an ideal transistor and Eqns. 54-61.
Rf b = gm · Z02 results in simultaneous input and output match. Rl has been chosen to
be equal to Rf b .

Table 15 shows the exact results of an ideal TIA for 3 and 5 mA of bias current: As can be
seen, even when using an ideal transistor, due to the strong feedback the reverse isolation
is only slightly higher than the gain, leading to a very low Rollett stability factor which
is given for a linear twoport by [169, 170]
k=

1 + |∆|2 − |S11 |2 − |S22 |2
2 · |S21 · S12 |

with ∆ = S11 · S22 − S12 · S21

(62)

The necessary and sufficient conditions of unconditionally stability for any combination
of source and load impedance are k > 1 and |∆| < 1 [65]. If one of these conditions
is not met (e.g. k < 1), the circuit is only conditionally stable (= potentially unstable)
and oscillation may occur with a certain combination of source and/or load impedance
presented to the transistor [65, 171]. Therefore it is essential that the k-factor is above
unity for all frequencies where the device has substantial gain. Low stability is not just a
problem of bipolar LNAs with parallel feedback but it also occurs for other technologies,
e.g. MESFET [172, 173].
While S-parameters are useful for small-signal gain, noise and stability analysis, more reality is captured by using an ideal BJT large signal model consisting solely of an exponential
current-versus-voltage characteristics
VBE

IC = I0 · e kB T

with I0 ≈ 10−16 A,

(63)

infinite current gain, no dependency of collector current IC on collector voltage (infinite
Early voltage) and zero parasitic resistors and capacitances (”Level-0” model) [174]: A
load resistor of 500 Ω drops 2.5 V at a current of 5 mA leads, making this circuit unsuited
for 2.7 – 3.3 V circuit design. The 3 mA version – due to the low feedback resistor Rf b –
shows already a NF of 1.41 dB even with this ideal transistor containing just collector shot
noise and no ohmic resistances and no base current (see table 16). Both minimum noise
figure NFmin and equivalent noise resistance Rn in table 16 increase further by adding
a real transistor’s base and emitter resistance and finite current gain. The influence on
NFmin can be derived from Hawkins’s comprehensive model for the minimum noise figure
of bipolar transistors with varying collector current and frequency [175]. It shows that
17

For reasons of voltage drop, Rl is usually chosen to be in the order of Rf b .
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IC (VCC )
50 Ω NF
3 mA (3 V) 1.41 dB
5 mA (5 V) 0.77 dB

NFmin
1.37 dB
0.74 dB

Γopt
Rn
(37.5 + j·0) Ω 5.2 Ω
(36.5 + j·0) Ω 2.8 Ω

IIP3
-3.63 dBm
-5.33 dBm

0IP3
9.51 dBm
13.2 dBm

Table 16: Noise parameters and two-tone linearity of a CERF LNA using an ideal
transistor (”Level-0” model).
the dominant parameters for microwave noise are emitter and collector shot noise at low
frequency and base resistance at higher frequencies through its thermal noise contribution.
Shot noise originates from a forward-biased pn-junction and the emitter shot noise consists
of two parts: Electron injection into the base and hole injection into the emitter. Therefore
it improves with high current gain. The base-collector junction is reverse-biased and thus
has no shot noise. The collector current shows shot noise only because its a delayed
version of the emitter electron injected induced shot noise [176, 177]. Therefore both shot
noise sources are highly correlated [177, 178, 176]. Hawkins original model is a low- to
medium-frequency model: It neglects all capacitances except the base-emitter capacitance
and the emitter resistance Re (which is a reasonable assumption because base resistance
Rb  Re for a Silicon BJT). Therefore the model was extended to HBTs by several
authors, including Costa [179], Schumacher et al. [180], Kim and Kim [178], Yanfeng and
Dexin [181], Niu et al. [177] and Rudolph et al. [176]. Assuming an ideality factor of
ne = 1 (which is possible for SiGe HBTs, but not for AlGaAs/GaAs HBTs), the modified
Hawkins formula for the frequency and bias dependence of the minimum noise figure can
be written as [178]:
Rb + Re + Ropt
α0
NFmin = a ·
+
(64)
re
|α(f )|2
with the small signal dynamic emitter resistance re = Vth /IC , the thermal voltage Vth =
kB T /q, the low-frequency common-base current gain α0 , and the noise-optimal source
impedance Zopt = Ropt + j · Xopt given by (ne = 1) [178]
Xopt =

α0 ωCT E re2
|α(f )|2
a

(65)

2
2
Ropt
= (Rb + Re )2 − Xopt
+

with a defined as
a=

α0 re (2(Rb + Re ) + re )
|α(f )|2
a

α0
α0
−1+
(ωCT E re )2
2
|α(f )|
|α(f )|2

(66)

(67)

For low frequencies (f < 1/τc ), the common-base current gain α can be described by a
single-pole function [178, 181]
α(f ) =

α0
1 + j ff0

b

with 2 · π · fb0 =

1
τb + τc

(68)
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with τb being the base transit time and τc the base-collector depletion layer transit time.
Rn was not considered in Hawkins’s original work and a simple extension to his model
was added by [178], giving (ne = 1)
!

re
α0
α0
(Rb + Re + re )2
1
Rn = Rb + Re + +
−
1
+
(ωCT E re (Rb + Re ))2
2
2
2
|α(f )|
2 · re
|α(f )| 2re
(69)
0
with the junction capacitance CT E and fb derived from plotting
1
1
= re · CT E + τb + τc = Vth · CT E
+ τb + τc
2πfT
IC

(70)

against 1/IC .
Using the ”Level-0” model we simulated an input-referred two-tone linearity (IIP3 ) at
1 GHz of -3.6 dBm (3 mA @ 3 V) and -5.3 dBm (5 mA @ 5 V), respectively, independent of the tone spacing. As expected, OIP3 is higher for 5 mA of supply current (see
table 16), but due to the higher gain, IIP3 is lower. The IP3 values above have been simulated using infinite capacitance values for the input-, output-, and feedback DC-blocking
capacitors. For 1 MHz tone spacing, IIP3 drops from -5.33 dBm (Csource =∞) to -6.07 dBm
(Csource =10 nF), -11.02 dBm (Csource =1 nF), and finally -11.75 dBm (Csource =100 pF).
As the difference in impedance between a 100 pF capacitor and an infinite one is just
1.6 Ω at 1 GHz and thus small compared to the 50 Ω impedance of the source, the reason
is the termination of the difference frequency between both tones, an effect which will be
discussed in section 6.8.2. Using real SiGe1 transistor models in cascode configuration
(similar to Fig. 18) the values in tables 15 and 16 were confirmed. The cascode improves
gain-versus-frequency response and stability at higher frequencies. Simulated noise figure
was below 2.1 dB up to 900 MHz even with an ideal bias network, which is not sufficient
for most of the systems in this thesis. The main contribution to the NF is due to the
feedback resistance Rf b (0.92 nV out of 1.34 nV of noise voltage at 500 MHz with a large,
12-finger input device). The simulated gain drops from 13 dB at DC to 11 dB at 900 MHz.
To fulfil our specs, this would require a 2nd stage. A 2nd active stage, however, needs to
be biased at high current, otherwise it clips the signal and generates distortion. Therefore
the TIA failed to fulfil our specifications of NF, linearity and power consumption.
6.2.2

Darlington circuits

Fifty years after US Patent No. 2663806 was issued to Sidney Darlington on December 22,
1953, for a variety of transistor and resistor combinations, the circuit configuration shown
in Fig. 64 is still widely used in test equipment, cellular base stations and military equipment [93, 182]. The Darlington requires an external choke to separate bias and RFout
nodes in form of a large inductor or a high-value resistor18 and is technically identical to
the CERF LNA of the previous section (Fig. 63). Again a broadband 50 Ω termination is
18

The latter drops considerable voltage and is therefore unsuited for 3 V designs.
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V out
and bias
R1

V CC
V in

1

V in

N
V out

R2
R3

R4

Darlington

CEXCB
V CC

V CC

N

V out

1

V in

CEXCE

V out

V in

N

1

CBXIN

Figure 64: Various broad-band LNA topologies

achieved by setting the feedback resistor R1 = gm ·Z02 and due to R1 the noise figure of the
circuit is typically 0.65 dB above the noise figure of the transistor itself [93]. R3 is considerably larger than the series feedback resistor R4 and – together with R2 – mainly sets
the bias current. The second BJT delivers the main contribution to the total transconductance. Fabricated in advanced SiGe HBT [93] or InGaP HBT technologies [182, 183],
they achieve noise figures of 2.3 - 5.0 dB, gains of 16-21 dB and OIP3 ’s of 20-36 dBm in
the 0-2 GHz range at currents ranging from 20 to 150 mA at 4 to 8 V supply voltage.
For a detailed investigation of the Darlington amplifier see [93]. While Darlingtons are
excellent driver amplifiers to PAs in broadband transmit systems, they did not fulfil the
low-noise and low-power requirements of the LNAs to be developed in this thesis.
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6.2.3
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Transformer based LNAs

LNAs with excellent linearity above 5 GHz have recently been reported using on-chip,
trifilar transformers [184, 185]. A study on integrated transformers in Atmel’s SiGe technologies [186] revealed that the losses are too high for LNA applications below 5 GHz,
even when using a small transformer tuned to the operating frequency by MIM capacitors.
Therefore this section focuses on amplifiers using discrete transformers, where wideband
LNAs with excellent linearity have been reported at HF/VHF frequencies for ham radio
applications using trifilar transformers (e.g. the Norton amplifier [187, 188, 189]19 ).
The wide band LNA using transformer feedback from collector to base (CEXCB in
Fig. 64), was simulated with an IIP3 of 16 dBm at 500 MHz and 50 kHz 2-tone spacing,
a gain of 15.5 dB and sub-1 dB noise figure, consuming 6 mA from a 3 V supply. The
transformation ratio of the ideal transformer was 1:N = 1:4. Using a 1:5 transformer, an
IIP3 of 10.5dBm is possible with 16.7dB of gain. This circuit features excellent NF and
S22 properties and would have been an ideal solution for the TETRA/TETRAPOL LNA,
but stability is critical and the input impedance is far from 50 Ω at low frequencies.
Using the same configuration with transformer feedback from the collector to the emitter,
(CEXCE in Fig. 64), resulted in an IIP3 of 11.3 dBm with 14.9 dB of gain at 500 MHz
+/- 25 kHz while the circuit consumes 6.5 mA at 3 V. A 1:5 transformer reduces IIP3
to 9.8 dBm but increases gain to 16.2 dB. Stability is critical, however better than using
collector-to-base transformer feedback (CEXCB). Again the input impedance is far from
50 Ω at low frequencies.
In order to achieve a better input return loss across a large frequency band, we finally
investigated a common-base input stage, where a broadband Zin is given by re + Re =
Vth /IC + Re with Re being the emitter resistance and the diffusion capacitance being neglected at low frequencies. While a collector current of IC = 0.5 mA leads to 50 Ω input
impedance, a reasonable IIP3 requires currents of several mA. In order to match the 50 Ω
source to this low impedance, a transformer was used (CBXIN in Fig. 64). Biasing the RF
stage with 4 mA, a 2:1 transformer yields an almost perfect match due to the impedance
transformation of 4:1. In addition the transformer provided a current gain of 4 (6dB). NF
was minimised by using three 6 finger devices but the high parasitic collector base capacitance led to an inherent gain roll off due to the formation of a low-pass at the output node,
unless cascaded by an additional, smaller common-base HBT. As the common-base device
has unity current gain, power gain can only be obtained by impedance transformation.
This requires a large value for the load resistor, followed by an emitter follower (EF) to
transfer the high voltage swing at the load resistor to 50 Ω at port 2. While the EF can
provide infinite output current when the voltage goes low at its emitter node, 180◦ later
the EF itself switches off and the current source of the follower has to sink the complete
current from port 2. In order to prevent clipping of the waveform, a large current in the
EF’s current source is needed and linearity is therefore directly related to the current in
the EF. An IIP3 of +6 dBm required a current of 13 mA in the EF. In total, this circuit
19

A resimulation showed that the Norton amplifier suffers from stability problems due to the low
reverse isolation.
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simulated 18 dB of gain but suffered from a large noise figure of 2.8 dB at 500 MHz and a
high current consumption of 4 mA in the input stage and 13 mA in the emitter follower.
Summarising, LNAs based on transformers did not fulfil the linearity, noise and power
requirements of this thesis and suffered from stability problems.

6.3

Simultaneous noise and power match in narrowband LNAs

It turned out that narrowband LNAs using a reactive output match tuned to the operating
frequency outperform broad-band designs in terms of noise figure and linearity. In narrow band designs, negative series feedback by inductive degeneration is used to increase
linearity and it has been shown that the transconductance stages using inductive degeneration are more linear than those using resistive degeneration with the same current and
the same transconductance [190]. They have lower noise figures, since the degeneration
inductor – apart from its loss resistance – does not introduce any additional noise. To
reduce the noise contribution of the input stage, large transistors with multiple emitter
stripes and low base resistance are used (see Fig. 18). LNA design starts by finding the
optimum bias condition for lowest noise figure (see Fig. 65).

2.5

20

NFmin / 50Ω NF
normalized Rn
50Ω gain

SiGe
16
GaAs

2.0

2

12

G50 = (S21) / [dB]

NF [dB] and rn = Rn/50Ω

3.0

1.5
8
SiGe (NFmin)

1.0

4
0.5

SiGe

GaAs (50Ω NF)
0

0.0
1

10

current in RF cascode (no bias mirror) / [mA]

Figure 65: The optimum bias point of the SiGe LNA core of Fig. 18 for low noise
operation is above 4 mA (f = 2 GHz). The low base resistance of a SiGe HBT results
in a low equivalent noise resistance Rn , which in turn makes the noise figure quite
insensitive to source mismatch at higher currents. For comparison, measured data of
the pHEMT LNA from Fig. 149 are shown: pHEMT can deliver lower noise figure
compared to SiGe HBT, but a higher operating current is needed.
Plotting Hawkins’s formula for NFmin from Eqn. 64 against the collector current of a
bipolar transistor shows a pronounced minimum at a certain current density. The region

6.3 Simultaneous noise and power match in narrowband LNAs

83

below the minimum is governed by the shot noise α0 /|α(f )|2, the area above by the
thermal noise ∝ (Rb + Re + Ropt )/Vth · Ic . For the Atmel Sige HBTs, due to their very low
base and emitter resistance, there is no pronounced minimum and low noise operation
can be achieved via a wide range of collector current. For the 2 GHz LNA shown here
a collector current of 6 mA has been chosen for low NF, sufficient gain and reasonable
linearity (as shown later).
Achieving minimum noise figure and optimum gain at a given bias point simultaneously
requires that the condition
Zopt − 1
∗
Γopt =
= S11
(71)
Zopt + 1
is fulfilled20 at the design frequency, where Γopt is the source reflection coefficient for
minimum noise (Fig. 67). Matching networks on silicon are associated with substrate
losses that are considerably higher compared to GaAs-based circuits with their semiinsulating substrates (section 5.3). Therefore the design target is to match the device
with a minimum amount of passive components. To achieve that, one degree of freedom
is the transistor size [172], the other one the emitter degeneration impedance. Using active
matching techniques [86], the emitter area of the common-emitter HBT is increased to
the point that the real part of Γopt equals 50 Ω, resulting in a 6-finger device at 2 GHz (see
Fig. 17). Doing so, the larger device size moves the source impedance for minimum noise
figure from the high-impedance region of the Smith chart21 towards the centre (Fig. 67).
Using the emitter degeneration inductor, the real part of Z11 – which is typically below
50 Ω for a large bipolar transistor – can be moved towards 50 Ω. This is shown as follows:
From the simple small-signal equivalent circuit of a bipolar transistor shown in Fig. 66,
the Y-parameters shown in Eqn. 72 are evident.
Cbc

B

C

Cbe

g
gbe = m

β DC

g m . v be

E
Figure 66: Simple small-signal equivalent circuit of a bipolar transistor in commonemitter configuration.
"
20

Y11 Y12
Y21 Y22

#

=

"

gm /βDC + i · ω · (CBE + CBC ) −i · ω · CBC
gm − i · ω · CBC
i · ω · CBC

#

(72)

assuming that the output is terminated with 50 Ω or the device is unilateral (S12 = 0).
Phillip H. Smith developed the chart that bears his name in the 1930’s to assist RF and microwave
engineers deal with impedances along transmission lines: The impedance plane is mapped into the unit
reflection coefficient (ρ) circle. Points of constant VSWR are now mapped into circles.
21
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Using h21 = Y21 /Y11 [142] we get
h21 ≈

1+i·ω·

βDC
βDC
=
1 + i · ω/ωα
· (CBE + CBC )

βDC
gm

(73)

where ωα is the 3-dB roll-off frequency of the current gain. The unity gain cut-off frequency
fT where h21 drops to ”1” is then defined by
2 · π · fT = ωα · βDC =

gm
CBE + CBC

(74)

For the applications covered in this thesis, ω  ωα and therefore
h21 ≈

βDC · ωα
gm
1
= −i ·
·
i·ω
CBE + CBC ω

(75)

An impedance ZE in the emitter of a bipolar transistor is seen at the base terminal as
ZB = h21 · ZE . For an inductive emitter degeneration, ZE = i · ω · LE and therefore




1
gm
gm
·
× (i · ω · LE ) =
· LE = 2 · π · fT · LE
ZB = −i ·
CBE + CBC ω
CBE + CBC

(76)

This means that an inductance in the emitter of a transistor is transformed into a noiseless
real part at the input terminal. It needs to be noted that fT in this case refers to the
actual operating current and is much lower than the peak-fT of the technology, as the LNA
transistor is biased at a very low current density. This technique, which is widely used in
the design of bipolar LNAs (e.g. [191, 192, 78, 193, 194, 172, 173]), has previously been
presented for GaAs-MESFETs [195, 172, 173] and is used in pHEMT LNA design [196]
and sub-µm MOSFET design [197] as well. The LNA core of Fig. 18 uses a commonemitter input stage cascaded with a common-base stage to avoid the low pass behaviour
associated with the Miller effect [195, 198]. Using measured S-parameters of this core
at 6 mA, the effect of an ideal emitter inductor at 2 GHz is shown in Fig. 67. The
emitter inductor raised the low real part of Z11 (location A) to ≈ 50 Ω (location B)
without affecting the source termination for minimum noise figure too much (Fig. 67,
left). The minimum noise figure itself is invariant against this kind of transformation
(Fig. 67, right). While the total gain is reduced (right), linearity increases (not shown).
In order to minimise the noise figure, this inductor is often realised by a bond wire and
the inductance of the package pin, rather than using an integrated inductor with a series
resistance of approximately 1 Ω per nH (see chapter 5).
With Le at 0.5 nH (location B), a simple series inductors of Lin = 2.5 nH finally moves
the remaining imaginary part of Γopt and S∗11 towards 50 Ω (location C), resulting in
simultaneous noise and power match. This series inductor in the base of the 6-finger
device is realised by the bond wire, the package pin and a thin trace on the PCB in order
to avoid contributions to the noise figure by series resistances of integrated inductors.

6.3 Simultaneous noise and power match in narrowband LNAs

j3.0

Γopt

B
0.3 0.6 1.0

S11*

3.0

B
−j0.3

20
1.2
1.1
S21
1.0

−j3.0

A
−j0.6
−j1.0

16

NFmin

A

0.9
0.0

−j1.5

18

NF50Ω

gain [dB]

0.0

A

8

j0.3

S11

j1.5

noise figure [dB]

j1.0
j0.6

85

14

B
0.2 0.4 0.6 0.8 1.0
emitter inductance Le [nH]

Figure 67: Inductive series degeneration at the emitter terminal raises the low real
part of Z11 to ≈ 50 Ω without affecting the source termination for minimum noise
figure too much (left). The minimum noise figure itself is invariant against this kind
of transformation (right). While the total gain is reduced (right), linearity increases
(not shown).
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Figure 68: With Le at 0.5 nH, a simple series inductors of Lin = 2.5 nH finally moves
both the location of power match S∗11 and the location of noise match Γopt towards
the centre of the Smith chart (50 Ω).
∗
Targeting 30 Ω instead of 50 Ω for Γopt = S11
results in a larger device size and lower
noise figure while still resulting in reasonable input return loss (-12 dB). The complete
procedure is summarised in Fig. 69.

As the noise figure is dominated by the large common-emitter device, a small 2-finger HBT
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Figure 69: 3-step simultaneous noise and input match using a minimum number of
reactive components.
can be used in the cascaded common-base output stage. The cascode leads to a higher
isolation from the amplifier output to the input, reducing |S12 |. This unilateralization
increases the stability factor k and allows to match input and output independently [173],
as the common-emitter stage now drives the constant low impedance of the emitter of
the common-base transistor making the amplifier insensitive to output load variations.
Bandwidth is increased by reduction of the Miller capacitance defined as CM = CCB ·
(1 + gm · RL ), where CM is the effective shunt capacitance seen at the amplifier input,
resulting from the parallel collector-base feedback capacitor CCB . As the load resistance
RL to the common-emitter stage is the dynamic emitter resistance of the common-base
stage (1/rE ), the Miller capacitance is just twice the base collector capacitance and thus
much lower than it would be in a normal common-emitter amplifier [199]. This comes at
the expense of additional headroom and a separate pin to block the base of the commonbase transistor to GND22 . The base of this device is blocked by means of a 5 pF MIM
capacitor. In order to achieve power gain, a high output impedance needs to be presented
to the output of the cascode configuration. As discussed in section 6.2.3, the use of
an EF for impedance transformation is prohibitive for highly linear LNAs as it would
result in a very low linearity due to waveform clipping by the EF realistic bias currents.
Therefore the 50 Ω output impedance is transformed to a high impedance at the cascode
output by means of a passive, integrated LC matching network. In order to feed the
bias current to the cascode and to have a DC block at the output, a shunt-L / series-C
configuration was used, where the inductor is shunted to the supply rather than GND.
As a large inductor is needed, for the GPS and Scuba LNAs the inductor was realised in
the top metallisation of Atmel’s SiGe1 technology (see section 5.7) and for the 2.4 GHz
WLAN LNA a multilevel spiral (section 5.16) was used. In order to become independent
from inductances due to bond wires and parasitic traces on the PCB, the supply voltage
22

If the GND of the common-emitter stage and the GND of the capacitor blocking the common-base
stage are not separated, the LNA – due to positive feedback from the common bondwire inductance –
turns into an oscillator.

6.3 Simultaneous noise and power match in narrowband LNAs

87

was blocked on-chip at 2 GHz with an integrated MIM capacitor of 10 pF, in series to
a 5 Ω resistor to damp low frequency resonances, which would result from interaction of
on-chip inductance, bondwire and external SMD blocking capacitor on the PCB. The DC
blocking capacitor at the input was not integrated due to noise reasons. As an example
for this design technique, the noise figure of the UMTS SiGe LNA of the Scuba project
(see Fig. 6) as a function of the input impedance is shown in Fig. 70. The measurements
have been performed using a NP5 noise tuner system from atn microwave at the Zentrum
für Mikroelektronik Aargau (ZMA) in Switzerland23 . The results confirm this LNA design
technique and show a minimum NF of ≈ 0.9 dB, just slightly higher than the 0.6-0.8 dB
of the SiGe HBT itself. The 50 Ω-NF was measured to be 1.15 dB (see Fig. 137 in
appendix A, which is dedicated to the task how to measure low noise figures accurately).

UMTS LNA
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Figure 70: Noise figure of the UMTS LNA for different input impedances, measured
at 1.95 GHz with a NP5 source pull system (atn microwave).

23

The large spread of the data points originates from the fact that the diode-based atn tuners –
due to losses in the diodes – cannot cover the Smith chart evenly and the low sensitivity makes noise
measurements below 1 dB difficult.
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6.3.1

Application to CMOS LNAs

The design of sub-µm MOSFET LNAs follows exactly the same design criteria as outlined
before [197]. Although scaling of sub- µm gate length becomes difficult [200], it has been
shown for a 0.24 µm CMOS technology that devices with minimum gate length offer the
best noise performance and that the minimum noise figure NFmin just depends on Lg and
is independent of the gate width W . So W remains as a parameter to control the size
of Rn (∝ 1/W ) and the location of Γopt : The high Zopt = 1/(Gopt + j · Bopt ) needed for
optimum noise performance of MOSFETS can be decreased towards 50 Ω as Gopt ∝ W
and Bopt ∝ W [197]. The differences to HBT LNA design are
1. Due to the higher equivalent noise resistance Rn (see table 8) the selection of the
device size of the input transistor is much more critical.
2. Due to the lower transconductance gm the size of the cascode device is much more
critical. The cascode MOS transistor can contribute up to 40% to the total MOS
LNA noise figure.
3. Due to the lower operating fT , a larger source inductance is needed to move the
real part of the input impedance towards 50 Ω (Eqn. 76). Due to the higher input
∗
capacitance, a much larger gate inductance is needed to move S11
and Γopt simultaneously towards 50 Ω (e.g. 36 nH for a 900 MHz CMOS LNA [197]), making
the input match more narrowband. Furthermore, this large inductance cannot be
provided by a bondwire and a small inductive trace on the board, as it is usually
the case for SiGe HBTs, but requires the use of a discrete, high-Q (e.g. wirewound)
SMD inductor.

6.4

Bias considerations

While much attention is paid to the 2-6 fast RF transistors of a typical RFIC building
block, the optimisation of the bias network is often neglected. The bias network needs
to ensure a stable RF performance versus changes in supply voltage and temperature. It
needs to be insensitive against process variations, as there are in a typical silicon process
 variations of the poly silicon resistors by up to ± 20 %
 variations in the MIM capacitors of up to ± 10 %
 current gains of 100-500 for a SiGe HBT and 40-100 for a Si BJT
 variations in the threshold voltage of MOS devices.

In addition the bias network needs to ensure low leakage currents in power down mode [201].
For an excellent overview about the art of biasing see [202]. Due to the high variation in a
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SiGe HBT’s current gain β, such a device should never be biased by forcing a base current
itself without any feedback via the emitter or collector current. From the semi-empirical
current-voltage relationship the strong temperature dependence of the transconductance
is evident:
VBE
VCE
) ≈ I0 × e Vth with I0 = A × j0
VA
δ(IC )
IC
q × IC
δ(I2 )
|δV2 =0 =
=
=
=
δ(V1 )
δ(VBE )
Vth
kB × T
VBE

IC = I0 × e Vth (1 +

(77)

gm = y21

(78)

I0 and j0 are saturation current and saturation current density per area, respectively,
which are strongly temperature dependent. From Eqn. 78 its evident that constant small
signal gain versus temperature dictates the bias current to vary Proportional-To-Absolute-Temperature (PTAT). As the resulting drop of P1 dB and IP3 at low temperatures
and bias currents is often undesirable, the slope of current versus temperature is typically
somewhere between zero and PTAT.
The simple LNA bias circuit of Fig. 71 is often used, where the base voltage is fixed by
a resistive divider and the emitter current is set by the voltage drop across the emitter
resistor. If the impedance of the resistive divider is high, there is considerable voltage
drop due to the base current of the transistor. The strong β-variations from lot to lot
in SiGe HBTs therefore result in a large spread of the emitter current. If the impedance
of the divider is too low, it increases the NF of the LNA. The strong dependence of the
emitter current on the supply voltage is another drawback for this bias scheme. With
respect to the temperature the bias current increases only slightly due to the decline of
VBE by 1.5–2 mV/K.

Figure 71: Simple LNA bias network.
Therefore biasing via current mirrors is usually employed (Fig. 72). Mirror ratios are
commonly limited between 1:6 and 1:12, as the finite current gain of the transistors
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Figure 72: Current mirror bias network: Large bias resistances avoid loading of the
RF stage (left). Inductive LNA biasing (right) requires the use of an external SMD
inductor due to the substrate losses of the integrated inductor.
introduces an error into the mirror ratio [93]. This means that a considerable amount
of DC current (8-17%) is lost in the bias branch. Using the resistive version, a trade-off
between NF and IIP3 needs to be made: While large bias resistors minimise the loading
of the RF stage by the bias network and lead to a good noise figure (see measurements
in Fig. 73), high IP3 values require low impedances (see section 6.7.2). A typical value
of the bias resistor for acceptable NF and medium IP3 is 1-4 kΩ. Inductive biasing via
an inductor or an LC tank is popular for PA and driver stages, as a low bias impedance
increases the breakdown voltage from BVCE,0 to BVCB,0 (see table 26). While substrate
losses of the integrated inductors (see chapter 5) are uncritical for PA and driver stages,
inductive LNA biasing requires the use of a SMD inductor, as the substrate losses of the
large integrated inductor increase its NF. The Scuba LNA used this bias scheme.
The mirror-based bias circuit of Fig. 72 requires a stable reference circuit over supply
voltage. The PTAT bias networks based on the Widlar bandgap reference [203, 204, 205]
shown in figure 74 have been used in this thesis. Fig. 74 shows the ∆VBE -cell with the area
ratio N along with the regulation amplifier and its RC-feedback that ensures sufficient
open-loop phase margin for stability. The all-NPN implementation (left) regulates to a
2 V reference voltage, while the BiCMOS version (right) can generate the PTAT reference
current directly, which is profitable when distributing currents along long lines as it is
insensitive to voltage drops24 . Using Kirchhoff’s voltage law that the voltages across a
loop sum up to zero, we can easily calculate that the currents in the bandgap are indeed
PTAT.
I1 × R0 + VBE,A5 = VBE,A1

"

I1 × R0 = Vth × ln(
24

(79)
I2
I1
) − ln(
)
j0 × A1
j0 × A5

#

(80)

In pure CMOS processes, ∆VBE bandgaps can be used as well, where p-well / n-well diodes with
different area factors replace the bipolar transistors [206].
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Figure 73: Increasing the bias resistor in the LNA core of Fig. 18 reduces its NF.
The lowest value is obtained by using a very large inductor (e.g. bias-T).

Figure 74: PTAT bandgaps based on the Widlar ∆VBE -cell: Left: all-NPN implementation, right: BiCMOS version.
I1 =



Vth
A5
ln
R0
A1

Vout = 2 × VBE



kB · T
A5
ln(5) if I1 = I2 and
= 5 (81)
q · R0
A1
R1
ln(5)
(82)
+ R1 × I1 = 2 × VBE + Vth ×
R0
=

Fig. 75 shows the output current of the BiCMOS current reference of Fig. 74, right.
The output current shows only little dependence on the supply voltage. To achieve a high
output resistance at the output node, large PMOS transistors (L=1.5µm, W=40µm, 2
fingers) have been used in the current mirror. References of this kind with 1 V supply
voltage have recently been reported [207].
Finally, bias networks based on operational amplifiers sense the collector current and
compare it to an accurate PTAT reference current (Fig. 76). They are immune against
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Figure 75: Current versus ambient temperature measured for the BiCMOS current
reference of Fig. 74, right.

variations in device β and supply voltage. The cross-coupled, stacked-npn bias cell based
on the translinear cross-quad delivers a PTAT output current with little overhead bias
current. The bias current from the power-up pin is not critical in determining the PTAT
output current [208]. The absence of a regulation amplifier makes the cell robust and
easy-to-use as there is no ringing during start-up.

N*R

R
I

C

I

PU

ref

I=N*I ref
RFout

A=b

A=a
I ref

A=c

A=d
R0

RFin

I

1

I

2

Figure 76: OP-based LNA bias network (left) and ∆VBE PTAT cell using the
translinear cross-quad (right) [208]. a,b,c and d denote the areas of the transistors.
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Again, the output current of this translinear cross-quad can be easily calculated using
Kirchhoff’s voltage law, assuming that all transistors have the same current density j0 :
I2 × R0 + VBE,d + VBE,a = VBE,b + VBE,c
#
"
I1
I2
I1
I2
) + ln(
) − ln(
) − ln(
)
I2 × R0 = Vth × ln(
j0 × b
j0 × c
j0 × d
j0 × a
"
#
Vth
d×a
I2 =
ln
= Iref
(independent of I1 ! )
R0
b×c

6.5

(83)
(84)
(85)

The influence of bias conditions on linearity
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Figure 77: Class A amplifier operation.
Linearity is mainly a function of device current. Lucek and Damen [171] give the following
rule of thumb for a transistor’s OIP3 :
OIP3 [dBm] = 10 · log(VCE · IC · 5)

(86)

where VCE is in V and IC is in mA. This equation is derived from the loadline analysis of
a BJT in class A operation (Fig. 77), where the maximum linear output power is given
by
VCE − Vknee IC
√
Plin,out = Vef f · Ief f =
· √ = (VCE − Vknee) · IC · 0.5
(87)
2
2
Neglecting the knee voltage of ≈ 0.5 V for our SiGe HBTs compared to the collector
emitter voltage VCE and assuming that OIP3 is 10 dB higher than the output P1dB [209],
which in turn is estimated to be equal to Plin,out leads finally to Eqn. 86 [210]. Eqn. 86 gives
an upper bound for linearity in terms of OIP3 which cannot be exceeded without special
circuit design techniques as described in the following sections. The output-referred 2tone IP3 of the SiGe LNAs developed in this thesis has been plotted in Fig. 78 versus
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the bias current in the RF-stage along with published values for a popular, enhancementmode pHEMT from Agilent. The red line of Eqn. 86 gives an upper bound for an ideal
transistor which can swing at the output from ”0” to ”2 × VCC ” without any clipping
(RL = 0, inductive load). As all SiGe LNAs with VCC = 3 V depicted in Fig. 78 used a
cascode configuration where the common-base HBT is biased at 1.4 V, a second line is
drawn which allows a full swing of just 1.6 V.

25

WLAN−LNA

20

IS95−LNA

GPS−LNA

OIP3 [dBm]

30

UMTS−LNA (5V)
PMR−LNA

35

15
10
5
1

10*log(5*IC[mA]*3[V])
10*log(5*IC[mA]*1.6[V])

pHEMT, 2 GHz
Si bipolar, 2 GHz

10
output current Ic or Id [mA]

100

Figure 78: 3rd order intercept point (output-referred) for single stage amplifiers of
various technologies at 3 V of supply voltage. SiGe HBT data are from this work, data
for pHEMT are taken from [211, 212, 213], Si bipolar (Infineon BFP450) from [214]
and OIP3 rule-of-thumb according to Eqn. 86.
The following conclusions can be drawn from this figure:
1. Linearity is mainly a function of device current.
2. HEMTs do not offer better linearity than SiGe HBTs, especially not at low current
levels.
3. As will be described in the following sections, (i) hitting Lucek and Damen’s results
of Eqn. 86 is only possible using techniques like reactively matched designs with low
frequency terminations and (ii) exceeding this line is possible only using cancellation
techniques.

6.6 Effect of series and parallel feedback on noise figure and linearity
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Effect of series and parallel feedback on noise figure and
linearity

As has been explained in section 6.3, the use of series feedback is mandatory to achieve
noise and power match simultaneously. In addition, gain is decreased and linearity in
terms of input-referred intercept point IIP3 is increased. As can be seen in Fig. 78 and
from Eqn. 86, output-referred linearity is mainly a function of the total device current [215]
and cannot strongly be influenced by feedback. While inductive series feedback is used
in most LNA designs, parallel feedback from collector to base is usually not used due to
the following reasons:
 According to Eqn. 61, parallel feedback decreases reverse isolation leading to LO
feedthrough from the mixer to the antenna25 . This is especially unacceptable in
direct conversion receivers, as it leads to DC offset at the mixer output. In addition,
the stability is decreased.
 LNAs with large values of S12 show strong dependence of the input match ΓS on the
12 ·S21 ·ΓL
output match ΓL as ΓS = S11 + S1−S
. Unilateral LNAs with S12 =0 are easy to
22 ·ΓL
match, as ΓS = S11 , independent from the output reflection coefficient ΓL and vice
versa. Twoports with strong parallel feedback, however, are extremely difficult to
match as the output matching network has influence on the input matching network
which, in turn, depends on the output match.
 Resistive parallel feedback as shown in Figs. 63 or 133 has detrimental effects on
noise figure, if the feedback resistance is low.

Iversen in 1974 [216] derived the theoretical formulae which describe the influence of
parallel and series feedback on the noise figure of a twoport and and Boglione [217] et al.
for the equivalent noise resistance Rn . As the formulae are rather involved and difficult
to apply to feedback elements with parasitic networks (e.g. MIM capacitors), the effect
of a MIM feedback capacitor has been measured at 2 GHz using versions of the LNA core
shown in Fig. 18 with different feedback capacitor (no emitter degeneration):
As expected, the gain decreases strongly with increasing feedback, but the minimum noise
figure remains constant. No reduction of the noise figure due capacitive feedback has been
observed, as proposed by Cooke [218] for a common-emitter stage26 . As has been shown
25

This is not the case for ideal series feedback: The S-parameters for series emitter feedback with
resistor Re can be obtained from Eqns. 56-61 by setting Rf b = ∞ and replacing gm = IC /Vth by
the transconductance of the emitter degenerated BJT, which is gm,sf = gm /(1 + gm · Re ). This way
S11 = 1, S22 = (Rl − Z0 )/(Rl + Z0 ), S21 = −2 · gm,sf · Rl · Z0 /(Rl + Z0 ) and S12 = 0. Rollet’s k is infinite
and ∆ = S22 < 1. This means the ideal BJT amplifier with emitter series feedback has infinite reverse
isolation and is unconditionally stable.
26
Cooke points out, however, that the noise measure M = G · (F − 1)/(G − 1) [219], where G is gain
and F is noise factor remains constant.
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Figure 79: The measured noise figure of the LNA core of Fig. 18 is insensitive against
parallel, capacitive feedback (f = 2 GHz).
in Fig. 67, NF remains constant also for ideal inductive series degeneration (Le ). It is important to note that small amount of Le improves stability factor (equation 62) at lower
frequencies, but with increasing amount of Le , stability at higher frequencies – which
means several times the operating frequency – is compromised [220]. So care needs to
be taken to watch wide-band stability when using inductive series feedback. A crude but
effective fix is a tiny shunt capacitor to GND at the LNA output [220].
Inductive parallel feedback has been proposed for common-gate MESFETs to cancel the
drain-source capacitance [172]. However, for common-source (or common-emitter) structures, inductive parallel feedback leads to oscillations and therefore this technique was
not used here.

6.7
6.7.1

Linearity considerations for bipolar transistors
Analytical considerations

Talking about linearity, the fact is that there is no such a thing like a linear device: Even
capacitors, inductors and resistors exhibit some kind of nonlinearity when driven at high
input power. Multilayer ceramic capacitors, when operated above their maximum rated
voltage, show a nonlinear C(U) characteristic, which is the reason that the large capacitor
values in audio amplifiers are realised using tantalum capacitors to avoid distortion. The
nonlinearity of ferrite components like isolators, circulators or inductors with an iron or
ferrite core is legendary. Even RF connectors have been found to generate intermodulation
at high power levels, caused by the nonlinear resistance of the contacts between dissimilar
metals in their construction [65]. On the other hand, every device is linear if you just make
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the excitation small enough (Maas’ First Law of Linearity [221]). A good definition for
linear devices is that the superposition principle holds for them. This definition implies
that the response of a linear, time-invariant system includes only those frequencies which
are present at the input (time-varying circuits, even when linear, generate mixing products
between the excitation frequencies, see chapter 7) [65]. As has been shown in section 3.1,
nonlinear circuits generate a large number of new frequency components. Therefore, they
are easily distinguished from linear circuits.
I0

αI e

Rb
Vs

RL

V be

R e (V be )

Q be (V be )

Figure 80: Equivalent circuit to illustrate the cancellation effects of diffusion capacitance and exponential nonlinearity in an HBT [222].
Distortion effects in bipolar transistors attracted the attention of researchers already more
than 50 years ago, when Reynolds [223] experienced that distortion can be reduced drastically by inserting a small resistor into the emitter lead of a PNP transistor in commonbase configuration. If a circuit is weakly nonlinear, techniques such as power-series (for
frequency independent nonlinearities) or Volterra-series analysis (for nonlinearities that
are frequency dependent), first applied to transistors by S. Narayanan of Bell Labs in
1967 [215, 224] can be used. From the strongly nonlinear, exponential transfer function
of bipolar transistors one would conclude that its intermodulation (IM) behaviour is very
poor. However, a Volterra-series analysis for HBTs by Maas et al. in 1992 came to
the result that for frequencies well below fT , IM current generated in the exponential
base-emitter junction is partially cancelled by the nonlinearity generated by the junction
capacitance and that this phenomena is largely responsible for the unusually good IM
performance of the HBT [222]. Thus, paradoxically, it is the strong nonlinearity of both
elements that causes the IM levels to be low. Without going into the complicated maths
here, the cancellation effect holds for 2nd order and 3rd order intermodulation products:
For 2nd order products, in the ’mid-frequency range’ 2πR1b c1  f  fT , IM current
generated by the nonlinear diffusion charge
qbe = c1 Vbe +c2 Vbe2 +c3 Vbe3

with c1 =

δQbe (Vbe )
δ(τ · Ie )
=
δVbe
δVbe

and τ = forward transit time
(88)
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completely cancels IM current generated by the nonlinearity of the exponential transfer
function, namely its nonlinear emitter resistance
ibe = g1 Vbe + g2 Vbe2 + g3 Vbe3

with g1 =

δie (Vbe )
1
=
= gm
δVbe
re

(89)

In practical devices, as junction capacitance consists of diffusion and depletion capacitance, the cancellation is only partial. At low frequencies there is no influence of the
junction capacitance, and no cancellation takes place at ω1 − ω2 in a two-tone test27 . 2nd
order IM in the ’mid-frequency range’ however, can be several dB better than this lowfrequency value [222]. Maas proposed that it might be possible to improve the linearity of
HBTs by closely tuning their capacitive and reactive nonlinearities, an effect I will make
use of in section 6.8.7.
In the same way, there is partial cancellation in the ’mid-frequency range’ (ω  1/Rb c1 )
for 3rd order products [222]. Maas proposes a dedicated HBT model to predict the cancellation affects. We used the Standard Gummel Poon (SGP) model of the Atmel design
kit instead, which led to slight discrepancies between measurement and simulation. In
the general case of source impedances Zs 6= 50 Ω, the cancellation effects described above
occur at frequencies where the reactance of the junction capacitance is much less than
<{Zs } + Rb (where Rb is the sum of extrinsic and intrinsic base resistance), and most
of the nonlinear current in Fig. 80 circulates in the nonlinear emitter resistance and the
junction capacitance [222].
6.7.2

Linearisation by series feedback

Zb

Vs

Vπ

Cb

C je

Ib

Ic

Ze

Figure 81: Equivalent circuit to illustrate the cancellation effects of diffusion capacitance and exponential nonlinearity in a HBT with series feedback [190]. Zb is the
sum of source resistance and base resistance of the device.
27

Thus, as we will see in section 6.7.2, the linearity of HBT based amplifiers is especially sensitive to
termination at this ’beat frequency’ ω1 − ω2 .
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As shown in section 6.6, there is no negative effect of parallel capacitive or series inductive
feedback on the noise behaviour. It does have, however, a big impact on linearity: In 1998,
Fong and Meyer [190] extended Maas’ approach and applied a Volterra-series analysis to
transconductance stages, degenerated with series feedback (see Fig. 81):
Ic = A1 (s) · Vs + A2 (s1 , s2 ) · Vs2 + A3 (s1 , s2 , s3 ) · Vs3

(90)

Vsn is the nth power of the voltage source signal, An () is the Volterra series coefficient,
which is a linear function of n number of frequencies and s = j · ω the Laplace variable.
Complicated calculations [190] using Ic = IQ exp (Vπ /Vth ) – where IQ is the saturation
current of the HBT – and Ib = Ic /β0 lead to A1 (s), A2 (s1 , s2 ) and A3 (s1 , s2 , s3 ), where
A1 (s) is the small signal transconductance of the common-emitter stage:
A1 (s) =

gm
[s · Cje · Z(s) + s · τF · gm · Z(s) + gm · Z(s)/β0 + 1 + gm · Ze (s)]

(91)

with Z(s) = Zb (s) + Ze (s) and gm = IQ /Vth (transconductance of the transistor without
feedback). The IM3 product at frequency (2ωa −ωb ) can be calculated by using the Volterra
series coefficient A3 (s1 , s2 , s3 ) and letting s1 = sa , s2 = sa and s3 = −sb . Typically the
frequency difference between ωa and ωb is small and s ≈ sa ≈ sb . Using two input signals
of the same amplitude Vs , the magnitude of the input-referred IM3 products (not to be
confused with the intermodulation distance between fundamental and IM3 ) is given by
|IM3 | =
A1 (s)
IQ

3

≈

A1 (s)
IQ

3

≈

3 A3 (sa , sa , −sb )
|Vs |2
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As can be seen directly

 3rd order intermodulation products are proportional to the cube of the ratio of
small-signal transconductance A1 (s) to collector current IQ . A1 (s) increases with
collector current IQ , but – depending on the feedback Ze and the base impedance
Zb – always with a slope below IQ (see Eqn. 91). Raising the collector current is
therefore the most efficient means to improve 3rd order linearity.
 Using inductive degeneration, [s · Cje · Ze (s)] is a negative real number and cancels
the ’1’ term partially. There is no such cancellation with resistive degeneration.
Thus, common-emitter stages using series inductive degeneration are more linear
than those using capacitive or resistive degeneration with the same transconductance
and bias current [190].
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 As shown in Fig. 68, a base inductor is necessary to achieve a simultaneous noise
and power match. This results in additional IM3 cancellation, as [s · Cje · Zb (s)] is
a negative real number, too.

The 2nd order term in Eqn. 92 is typically low compared to the 3rd order term, however, it
is not so small that it can be ignored. 2nd order products appear in Eqn. 92, as 2nd-order
products generate 3rd order products when mixing with the fundamental tones [61]. This
self-interaction is due to multiple feedbacks in the circuit: Ze , Cje , Ib (Ic ), Cbc (the latter
two terms were neglected here).
|IM3 | can be lowered by increasing the |A1 (∆s)| term (transconductance at low frequencies, Eqn. 91). This increases the second-order nonlinearity to cancel the third-order
nonlinearity. Again inductive series degeneration is beneficial, as in that case Ze has low
impedance at low frequencies already. |A1 (∆s)|/gm can further be increased towards ’1’
by low Zb (∆s), e.g. a short circuit for low frequencies at the base. Therefore:
 Low impedance at base and emitter terminals at low frequencies ω1 − ω2 improves
IP3 as 3rd order non-linearities are cancelled partly by 2nd-order nonlinearities [190].

I

Bias

c

Rb

L1
Le
C1
RF in

Figure 82: Inductively degenerated common-emitter transconductance stage [190].
For the example in Fig. 82, Rb is a bias resistor used to isolate the bias circuit from
the RFin port. At low frequency ∆s, the impedance of Ze (≈ ∆s Le ) is negligible and
Zb (∆s) is dominated by Rb , as C1 has a high impedance at low frequencies. In this case,
A1 (∆s)/gm in Eqn. 92 reduces to rπ /(rπ + Rb ) where rπ = β/gm is the small-signal base
emitter resistance of the transistor. Therefore, in order to increase linearity, Rb should be
kept small in order to increase second-order interaction [190]:
Rb  rπ =

β
gm

(93)

For a typical current of 5 mA and a current gain of β = 180 (worst case: β = 100),
rπ = 914 Ω (worst case: rπ = 508 Ω). The simulation in Fig. 83 shows a clear improvement
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if the bias resistor is well below this value. On the other hand, reducing the bias resistor Rb
considerably below rπ leads to a large increase in NF (verified experimentally in Fig. 73).
Thus, in this simple design a compromise between NF and IP3 is necessary.
In the same way Fong and Meyer calculated a Volterra series expansion for a degenerated
differential pair [190] and came to the conclusion that

1. inductively degenerated differential pairs are more linear than resistively or capacitively degenerated differential pairs
2. the IM3 products for the differential pair are at least twice as large as the IM3 products of the single common-emitter stage for the same bias current and transconductance. Single-ended common-emitter stages are therefore more linear than differentialpair stages with the same bias current and transconductance.
3. there is no influence of low frequency base or emitter termination on IM3 .

Thus, a common-emitter transconductance stage can be biased at a lower current than a
differential-pair transconductance stage with the same linearity and transconductance [190].
Therefore, in this thesis, no LNAs based on differential pairs have been realised. Similar
Volterra analysis for bipolar transistors and HBTs can be found in [65, 61, 225].
As Fong’s and Meyer’s computations neglected the base-collector capacitance Cbc (which
was not done in [61]), their results are even more valid for cascode configurations.
The effect of low-frequency termination on the intermodulation performance of a TX
driver amp has been studied in [226]. Aparin and Persico in 1999 presented a bipolar
LNA with exceptional high linearity [61]. Their analysis revealed that shorting the base
at ω1 − ω2 improves IIP3 , but the optimum value for the termination impedance is 6= 0.
Such optimum nonzero sub-harmonic termination fixes the amplitude and phase of the
modulation signal appearing in the bias circuit so that the product of its mixing with the
input signal cancels the remaining IM3 terms [61]. In addition, out-of-band termination
at ω1 + ω2 – in PAs used to optimise power-added-efficiency – can lead to complete cancellation of 2nd and 3rd order contributions leading to very high IM3 . As we will see in
section 6.8.7, this is very tricky and works only for amplifiers which need to operate in a
very narrow frequency band.
In 2002 van der Heijden, de Graaff and de Vreede reported a balanced LNA with an OIP3
of 20 dBm with just 2mA of bias current [227]. Again this was achieved by controlling the
2nd harmonic at the output. The result was extremely sensitive to tone-spacing, however.
It is interesting to note that low-frequency termination and harmonic termination does not
seem to have an effect on the intermodulation performance of MOS and HEMT devices:
Simulation results using HEMTs showed constant IIP3 for different bias terminations.
This is obviously due to the missing cancellation between 2nd and 3rd order products.
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LNA circuit implementations
Influence of bias resistor

As discussed in the previous section, a low impedance at the base terminal of the HBT
terminates the beat frequency and improves IIP3 . Fig. 83 shows simulated linearity and
noise figures for the 1.93 – 1.99 GHz CDMA IS-95 LNA (described in more detail in
section 6.8.7 and in [9, 10]). Up to 3 dB of linearity can be traded against up to 3 dB of

50Ω noise figure
input referred IP3

50Ω noise figure / [dB]

3.5

10.0
9.5

3.0

9.0

2.5

8.5

2.0

8.0

1.5

7.5

1.0

IIP3 / [dBm]

4.0

7.0
100

1000
biasing resistor for input HBT / [Ω]

Figure 83: Tradeoff between IIP3 and NF due to bias network impedance.
noise figure. In order to keep NF low, a value of 2 kΩ has been used in the LNAs of this
thesis (except the 802.11a WLAN LNA which has lower linearity requirements and uses
a value of 3 kΩ). Further methods like broadband source termination as described in the
following section have been used to eliminate the remaining IM3 degradation.
6.8.2

Broadband source termination

Eqn. 92 shows, that linearity of bipolar transistors is improved by inductive series degeneration and low Zb (∆s), e.g. a short circuit for low frequencies at the base. While simply
reducing the bias resistor as shown in Fig. 83 increases NF, for systems with large 2-tone
spacing (e.g. 900 kHz for IS-95, see section 3.1.1) the bias resistor can be shorted by the
source resistor (usually 50 Ω) via a large input coupling capacitor. This is experimentally
shown in Fig. 84.
Measuring 2-tone IP3 at bipolar circuits, it turned out that different IM3 products may
occur at frequencies of 2 · ωa − ωb and 2 · ωb − ωa , an effect called IM3 -asymmetry [61].
IM3 -asymmetry is undesirable, as it leads to two different values for IIP3 when Eqn. 12
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Figure 84: Using large SMD coupling capacitors at the LNA input port leads to
symmetrical IM3 products (left). Up to 1 µF may be used for the 1.95 GHz IS-95
LNA without leading to resonances in terms of S11 deviations at 1.95 GHz (right).
Gain remains at 14.28 ± 0.04 dB and NF at 1.48 ± 0.02 dBdB for all configurations.
is used. While some authors take the average of these two values, the correct way is to
quote the lower of the two values. Therefore its mandatory to get equal IM3 products
as shown in Fig. 12. We have seen experimentally that IM3 -asymmetry is especially
pronounced for LNAs with an input coupling capacitor which is low impedance at RF
but high impedance at the beat frequency (see Fig. 84). Using a larger blocking capacitor
makes the IM3 products more equal by terminating the beat frequency with the 50 Ω
impedance of the source. This method, however, is only effective, if the preceding stage
(e.g. the RX filter) shows a low impedance at low frequency (e.g. 50 Ω). As can bee
seen in Fig. 86 this is not always the case. An additional problem is that a large blocking
capacitor Cblock leads to large transient turn-on times, as the capacitor needs to be charged
by the bias resistor Rbias (Fig. 72) from ”0” to ”1×VBE ”. This time constant of Cblock ·Rbias
may lead to problems in TDMA systems, as 100 nF and 2 kΩ amounts to 200 µs, which
is nearly half of a GSM slot. Therefore this method is unsuited for TDMA systems with
low tone-spacing like TETRA (table 3). In this thesis, broadband source termination is
used especially for the IS-95 and the GPS LNA (see section 6.8.7 and 6.8.8), as no TDMA
is used is these systems.

6.8.3

Low frequency termination using LC trap networks

A low-frequency trap network at the input of an amplifier can substantially improve the
intermodulation performance of an amplifier [228]. A series LC-network is shunted from
the input of the common-emitter stage to ground and the dimensions are such,

104

6 THE LOW NOISE AMPLIFIER

 that the inductor Lt is close to parallel resonance at the RF frequency in order avoid
parasitic loading at the LNA input
 and the LC combination Lt , Ct is in series resonance at the beat frequency, providing
a short to the LNA input, independent of the impedance of the preceding RX filter
at this critical frequency.

I

Bias

c

Rb

L1
Le
Lt
Bias, optional

C1
RF in

Ct

Figure 85: Inductively degenerated common-emitter transconductance stage with
low-frequency trap network Lt , Ct [228].
For typical RF and beat frequencies, this results in component values in the range of
several 10 nH for Lt and several nF for Ct , which precludes the use of integrated passive
components. Even if the inductor could be integrated, the low quality factor of integrated
inductors on lossy silicon (see chapter 5) would drastically degrade the noise figure of the
LNA. Instead of being close to resonance at the RF frequency, the inductor could also
be part of the input matching network if necessary [229]. As explained in the previous
section, start-up behaviour due to the Rb ·Ct time constant can be a problem when used in
TMDA systems [58]. Using a low-frequency trap at the input of their discrete Si-bipolar
LNAs, Fong and Szmyd of Philips achieved an impressive IIP3 of 5 dBm and 9 dBm with
currents of 4 mA and 6 mA, gains of 16.7 dB and 14 dB and noise figures of 1.0 dB
and 1.1 dB, respectively, all at 2 GHz and a tone-spacing of 1 MHz [229]. The resulting
OIP3 values of 22 - 23 dBm are well above Lucek’s rule of thumb in Fig. 78. Yogi and
Petersen [170] got a 2.5 dB improvement in IIP3 by optimising the LF trap at the input
of their 800 MHz LNA. Using a discrete BFP620 SiGe HBT with fmax = 70 GHz and 12
SMD components, Wevers [220] of Infineon achieved an IIP3 of +10 dBm with 14.7 dB of
gain resulting in an OIP3 of +25 dBm at 8.9 mA and 2.1 V of DC bias (the BVCE,0 of this
SiGe HBT was just 2.3 V)28 . Wevers claims that his LF trap increases IP3 by 5-10 dB,
28

Reaching the +10 dBm of IIP3 without LF trap would require a bias current of 15 mA @ 3 V using
a BFP450 Si bipolar transistor [214].
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while 4 dB seems to be more reasonable when comparing with Fig. 78. Note that shorting
the (f2 − f1 ) product as done by the LC trap does not increase the compression level of
the amplifier, just IP3 . Using this technique, the general rule of thumb, stating that IIP3
is 10 dB above P1dB is no longer valid. Wevers claims to get a difference of 17.9 dB here.
In summary, the disadvantage of this technique is the increase of the bill of materials due to
the two additional SMD components, delays during start-up in TDMA systems [170] and
its limitations to test cases where a high IP3 is needed only at a single tone-spacing (like
CDMA-IS95), although a flat IIP3 over 1.5 decades of tone spacing can be achieved (Fig. 5
in [220]). However, the drop in IIP3 when the tone spacing approaches ”0” is pronounced,
making this technique unsuited for PMR systems with low channel spacing (see table 3).
6.8.4

Low frequency termination using bias inductors and a diode

The modification of the low frequency trap, as applied in this thesis, is the inductive
bias network shown in Fig. 72, right [58]: The inductor is operated close to parallel
resonance at RF frequencies in order to avoid loading and noise figure degradation of the
RF stage. Properly designed, the influence of the bias network on the noise figure can
be eliminated completely, leading to noise figures lower than what can be achieved using
practical values of bias resistors (see Fig. 73, where the very large inductor of a bias-T was
used for biasing). For low frequencies, the base of the RF transistor is terminated by the
dynamic resistance of the biasing diode, which is re = δV /δI = Vth /Idiode . Using an RF
current of 6 mA and a mirror ratio of 1:6 . . . 1:12, the current in the diode is 1.0 . . . 0.5 mA
resulting in an impedance of 25 . . . 50 Ω which is sufficiently low to terminate the base
properly (see Eqn. 93). This technique, previously known from the design of TX driver
amplifiers and power amplifiers [226]29
 provides a broad-band low frequency termination independent of the RX filter
impedance at low frequency and is therefore suited for all kind of systems that
require high IP3 values within a wide range of tone spacings (e.g. UMTS)
 uses only one external SMD inductor
 due to the absence of large sized SMD capacitors is not prone to delays during
start-up
 and yields excellent noise figures as it avoids resistive loading of the input resistor.

For infrastructure parts, the added cost of an external SMD inductor for biasing is not
critical and therefore this technique was used within the Scuba project, where an RX
filter with high impedance at low frequencies (Fig. 86) precedes the LNA.
29

While this technique belongs to textbook know-how, Agilent Technologies filed a patent application
in 2002 for the implementation with enhancement mode FETs [230].
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Figure 86: The UMTS base station RX filter presents 50 Ω to the LNA in the
1920-1980 MHz passband (green), but is far from 50 Ω in the stop band (red).
Scuba LNA
specification
realised

50 Ω noise
gain
figure
(S21 )
≤ 1.5 dB > 17 dB
1.15 dB
19 dB

reverse
isolation
> 40 dB
45 dB

linearity
(OIP3 )
> 10 dBm
18 dBm

supply supply
voltage current
5V
–
5V
6.6 mA

Table 17: Compliance matrix for the UMTS LNA
Using this technique, the Scuba LNA was designed for a base station that uses a direct conversion receiver to downconvert 4 WCDMA channels simultaneously (see chapter 2.2.4), in between an RF filter and the downconverter IC. The key specifications as
well as the realised performance are shown in table 17. A high reverse isolation along
with a very low noise figure was required. The high reverse isolation is necessary as the
tolerated radiation of the LO signal which leaks from the mixer through the LNA to the
RX antenna is just -90 dBm. In the first design iteration, the LNA was integrated onto
the receiver IC which contains a 4 GHz VCO with quadrature generation (divide-by-2),
IQ demodulators and base band filters [15]. This LNA, however, did not achieve the required reverse isolation and the LO signals from the divider were picked up by the on-chip
inductor of the LNA’s matching network, which led to DC offsets in the direct-conversion
receiver. Therefore the LNA had to be realized in a separate package (Fig. 6) [16]. By
omitting parallel capacitive feedback from the output to the input – which was used in
the optimisation of the LNA core in section 6.8.7 – plus a dedicated grounding scheme,
the target value of |S12 | = -40 dB was exceeded by 5 dB (see Fig. 88).
A noise figure of 1.15 dB @ 2 GHz30 – the lowest noise figure for all SiGe1-LNAs developed
within this thesis – has been achieved using inductive biasing with a high-Q SMD induc30

See Fig. 137 in appendix A, which explains the setup used to measure these low NF values reproducibly.

filter output return loss [dB]

j1.0
j0.6
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tor plus a layout optimisation of the 6-finger device shown in Fig. 17, where the seven
base contacts had been contacted with additional contacts in metal M2 to reduce series
resistance. This gave a 0.33 dB NF improvement compared to the 1.48 dB of the IS-95
LNA which uses the same 6-finger cascode LNA core but without layout optimisation and
the traditional bias scheme shown in Fig. 72 (R=2 kΩ). The 0.3 dB improvement was
already evident when optimising the cascode LNA core via on-wafer measurements (see
Fig. 73). The resulting schematic is shown in Fig. 87 with full schematics in Figs. 146
and 147 of appendix E.
5Ω
5V / 7mA
Cs

Lout

VCC

Cout

GNDVCC

RFout

GNDrf

RFout

RFin

GNDdc

Q2

PowerUp

PTAT
bias
cell

Cb
Lbias

RFin
Q1
Le

PU

Vbias
Rset

GNDdc

Figure 87: Schematic (left) and chip photo (right) of the 1.95 GHz UMTS LNA
with inductive biasing for lowest noise figure and proper low frequency termination.
To achieve a high reverse isolation, no linearization by parallel feedback was applied.
The PTAT bias cell corresponds to Fig. 74 (left). Geometry of Lout : 7.25 turns, 8 µm
wide, with 3 µm spacing and 32 µm inner diameter (nominal 7.4 nH).
A CMOS-compatible power-up pin and bias-current setting via an external SMD resistor
to GND required a relatively large TSSOP8-package with exposed pad in order to provide
the required pin count. The advantage of this package was a low-inductive GNDdc to the
pad for the common-base HBT, which allowed for 45 dB of reverse isolation: Simulation
showed that a value of ≤ 0.5 nH was mandatory to achieve the required 40 dB of reverse
isolation. This was achieved by two downbonds to the exposed pad. As a bond array
of two parallel down bonds spaced apart by 150 µm cuts down the inductance just by
37% compared to a single groundbond [231] (and not by 50% as expected), the LNA
power-up pin has been routed in between the two ground bonds (see Fig. 87, right).
This grounding scheme together with 5 thru-holes to the PCB ground of a 0.5 mm thick,
low-loss RO4003 substrate allowed for even 45 dB of reverse isolation, corresponding to
a total inductance value from die (GNDdc ) to paddle of just 0.2 nH. The large package
lead inductances of 1-1.5 nH could easily be incorporated into the design, as – with a
short, inductive stripline on the RO4003 PCB – they provided just the right amount of
emitter series feedback Le for Q1 according to Fig. 67 without the need for of a lossy
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integrated inductor, thus optimising NF. At the input, the pin inductance plus a 2.2 nH
SMD inductor provided simultaneous noise and power match as shown in Fig. 68. On
the supply line, however, the combined inductance of pin, bond, and PCB would detune the output match of the LNA. Therefore the supply line was de-coupled on-chip
via a 5 Ω resistor and a 10 pF MIM capacitor (Cs in Fig. 87) to the pad ground via a
separate ground pin GNDV CC . The separate pin avoided feedback from the die ground
GNDdc via the supply line and improved reverse isolation. Just on the output pin, the
pin inductance was detrimental and had to be resonated by choosing a lower value for the
output inductance Cout , which decreased the bandwidth of the output match (S22 ). The
external SMD inductor Lbias is connected between pads Vbias and RFin and provides the
low-frequency termination. Measured and simulated S-parameters are shown in Fig. 88
20
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Figure 88: Measured and simulated S-parameters for the Scuba-LNA with output
match corrected by a 2.0 pF SMD capacitor. Dots are measured data, the thin lines
show the simulations using the inductor model of the Atmel design kit, and the bold
lines use the improved inductor model of chapter 5. While S11 and S12 are not affected,
the improvement in S21 and S22 is significant.
with the reference plane moved to the package pins by using proper port extensions in the
Vector Network Analyser (VNA)31 . The following problem became evident: The inductor
model of Atmels SiGe1 design kit simulated inductance values which were 30% too large,
when configuration M23 was used for the output inductor. The 50 Ω output match was
therefore shifted to 1.8 GHz. In order to move it to a center frequency of 1.95 GHz,
31

This method [170] assumes that the SMA connectors and the microstrip lines on the PCB are 50 Ω
with ideal transitions. No losses due to mismatch and dielectric losses are taken into account.
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V2.1 w/o ESD
ICC @VCC = 5.0 V
NFmin
NF50,Ω
Rn
Γopt

Measurement
6.75 mA
≈ 0.9 dB
1.15 dB
8.5 Ω
0.40 6 -77◦
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ADS simulation
5.95 mA (incl. bandgap)
1.18 dB
1.52 dB
11.5 Ω
0.40 6 -65◦

Table 18: Simulated and measured noise parameters of the Scuba LNA. Lower NF
and Rn is due to a higher current gain and lower base resistance compared to the
design kit
an external SMD capacitor of 2 pF was necessary in series to the integrated 0.55 pF
MIM, leading to an effective value for the output capacitor of 0.43 pF. Improved inductor
models were developed as described in section 5. Resimulating the circuit using this
improved model, together with the 2 pF SMD capacitor, shows superior agreement with
the measurement. The remaining differences are due to an insufficient package equivalent
circuit. The notch in the transfer characteristics at 800 MHz is due to a resonance
in the supply line between the integrated 10 pF blocking capacitors, the bondwire and
package inductance and the 100 pF SMD capacitor on the PCB. It would be even more
severe if not damped by the 5 Ω resistor in the supply line (see Fig, 87, left). Using a
larger value, e.g. 12 Ω in the case of the WLAN LNAs (Fig. 150), the notch is hardly
visible. As explained in [192], care needs to be taken when applying on-chip decoupling to
complicated transceiver designs, as – at frequencies close to resonance – isolation between
adjacent blocks is reduced. The simulated and measured noise parameters are compared
in table 18. Integrating the input blocking capacitor on-chip would increase the excellent
NF of 1.15 dB by 0.5 dB.
OIP3 has been evaluated for 2 boards with different emitter series feedback inductance
and a supply voltage of 3 and 5 V. As the common-base device is biased at a base
voltage of 3 × VBE , at a supply voltage of 3 V the LNA is limited in output swing and
the linearity is considerably lower compared to 5 V. The bias inductor terminates the
beat frequency down to ”0” frequency. Therefore OIP3 versus tone spacing in Fig. 89
is extremely flat down to very low tone spacings in the two-tone linearity measurement.
Due to the low-impedance termination at low frequencies, the difference between the two
side-bands (USB, LSB) is low. The dip in OIP3 around 10 MHz is due to a parallel
resonance of the 47 nH bias inductor with the 10 nF blocking capacitor towards the 50 Ω
source, which forms a high impedance to the beat frequency. In Fig. 90 the current of
the UMTS LNA has been swept by decreasing the value of the SMD resistor that sets the
bandgap current. While the optimum NF for the used transistor size is reached at low
currents, gain improves with current due to gm = IC /Vth . OIP3 dips at 12 mA, as above
that frequency the maximum current of the 2-finger cascode HBT is exceeded.
In Fig. 91 inductive and resistive biasing is compared experimentally (ICC = 6.6 mA,
f = 1950 MHz, tone spacing = 5 MHz). Optimum performance is achieved with a bias
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Figure 89: OIP3 versus tone spacing at 1.95 GHz for the version with lower series
feedback inductance (S21 =19.4 dB).
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Figure 90: Gain, NF and OIP3 versus current at 5 V supply voltage (1950 MHz,
5 MHz tone spacing). Linearity reaches an optimum at 12 mA, while the optimum
current for minimum NF is below 6 mA.

inductance of 47 nH. Smaller values degrade both NF and gain. Resistive biasing should
show a strong dependence of OIP3 with resistance value (compare to Fig. 83). However,
as the input DC blocking capacitor is 10 nF (Z = −i · 3.2 Ω at 5 MHz), the input in this
measurement is terminated already by the 50 Ω impedance of the source.
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Figure 91: Gain, NF and OIP3 versus bias inductance (left) and versus bias resistance (right) at 1.95 GHz. The improvement in NF of inductive biasing with 47 nH
versus resistive biasing with 2 kΩ is 0.2 dB.

Type
Manufacturer
Technology
Bias
NF50,Ω
Gain
IIP3
OIP3

Scuba
Atmel
SiGe1
6.75 mA @ 5 V
1.15 dB
19 dB
0 dBm
19 dBm

MGA-725MA
Agilent
GaAs pHEMT
20 mA @ 3V
1.5 dB
15.6 dB
10.5 dBm
25.6 dBm

HMC375LP3
Hittite
GaAs pHEMT
136 mA @ 5 V
0.9 dB
17 dB
17 dBm
33.5 dBm

Table 19: Different infrastructure LNAs at 2 GHz [213, 232].

The performance of the SiGe UMTS LNA is compared to pHEMT LNAs with considerable
higher power consumption in table 19: The SiGe-LNA has the highest gain and its NF
is in between the Agilent and the Hittite part. The Agilent LNA has better OIP3 due
to a DC power consumption which is twice compared to the SiGe LNA. Note that its
OIP3 of +20 dBm at 20 mA and 3 V is exactly as predicted by Eqn. 86 (see Fig. 78).
The excellent OIP3 of the Hittite LNA comes at the expense of an excessive DC power
consumption of 680 mW.
Despite the trend towards higher integration, inductive biasing is widely used and by 2009
Infineon switched 2 of the 3 GPS LNAs available on their website to this technique [233,
234, 235, 236, 237] (see table 27). Doing this, their linearity reaches Damen and Lucek’s
rule of thumb shown in Fig. 78.

NF [dB]

gain

20

22
gain [dB], OIP3 [dBm]

2.0

NF [dB]

gain [dB], OIP3 [dBm]

22

112
6.8.5

6 THE LOW NOISE AMPLIFIER
Low frequency termination using active bias networks

Low frequency termination without the need to spend an additional package pin and an
additional SMD inductor can be achieved by an active bias network. These bias networks
are typically based on operational amplifiers (OPAs) and compare the bias current of
the RF stage to a reference current: At low frequencies, if the bias current is too large
compared to the reference, the base voltage is decreased immediately. If the bias current
is too low compared to the reference, the base voltage is increased immediately. This is
equivalent to a voltage source at the base with a low impedance, determined by the gain
of the OPA loop. At RF, the loop gain needs to vanish, as otherwise there would be no
RF gain. An active bias network, published [192] and patented [238] by Jeff Durec of
Motorola is shown in Fig. 92. The key to this circuit is the generation of the temperatureVcc

L out

C

out

RF out

integrated circuit
Vcc
I bias
V

ref

Cb

par.
f.b.
Rb

L in
RF in

high
impedance
buffer

series
feedback

Figure 92: LNA with active bias network for low-frequency termination as proposed
by Durec [192, 193, 238].
compensated reference voltage Vref and the high impedance buffer in a very simple yet
efficient manner. The impedance at low frequencies is basically given by Rb divided by
the loop gain. At RF, due to Cb , the OPA is shorted and the impedance is nearly as
high as Rb . Without degrading linearity, Rb can now be very high (e.g. 4 kΩ) resulting
in excellent NF properties (see Figs. 73 and 91, right). When testing Durec’s circuit of
Fig. 92 for the IS-95 LNA, it turned out that the bandwidth of the original active bias
circuit was too low for the IS-95 test case (900 kHz tone spacing). A modified version
with a lower OPA output impedance resulted in a higher bandwidth, but – due to the
high gain involved at low frequencies – had problems with stability at low frequencies and
transient overshoots when turning the LNA on (see Fig. 93). While I found a simple fix
to remove the current overshoot when turning the LNA off, I was not able to remove the
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current spike at turn-on. Finally, also due to patent considerations, we used the more
traditional biasing of Fig. 72 for the IS-95 LNA.

power−up
voltage

28mA

LNA
current

40mA

7mA

Figure 93: Active, OP-based bias networks may show heavy overshoot when turned
ON and OFF (measured on a modified circuit of Fig. 92).
Due to the limited bandwidth of these bias loops we thought that it might especially be
suited to provide low-frequency termination to LNAs in narrow band systems like TETRA
and TETRAPOL [239] (see table 3). In contrast to broadband source termination using
large blocking capacitors in the RF input (section 6.8.2), active bias networks provide
a low impedance to the input transistor, independent of RX filter impedance at low
frequency. Inherent to both standards is a low channel spacing of 25 kHz. This requires
both LNA and mixer to be robust against two-tone intermodulation due to co-location
interference in rugged environments, as interferers appear in the receive band and cannot
be reduced in amplitude by a SAW filter between LNA and mixer. In order not to degrade
the system linearity, the IIP3 of the mixer needs to be higher than the IIP3 of the LNA
by the amount of the LNA gain. Therefore, rather than using a mixer of the Gilbert-type
that can easily be implemented in bipolar technology [240, 241], a passive mixer known
for its high IIP3 values was used (see section 7.5.2).
System analysis requires the TETRA/TETRAPOL LNA to have an IIP3 of +5 dBm
with a gain of 17 dB and sub 2 dB NF while drawing just 6 mA from a 2.7–3.3 V supply.
Again, with the low amount of current given, only a single-stage design can meet the
requirements, as distributing the current on 2 stages would inevitably lead to clipping in
the 2nd stage, generating excessive intermodulation (see section 6.3). A single broadband
design that covers all PMR bands or at least all of the three 400 MHz bands would
have been highly desirable. Extensive simulations in section 6.2.1 have shown, however,
that standard broadband designs using resistive parallel feedback cannot meet the noise
figure and gain requirements and that the low supply voltage precludes the use of resistive
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Figure 94: Switched gain LNA with active bias network for low-frequency termination as proposed in this work and used in the 400 MHz and 800 MHz PMR LNA [239].
loads. A 1-stage design with reactive LC output matching network was finally chosen,
which allows to customise the 400 MHz version to the 3 different bands (380-430 MHz,
440-490 MHz and 470-520 MHz) by changing two external SMD components. A cascode
structure was used to eliminate feedback due to the non-linear base-collector capacitance
of the large multi-finger input device (24 fingers, 15µm each, for the 400 MHz version
and 16 fingers for the 800 MHz version, respectively). Due to the high available gain
at these low frequencies, extensive use of parallel RC and inductive series feedback was
applied to increase linearity, limit the gain to 17 dB and limit the output impedance, as a
lower transformation ratio of the LC-match increases its bandwidth. Emitter degeneration
inductors were integrated on-chip to improve reproducibility. Two additional techniques
were used to increase linearity:
 As IP3 depends mainly on current (Fig. 78), a low-current bias network allows to
put a large portion of the total current into the RF cascode.
 When not shorted properly, the beat frequency f1 − f2 in the two-tone intermodulation test modulates the bias point, leading to additional intermodulation products
which – depending on the phase – magnify or cancel the 3rd order distortion products (section 6.7.1). To prevent this, the beat frequency, which is 50 kHz in the
TETRA test case, needs to be terminated at the input with a low impedance32 .

The active bias network shown in Fig. 94 satisfies both requirements: The common-base
device is split into two transistors Q1 , Q2 with an emitter area ratio of 1:8. While the signal
of Q2 is matched to 50 Ω by Lout and Cout , the current of Q1 drops across R1 = 1 kΩ. The
32

Note that broadband source termination using a huge input blocking capacitor is impossible in this
application, as the maximum LNA start-up time is specified to be less than 1 µs, which in turn is dictated
by the instant availability of a connection in PMR systems.
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resulting voltage – after lowpass filtering by R1 , C1 – is compared to a reference current
Iref which drops across R0 = 5 · R1 and an operational amplifier (OPA) regulates the base
emitter voltage of Q0 accordingly. This loop is active from DC to 1/(2·π·R1 ·C1 ) = 16 MHz
and within this regulation bandwidth provides a low impedance to the input. High loop
gain leads to low Zin , but care needs to be taken to maintain stability during startup.
We have found, however, that this architecture leads to lower transient overshoots than
Durec’s circuit shown in Fig. 92. Note that Iref is just 1/(5 · 9) of the current in the RF
cascode and neglecting the current of the OPA and Ibias , the majority of the current flows
through Q0 . The translinear cross-quad used to generate Iref proportional-to-absolutetemperature (see Fig. 76, right) is known for its little overhead biasing and excellent
transient settling behaviour without any ringing [208].
In the presence of a strong input signal, the LNA needs a gain step to switch the gain from
+17 dB to -20 dB in order not to overload the mixer. As it is desirable to save current,
it was specified that the LNA current consumption is zero in the -20 dB state, which is
identical with a complete shut-down of this block. The straightforward solution is the
use of a bypass switch using MOS transistors (see Fig. 94) and this requires a BiCMOS
technology such as Atmel’s at46k (see section 4.4). In power-down, transistors M1 and
M2 are turned on and form a T-attenuator. The LNA then acts as a 20 dB attenuator
with nearly perfect input and output match33 .
Fig. 95 shows the S-parameters of the 400 MHz LNA, matched to 380-430 MHz, and the
20
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Figure 95: Gain of the LNAs in ON and OFF mode. Band edges are indicated by
arrows [114].
800 MHz LNA. In OFF mode, the LNAs act like a 20 dB pad. Note the excellent return
33

Techniques do exist to realize gain steps in a pure bipolar process, but they either consume a certain
amount of DC current in low gain mode and/or use a reverse biased BC junction of a BJT [93, 242] and
therefore require the supply voltage of the LNA to be switched to zero, which is an highly undesired
feature as it requires a switch on the PCB to divert the LNA supply voltage from the battery to ground
in low gain mode.
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Figure 96: Left: Return loss of the 400 MHz LNA in the 380. . .430 MHz band
(ON and OFF). Right: Using the active bias circuit of Fig. 94, low frequencies are
terminated with an impedance of 150 Ω, while at RF the input impedance is close to
50 Ω. Note the problems due to instabilities at around 30 MHz.
loss in ON and OFF mode, which is shown for the 400 MHz version in Fig. 96. Reverse
isolation is approximately 21 dB in all cases, which is acceptable for a super-heterodyne
receiver, but – as already discussed in section 6.2.1 – implies a possible risk for oscillations.
Noise figure in ON mode was measured to be 1.5 dB for the 400 MHz version and 1.8 dB
for the 800 MHz version (best case values with a large spread between lots) while it is
20 dB in OFF mode for both LNAs. IIP3 was measured to be +4 dBm at 6 mA/2.7 V
with a tone spacing of 50 kHz (ON mode). Higher values can be achieved by setting the
current to a higher value by means of an external SMD resistor.
6.8.6

CMOS LNA implementations

Initially it was planned to realise the TETRA/TETRAPOL front-end in a SiGe bipolar
technology using the available Schottky diodes to construct a ring mixer. Due to the
disappointing measurement results of this mixer (see section 7.5.1), a FET mixer was
realized (see section 7.5.2), using a SiGe BiCMOS technology (at46k). The 0.35 µm
CMOS part not only allowed to build a highly linear mixer, but also simplified the design
of the gain switch of the LNA. As can bee seen in table 8, the minimum noise figure of
layout-optimised 0.35 µm NMOS transistors in the at46k SiGe BiCMOS process is in the
order of 1.1 dB at 2 GHz. Therefore test LNA circuits have been designed for TETRA
using MOS technology on the at46k evaluation runs, to check if the complete front-end
could be realised in a pure CMOS technology. As shown in Fig. 97, the LNA is basically
a large, layout-optimised NMOS transistor with 80 fingers, each 0.35 µm × 20 µm wide
(resulting in a total gate width of 1.6mm), minimised drain-source and drain-gate overlap
capacitance and the gate fingers contacted at both ends. Due to the high drain-gate
capacitance of such a device, a SiGe HBT was cascoded in order to avoid the Miller
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Figure 97: Schematic of the NMOS LNA with bipolar cascode and NMOS gain
switch. The output match is realized using SMD components on the PCB (see table 20).

effect. Biasing was done via a current mirror topology, similar to Fig. 72, left. Source
series feedback was a large 3.8nH inductor (4.25 turns, 15 µm wide with 3 µm spacing
and 260 µm of outer diameter), in order to bring the low real part values of the input
inductance to values between 30. . .50 Ω. In section 6.3 it has been shown that – regarding
noise matching – the CMOS cascode behaves similar to the bipolar cascode, except that
the input inductors are much larger compared to its bipolar counterparts: While we used
6.8 nH (12 nH) for the 800 MHz (400 MHz) bipolar LNAs, we had to change this to
15-18 nH (27nH) for the 800 MHz (400 MHz) NMOS LNAs. The 20 dB attenuator
was realized by a simple NMOS bypass switch. Despite the high source degeneration,
the gain of the NMOS LNAs with low-loss LC output matching networks was very high
(> 25 dB) and had to be decreased in order to achieve a high input-referred IP3 and a
stable operation without oscillations. In bipolar LNA implementations it is possible to use
parallel, capacitive feedback (see section 6.6) for low-noise linearization. For the NMOS
LNA, however, a feedback capacitor led to severe instability. The small signal performance
of the realized NMOS LNAs is compared to their SiGe bipolar counterparts in table 20.
When properly matched, the noise figure of NMOS LNAs is absolutely comparable to
bipolar LNAs. However, it appeared that they are much more sensitive to mismatch and
have lower linearity (P1dB,input ≈ −10 . . . − 15 dB). This is due to the lower gain, which
allows for less feedback to be applied to reach the same amount of gain compared to a
bipolar LNA.
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Technology
Type
Frequency
NFmin
NF
Rn
Gopt
Gass

NMOS
low-Q match
(1 kΩ // 220 nH)
800 MHz
1.23 dB
1.3 dB
9.2 Ω
0.17 6 62◦
16.1 dB

NMOS
2 kΩ parallel
feedback
400 MHz
–
1.65 dB
12.2 Ω
0.4 6 174◦
16.2 dB

SiGe
150 fF parallel
feedback
800 MHz
1.32 dB (1.5 with ESD)
1.86 dB (1.9 with ESD)
9.6 Ω (9.7 Ω with ESD)
0.53 6 98◦
16.2 dB

SiGe
300 fF parallel
feedback
400 MHz
–
1.50 dB
10.9 Ω
0.29 6 78◦
16.6 dB

Table 20: The realized TETRA/TETRAPOL LNAs at 3 V / 6 mA.
6.8.7

Cancellation by capacitive feedback in narrow band amplifiers

At its input, the LNA is tuned for minimum noise figure while preserving sufficient input return loss. Techniques to obtain simultaneous noise and power match have been
described in detail in section 6.3. The output is usually conjugately matched with S∗22 using LC components to obtain optimum gain, sometimes with a small collector resistor to
improve stability. With raising IP3 requirements, however, gain is often traded for linearity [171, 243]: Linearity matching is widely known among high-power amplifier designers,
where the load impedance is tuned for either optimum DC-to-RF efficiency or optimum
linearity [244]. However, it is quite unknown so far to small-signal designers. Load-pulling
can be used to plot contours of constant gain and linearity in the Smith chart. If very
accurate large signal models are available (e.g. MEXTRAM [245]), load-pulling can be
done by non-linear simulation (e.g. harmonic balance). Experimental load tuning can be
done by either using a tuner setup as depicted in Fig. 98 or by sweeping the values of
the LC output matching network on the PCB as it was done in Fig. 100. Load-tuning is

with high isolation
between port 1 and 2

spectrum analyzer

mechanical stub tuner

power combiner

Maury Microwave model 2640P

LNA

f1
bias−T
f2

Figure 98: Measurement setup to determine the optimum output load for
(a) highest gain and (b) optimum linearity.
especially effective for LNAs using a strong feedback from the output to the input, where
3rd order intermodulation products can be compensated by 2nd order products [171] by
tuning the output match (Fig. 100). This was described in detail in section 6.7.
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Figure 99: LNA with capacitive feedback according to [246].
CF
LSE
1.95 GHz 200 fF 1.5 nH
f

LCC
7 nH

Cout
1 pF

RL
Z0
163 Ω 50 Ω

dB(S21 )
13.57 dB

Table 21: Optimised design parameters for a 2 GHz LNA according to Fig. 99.
Eqn. 94 gives an accurate expression for the gain of this LNA (compare Fig. 100,
centre). RL is the equivalent load impedance of LCC , Cout and Z0 .
In his patent applications34 for a LNA with inductive emitter degeneration and parallel,
capacitive feedback [247, 246], Haagerats gives the following expression for the power gain:
S21 = j ×

ω · CF · RL +

RL
ω·LSE

1 + j · ω · CF · RL

×

s

Z0
RL

(94)

The expression is independent of the bias current and the process used. The parallel
feedback CF reduces the high output impedance of the cascode35 so that an LC network
with a low transformation ratio can be used, allowing for a high bandwidth. As capacitive
feedback according to the LNA core in Fig. 18 does not degrade the noise figure (see
Fig. 79), the input transistor Q0 can be optimised using the conventional techniques. CF
also reduces the real part of the input impedance and cancels some negative imaginary part
of the input impedance, so that often no input match is needed any more. So the input
match can be tuned with the output impedance, which makes the optimisation of this
kind of LNA very difficult. As the current through the parallel capacitor is ≈ Vout · ω · CF ,
it is the main purpose of CF , to couple the signal back with such a favourable phase
that IM3 products are reduced or cancelled completely.
Fig. 100 shows that tuning
34

It needs to be noted that this circuit was patented by J.E.M. Hageraats in 2000 and 2001. Evidence
exists, however, that the circuit has been used prior to the application already.
35
Doing so replaces the non-linear base collector capacity and its associated non-linear Miller capacitance of a single common-emitter stage by a linear MIM capacitor.
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Figure 100: Linearity for this LNA with strong parallel feedback is sensitive to the
output match. Optimum IIP3 is achieved for 1.8 nH / 1.8 pF, optimum gain and
output return loss for 1.2 nH / 1.1 pF. For applications with low bandwidth (e.g. 3 %
for the PCS-band), gain and S22 can be traded against OIP3 .
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the output LC match has a strong influence on the linearity (here in terms of OIP3 )
as well as on output match S22 , gain and input match S11 . For applications with low
bandwidth (e.g. 3 % for the PCS-band in an IS-95 application), gain and S22 can be
traded against OIP3 . Due to the cancellation effects of 3rd order products with 2nd order
products [63], a 3-6 dB improvement in OIP3 is reported at a given supply current; or
the same OIP3 may be reached with 50% reduction in bias current [246]. Comparing the
measured results of our IS-95 LNA [9, 10] with Lucek’s rule-of-thumb in Fig. 78 shows
that this is a reasonable assumption. The performance needs to be carefully checked over
variations in temperature and component spread (especially CF ).
6.8.8

Matching networks with notch filters

For applications where a jammer occurs in a fixed frequency band only, rather than
designing the LNA with a very high linearity, a notch filter can be implemented into the
input matching network of the LNA. The notch is placed at the frequency of the jammer
and attenuates the jamming amplitude such that the LNA can easily handle it. Using this
technique a 1575 MHz GPS LNA was designed within this thesis, which is sold under the
name ATR0610 [49, 50, 51]. The complete GPS chip set was introduced in section 2.5. The
LNA itself uses a standard cascode configuration with series inductive emitter feedback
and was optimised as described in section 6.3 and [49, 50, 51]. The absence of any
parallel feedback leads to a good reverse isolation and a stability factor (Rollett’s k) well
above 1.2. The emitter inductance itself is realised by a package pin rather than an
integrated inductor. The bandgap is according to Fig. 74, left. The schematic and chip
photo of the IC is shown in Fig. 101. In a stand-alone GPS application a L-matching

Figure 101: Schematic and microphotograph of the ATR0610 GPS LNA [50].
The miniature package (PLLP6) measures just 1.6mm × 2mm.
network is used for optimum return loss and NF properties (Fig. 102, left). The measured
noise figure of 1.5 dB for this fully ESD-protected SiGe chip (1.6kV HBM) is comparable
to values reported in literature for silicon BJT LNAs at higher currents and without ESD
protection diodes36 . In-band IIP3 is -3 dBm and OIP3 is 13.5 dBm. Comparing this with
36

e.g. 1.4 dB NF and 20 dB of gain @ 1800 MHz for Infineon’s 2-stage LNA BGA428 with a current
consumption of 8 mA @ 2.7 V and IIP3 = -9 dBm [93].
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Fig. 78, this is the best what can be obtained at a bias current of 3 mA. As the power-down
feature requires a separate package pin, a standard 5-pin transistor package was not an
option for this device. The search for a 6-pin package with very low ground inductance for
the DC and cascode ground led to the PLLP6 package, measuring just 1.6mm × 2mm.
The packaged LNA requires less real estate on the PCB than a flip-chip mounted die
which needs considerable spacing to adjacent SMD components for the underfill process.
C3
Antenna

Antenna
C block

C block

L1

L3
ATR0610

= 4.7 nH
ATR0610
C1
= 1.2 pF

(a)

L2

C2

parallel
resonator
series
resonator

(b)

Figure 102: Input application circuitry of ATR0610 GPS LNA a) L-type network,
b) 2nd order input network.
When the GPS module is integrated into a GSM mobile phone, a high jamming signal
occurs due to crosstalk from the GSM1800 or GSM1900 power amplifier. The GPS receiver
must be able to tolerate that jammer in order to allow for uninterrupted GPS data
acquisition, even during GSM TX time slots. The matching network of Fig. 102, right,
shorts the 1800 MHz jammer to GND by a series resonant tank while at the same time
blocking the signal from reaching the LNA by a parallel resonant tank. At 1570 MHz
the network provides the same impedance transformation like the L-match. As the notch
needs to be placed at 1800 MHz while providing optimum gain at 1570 MHz, the design of
the filter is critical and requires the use of high-Q SMD components with tight tolerance.
The result is shown in Fig. 103: The matching network based on the notch filter suppresses
the jammer by 20 dB compared to the L-type network while degrading the noise figure
by just 0.4 dB. No increase in noise figure is observed up to a jammer level of -20 dBm.
At CW jammer levels of -5 dBm and 0 dBm the degradation in NF is 1.1 dB and 1.6 dB
respectively [49, 50]. Using this matching network, the out-of-band IIP3 in the frequency
range between 1.8 and 2 GHz is above +8 dBm with just 3 mA of current consumption.
Table 27 in appendix E compares the performance of ATR0610 with commercially available bipolar LNAs. Maxims MAX2654 [248], a 135 transistor device built upon Maxim’s
GST-3 SiGe HBT process [249] with a transit frequency fT of 35 GHz has the same integration level as the ATR0610, except that the power-up pin is multiplexed with the RF
output, requiring a choke to separate the signals on the board. Compared to the ATR0610,
however, it shows 4 dB lower linearity at twice the current consumption. While the device
at 1575 MHz shows a low NFmin of 1.30 dB, the equivalent noise resistance Rn is high
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Figure 103: The suppression of the GSM1800 signal by the notch filter comes at the
expense of a slightly higher NF.

(39.9 Ω) [250]. Together with a Γopt of 0.29 6 114◦, this makes noise matching difficult.
For comparison: The ATR0610 has a comparable NFmin of 1.4 dB, Γopt of 0.38 6 150◦ ,
but an equivalent noise resistance of just Rn = 5.5 Ω, which makes it a much more robust
device against antenna mismatch, which is often encountered when customers use ceramic
GPS patch antennas with a ground plane which is too small. The high Rn of Maxim’s
SiGe technology is also evident in the MAX2648 5 GHz WLNA LNA (see table 29). The
BGA622 [251] uses Infineon’s 70 GHz fT Silicon Germanium technology and is a wideband amplifier with pre-matched input and output and a low gain bypass stage. As the
power-up pin is multiplexed to the RF output pin, an inexpensive 4-pin SOT343 package
can be used. Due to its wideband nature, the gain at 1.575 GHz is quite low, but the
linearity is remarkable for a broadband design. If a low-gain mode is needed, the BGA622
is definitely a good choice, but the device is ESD sensitive. The JRC GaAs HBT LNA
has a lower NF, but this is due to the absence of any ESD protection. Furthermore, it
requires 3 SMD inductors and 1 supply blocking capacitor. The µPC8211TK, finally, is
a general purpose SiGe HBT LNA from NEC Electronics which can be matched to different applications using SMD components. The GPS implementation requires the usage
of 3 inductors, 7 capacitors and 1 resistor, requiring a large board space which cannot
be compensated by the tiny 1.3 × 1.5 mm2 lead-less minimold package. While the NF
performance is 0.2 dB better compared to the ATR0610, the linearity is 9 dB lower, while
drawing the same amount of bias current [252, 253].
Table 28 in appendix E compares the performance of ATR0610 with FET LNAs. The
0.5µm-MESFET models shown in table 28 are self-biased depletion-mode devices, nonESD protected, and come in a huge SOIC-8 package. AM50-0002 is a three-stage MESFET LNA with low NF, but huge current consumption (20 mA) and relatively low linearity. The application note proposes to match the high input impedance to 50 Ω using a
very narrowband strip-line matching network, which is very sensitive. MAAM-12021 is a
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cascode design, which is optimised for 5 V applications and offers poor linearity at supply
voltages of 3 V. Simulations using state-of-the-art, discrete pHEMT enhancement-mode
devices ATF541 [254, 255] show noise figures of 0.5 dB with linearities comparable to the
ATR061037 . An harmonic balance simulation using the advanced Curtice quadratic model
provided by Agilent delivered OIP3 values for 3.7 and 6.4 mA bias current which are in
line with Fig. 78 (table 28). As there was no influence of any low frequency termination
on the linearity, the fundamental nonlinearities of FETs seem to be completely different
from those of the BJT. The schematic is shown in Fig. 149 and uses a common-source
configuration with reactive LC output matching. The chosen device showed a minimum
NF of 0.4 dB at 1.6 GHz with Rn = 2.5 Ω at a bias current of 9 mA which compares well
with the measured noise figure of 0.5 dB. As the reverse isolation of the transistor itself
was already critical, no parallel feedback has been used: The stability of the amplifier is
very marginal with k < 1 over a wide frequency range. Therefore the device needs to
be terminated properly at input and output. The shunt inductor at the input provides a
return loss of |S11 |2 = 7.2 dB as well as ESD protection and moves the optimum source
match towards 50 Ω. Output return loss is better than 14 dB.
Nearly the same NF was achieved by a SiGe test design, similar to the production version
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Figure 104: LNA similar to the design in Fig. 101, but realized in SiGe2-Power
technology
shown in Fig. 101 but using the SiGe2-Power process. It achieved a NF of 0.8 dB at GPS
frequencies with a much better input return loss (|S11 |2 > 12 dB) while drawing just 50%
of the pHEMT’s bias current (including bandgap and power-down circuitry). The cascode
37

For e-pHEMT devices, at low currents densities the drain current varies nearly exponentially with
gate-source voltage (Vgs =0.35V @ 3.7mA, Vgs =0.38V @ 6.4mA). This makes the biasing very difficult
and requires to connect the gate via a resistive voltage divider to a resistor in the drain, which drops
around 1 V across the drain resistor in order to stabilise the drain current by negative feedback (see
Fig. 133). The alternative are active bias controllers, which tend to oscillate when not designed properly.
Biasing of enhancement mode FETs seems to be a general problem and thus explains that Agilent filed
a patent application for the well known bias circuit of Fig. 72, right (see [230] and footnote 29).
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RF stage with on-chip output match (|S22 |2 > 14 dB) provided excellent stability. Using
the GaAs pHEMT LNA instead of this advanced SiGe LNA would lead to 0.3 dB more
GPS sensitivity, however at the expense of stability and at twice the power consumption.
Compared to the implementation losses of typical GPS antennas, the 0.3 dB difference in
sensitivity are negligible.
These results show that SiGe HBT technology can deliver similar noise and linearity performance with better stability at lower supply voltages and lower current consumption
than GaAs MESFET and pHEMT.
6.8.9

Comparison of the circuit design techniques for linearization enhancement

For the WLAN system described in section 2.4 a broad-band LNA was designed according
to the specifications of table 22.
Frequency range
Noise figure
Gain
P1dB,in
IIP3
Power consumption

4.9 - 5.9 GHz
< 2 dB
10 dB (min.)
-14 dBm (4.9-5.4 GHz)
-12 dBm (5.4-5.9 GHz)
-4 dBm (4.9-5.4 GHz)
0 dBm (5.4-5.9 GHz)
7-8 mA @ 3V

Table 22: Target specification for the 4.9-5.9 GHz WLAN LNA [37].
Simulations using the SiGe2-RF design kit showed that the 2 dB NF is the main difficulty
in reaching the specs of table 22, although Erben et al. [86, 92] in 1998 reached NFmin
values of 1.6 dB on-wafer at 5.7 GHz for a 2-stage common-emitter LNA using TEMIC’s
pre-production SiGe1 process. As discussed in section 2.4, a single-ended design was
requested as its easier to interface to the TX/RX switch. For the required bandwidth of
19%, a transimpedance stage would be appropriate, but the resistive feedback deteriorates
the NF and a resistive load at a supply voltage of 3 V strongly reduces linearity. A narrow
band amplifier architecture has finally been chosen, with the Q of the LC matching reduced
by a 500 Ω resistor to reach the required bandwidth. A simple common-emitter stage
showed the lowest noise figure, but at the band edge of 5.9 GHz delivered just 9.5 dB of
gain. Finally, a cascode structure was used as in [45], as it increased the NF by less than
0.05 dB, but allowed for a higher gain margin. The common-emitter HBT is a 4-finger SIC
device (0.5 × 15µm2 each) which is cascaded by a 2-finger non-SIC device. For biasing,
a PTAT bandgap based on the Widlar ∆VBE -cell was used similar to the one shown in
Fig. 74. Compared to the previous designs in Figs. 87, 94, 99, 101, however, the base of
the cascode was not connected to a 1.4 V reference (2 diodes), but was connected directly
to the 2 V rail of the Widlar bandgap via a 1.5 kΩ / 3 pF low pass: Besides reducing the
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Technique

IIP3
[dBm]
bias resistor 4 kΩ
3.28
bias resistor 3 kΩ
3.56
bias resistor 2 kΩ
3.86
bias resistor 1 kΩ
4.33
bias resistor 0.5 kΩ
4.95
ideal 10nH bias inductor
4.91
3 kΩ / BBST (100 pF)
3.64
3 kΩ / BBST (1 nF)
5.40
3 kΩ / BBST (infinite capacitance) 5.82
3 kΩ / LF trap, centred at 1 MHz
6.22
BBST = broadband source

OIP3
gain
[dBm] [dB]
15.87 12.58
16.16 12.59
16.43 12.56
16.47 12.40
17.02 12.06
17.44 12.53
16.24 12.59
18.00 12.59
18.42 12.59
18.67 12.45
termination

NF
[dB]
1.76
1.80
1.86
2.00
2.26
1.75
1.81
1.81
1.81
1.85

NFmin
[dB]
1.64
1.66
1.71
1.81
1.98
1.59
1.66
1.66
1.66
1.66

Table 23: Simulated results of different LF termination techniques at 5.5 GHz
(3 V / 8 mA), 1 MHz tone spacing). Coupling capacitor to the source is 27 pF
if not otherwise noted.

overhead bias current, this way enough base current is supplied to the cascode HBT even
under heavy compression and therefore P1dB is improved. The full schematic is shown in
Fig. 150. For linearity optimisation, different methods of low frequency termination are
compared by harmonic balance simulation in table 23: Reducing the resistor value in the
current mirror of Fig. 72 improves linearity, but at the expense of an increased noise figure.
Terminating the input HBT with the source impedance using a large coupling capacitor
improves linearity by approximately 2 dB, if the capacitance is large enough (e.g. 1 nF →
Z = 159 Ω at 1 MHz) and if the source impedance is 50 Ω down to low frequencies (which
is usually not the case in practical applications). Finally, a low-frequency trap network
consisting of a 10 nH inductor in series with a 2.5 µF capacitor provides a short circuit
at the beat frequency (1 MHz) and gives 2.5 dB improvement without compromising
NF and gain. As the simulated linearity was well above the required value of 0 dBm
(table 22), we optimised the circuit for NF (3 kΩ bias resistor) and lowest bill-of-material
(no low-frequency trap network). While a first test version with small GSG pads for onwafer probing used a 0.4 nH on-chip emitter inductor (see Fig. 105, right), the final IC
was slightly modified for chip-on-board (COB) mounting (see Fig. 105, left): The emitter
degeneration inductor (Le = 0.45 nH) and the base inductor were replaced by bond wires,
the number of GND pads was reduced from three to two and the output capacitor was
reduced from 0.33 to 0.25 pF in order to accommodate the output bondwire. Initially
we had been worried about combining the GND pad for the cascode GND and the GND
to which the supply voltage is blocked into one bond pad, as we expected lower reverse
isolation and hence worse stability. However, due to the use of a double bond pad which
allows for two bonds with 90◦ orientation, we obtained an excellent reverse isolation of
34 dB for 6 samples mounted COB (see Fig. 106, right). A 10 kΩ shunt inductor at the
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output provides some ESD protection for the sensitive MIM capacitor. The result of 6

Figure 105: Final layout of the 802.11a LNA (left, 0.6 × 0.64 mm2 ) and test version
in a PLLP6 package (right).
ICs from one SiGe2-Power lot, mounted on a RO4003 substrate of 0.2 mm thickness is
shown in Fig. 106. The fully integrated LNA requires just a 27 pF blocking capacitor
(0201 size) at the input. Enable and supply voltage were blocked by 100 pF on the
board to avoid noise pickup via the cabling (similar to Fig. 9). As the supply is blocked
internally with 10 pF, external blocking might be obsolete in the final application. The
SMA-to-microstrip transitions had only ≈ 10 dB of return loss and thus the calibration
was done using a test PCB with an ’Open’, ’Short’, ’Load’ (2 × 100Ω [SMD] in parallel)
and ’Thru’ instead of the LNA die. This moved the reference plane to the place where
the aluminium bonds touch the board. Although the ICs had been mounted manually,
they show very consistent performance: The return loss is around 15 dB in the band of
interest (4.9. . .5.8 GHz). Compared to the on-wafer measurement, the gain dropped by
1 dB to 12 dB and shows little variation via the 4.9. . .5.8 GHz band. The reverse isolation
is 34 dB, which is an excellent value for a bonded 5 GHz device. The small notch in the
transfer function at 1.1 GHz is due to a resonance of the on-chip 10 pF to GND, and the
supply bond wire, damped by a 12 Ω on-chip resistor in series to the supply bond wire.
The measured data are compared to literature data in table 29 in appendix E. Compared
to the balanced SiGe1-LNA of the HG-Dat project (in high-gain state), the improvement
due to the SiGe2-Power technology is evident. Maxim’s MAX2648 [256] uses Maxim’s
GST-3 SiGe HBT process [249] and is packaged in a 1 mm × 1.5 mm ultra chip-scale package (UCSP). As the output is an open-collector transistor, the DC bias and RF matching
network need to be realized off-chip using 7 SMD components and a stripline [256], which
is a tricky thing to do at 5 GHz [257], as this is close to the self resonance of off-theshelf SMD components. For the usage in a front-end module, the required board space
is impractical. In contrast, the ATR7158 requires just a 27 pF input blocking capacitor.
While the noise figure is comparable to this work, the high Rn of 58.5 Ω makes the noise
figure of the MAX2648 extremely sensitive to source mismatch. This is especially true,
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Figure 107: 3rd order intercept point of the 5 GHz SiGe LNA for different tone
spacing. The specification of the front-end module manufacturer is easily met.
as Γopt is far from 50 Ω.
Finally, three 5 GHz CMOS LNAs are listed in table 30 [258, 259, 260]. Operated at the
maximum allowable supply voltage of 1.2 V of the 90 nm CMOS technology, the design
by Linten et al. from IMEC uses a shunt inductor as part of the input matching network
to achieve an ESD level of 2 kV (HBM). As in all CMOS LNA implementations, a cascode
with LC output matching network is used [261]. The high noise figure of 3.0 dB (2.7 dB
for the device without ESD protection) can be attributed to the use of a large (4.3 nH)
on-chip series inductor in the input match. Satou et al. of Fujitsu uses a 0.11 µm CMOS
process to achieve 1.6 dB of noise figure with modest linearity. The lowest NF of 1.4 dB
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is obtained with the ”largest” gate length of 0.18 µm by Mohammadi et al. at a very
low current of 2.5 mA and a remarkable linearity. LNA implementations using sub-µm
CMOS technologies have two problems:
1. Due to the high cost of the mask set, CMOS LNA designs make only sense in large
integrated transceivers, which run in very high volumes. They are not suited for
front-end modules, as the overall cost is too high.
2. While the minimum NF is usually low (see table 8), the high equivalent noise resistance Rn makes them extremely sensitive to source mismatch.
The 2.4 GHz design of the dual-band LNA ATR7124 uses the same architecture as the
5 GHz circuit, except that the size of the input HBT is doubled (8 × 0.5 × 15 µm2 ).
The 5.8 nH load inductance is realized by a multi-level coil [135] in order to minimise
chip real estate (see section 5.16). Figure 108 shows return loss and gain for a device
mounted chip-on-board with a relatively large emitter bondwire. Correcting for board
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Figure 108: 2.4 GHz (chip-on-board) LNA at 3 different supply voltages. Left: Bold
dots are at 2.4 GHz. Right: Extremely good power supply rejection due to integrated
bandgap circuitry.
parasitics, a noise figure below 0.9 dB was achieved with 16.5 dB of gain (Fig. 109).
The measured data are compared to commercially available HBT LNAs in table 31 of
appendix E. The BGA622 uses Infineon’s 70 GHz fT Silicon Germanium technology and
is a wide-band amplifier with pre-matched input and output and a low gain bypass stage.
Due to its wideband nature, the gain at 2.4 GHz is low. The SiGe HBT LNA MAX2644
from Maxim [262] has similar linearity at the same power consumption, but the NF is
2.0 dB. The RF2373 from RFMD [263] is an open-collector AlGaAs HBT LNA and can
be configured to any frequency between 400 MHz and 3 GHz using LC output and input
match by SMD components. While the NF is moderate, the linearity is 2 dB above
Lucek’s rule-of-thumb in Fig. 78 (24.5 dBm of OIP3 for 13 mA).
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Figure 109: Noise figure of the 2.4 GHz chip-on-board LNA for a 2.4 to 5 V supply.

131

7

The downconverter

7.1

Super-hetero and direct-conversion receivers

Since the invention of the superheterodyne receiver38 by Walter Schottky of Siemens in
1918 [94] and Edwin Armstrong in 1920 [261], radio front-ends make extensive use of
frequency downconversion from radio frequency transmitted over the air to an intermediate frequency (IF). At this early level in the front-end there is no fundamental difference
whether the input signal is modulated in an analog fashion or a digital one. The IF frequency is usually fixed which allows for the use of a very steep passive filter using ceramic
resonators or filters based on surface-acoustic-wave (SAW), film-bulk-acoustic-resonator
(FBAR) or bulk-acoustic-wave (BAW) technology [70, 71, 72]. To downconvert one of
the various RF channels of the system, the local oscillator is stepped across the channels
using a voltage-controlled oscillator (VCO) which is locked to a quartz reference using a
phase-locked-loop (PLL) circuit. A direct conversion receiver (DCR) downconverts the
modulated RF signal directly to baseband, eliminating the need for an IF SAW filter at
the expense of power-hungry active base band (BB) filtering. DCRs are more difficult to
implement due to the following problem [264, 265]:
 In a superheterodyne receiver, DC offset – generated by imperfections in the mixer –
can easily be removed by AC coupling.
 In a DCR – as the VCO runs at the RF centre frequency – LO signal leaking
back through the mixer and the LNA to the antenna is reflected at a mismatched
antenna, fed back via the LNA to the mixer and downconverted; leading to a DC
offset at the output of the mixer (self-mixing). This high amount of DC offset often
cannot be removed by AC coupling but needs an active DC offset canceler resulting
in increased power consumption [265]. This problem of self-mixing is reduced by
using a LNA with a high reverse isolation (see section 6.8.4), a mixer with a high
LO-to-RF isolation and a careful PCB design.

In the transmit path the mixer modulates the baseband signals back onto a RF carrier.
This upconversion process can be a direct one (direct conversion) or take place via an
IF frequency which allows for additional filtering before the final upconversion to RF
happens. IQ modulators are usually used in digitally modulated systems.
In most of the systems described in this thesis, the superheterodyne approach has been
favoured over the DCR:
 Narrowband CDMA (IS95), as described in sections 2.2.2, 2.2.3, and 3, is a challenging system, and some phones even today still use a superhet receiver. The reasons
are (i) strong blockers, after passing a highly linear LNA and mixer frontend, may
38

Superheterodyne receiver: Radio receiver that converts all radio frequencies to a fixed intermediate
frequency to maximise gain and bandwidth before demodulation.
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be filtered easier using an IF compared to doing so at base band frequencies (ii)
the small channel bandwidth does not allow for the removal of the DC offset by
AC coupling (as it is the case in UMTS receivers), and finally (iii) the superhet
has always a lower power consumption, as filtering is done on the IF using passive
filters, rather than using active filters at BB frequencies.

 Professional mobile radios (section 2.3) are high-performance devices with very high
linearity requirements, while cost is a minor issue.
 As has been described in section 2.5, the GPS signal is well below the noise floor
and needs to be amplified – despite the high coding gain – at RF and IF frequencies.
To the author’s knowledge, no GPS DCR has been reported so far. Two superhet
architectures are currently used: The double conversion receiver with 2 IF frequencies and the single conversion receiver with direct subsampling at the IF. Due to
its very low power consumption, the latter is used in Atmel’s ANTARISGPS chip
set, despite the high NF associated with the subsampling architecture [261].
 In UMTS, described in sections 2.2.4, DCRs dominate over the superhet in mobile
devices. Also the base station receiver, developed within the SCUBA framework,
uses DCR in order to down-convert 4 channels simultaneously (see Fig. 4).
 Due to the price war for WLAN (section 2.4) devices, most of the solutions on the
market use a DCR architecture, with a trend to an all-CMOS implementation.

Frequency mixers are key components in both superhets and DCRs. The first implementations used a single vacuum tube to realize oscillator, mixer and amplifier in a single
device (e.g. Armstrong [261]), a technique which is still applied using IMPATT or Gunn
diodes at sub-millimetre frequencies. Also the first transistor radio, the Regency TR1
used this approach in order to minimise the usage of the expensive Ge transistors [261].
In the next section we will have a look on the fundamentals of mixing operation, classify
mixers in non-linear and commutating devices and give some examples.

7.2

Mixing operation

Using simple trigonometric analysis, a frequency converter (”mixer”) analytically is often
treated to be a multiplier:
VIF = ARF · sin(2 · π · fRF · t) × ALO · cos(2 · π · fLO · t)
= ARF × ALO · [sin(2 · π · [fRF − fLO ] · t) + sin(2 · π · [fRF + fLO ] · t)]

(95)

An ideal mixer generates the difference and the sum of the input frequencies, while suppressing the input frequencies completely. In a down-conversion mixer, the sum of the
input frequencies, fRF + fLO , is usually easily suppressed by low-pass filtering. While
Eqn. 95 is a handy expression, it strictly only holds for frequency multipliers, where the
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output amplitude is proportional to the product of the input amplitudes. Such devices
do exist as products, but they suffer from a low conversion gain and a high noise figure
and are rarely used. Mixers, on the other hand, should be as ”linear” as possible in the
sense that doubling the amplitude of the input signal exactly doubles the amplitude of
the output frequency, but they should be insensitive to variations in LO amplitude in
order to get rid of both AM noise and amplitude variations of the VCO. Eqn. 95 therefore
can only give an indication of how a mixer works. The difference between a mixer and a
multiplier is graphically shown in Fig. 110.

7.3

Mixers utilising device nonlinearities

While a mixer should be linear in amplitude from RF to IF, it cannot be built upon a
single linear element, as a linear circuit cannot lead to frequency conversion. Therefore
frequency conversion is often referred to as being a nonlinear process, making use of the
nonlinear transfer function of a semiconductor device. This is true for a first kind of
mixer often used in the design of MMIC mixers at elevated frequencies, exploiting the
nonlinearities of Schottky diodes, MESFETs or HEMTs. Three-port device mixers as
shown in Fig. 112 have advantages over diode mixers here, including higher conversion
gain, wider dynamic range, and better isolation between the ports [266]. The cascode
MESFET mixer [267] as shown in Fig. 112, right, is suited for low frequency applications,
as it does not need passive couplers: The LO is usually fed to the gate of the upper
FET (or the 2nd gate of a dual-gate device) and the RF is fed to the gate of the lower
FET. The IF can be deduced from the drain. Fuente et al. reported high conversion
gain (13 dB) and high linearity (IIP3 = 7 dBm) along with 20 dB port-to-port isolation
for a 600 - 1800 MHz mixer with +7 dBm of LO drive using 0.5 µm × 300 µm GaAs
MESFETs [267]. NF and power consumption were not reported.

7.4

Switching mixers

A simple switching mixer has been proposed by Maas [65]: It consists of a single FET,
operated in resistive mode (VDS = 0). The LO is fed to the gate and switches the FET
ON and OFF periodically. RF is feed to the drain and at the same node the IF is deduced.
When the LO signal is ”high”, the FET provides a short circuit at the drain, when the LO
signal is ”low”, the FET is in its high impedance state. In the ideal case, the FET would
resemble a pure relay (0 Ω in ON state, no shunt capacitance in OFF mode). The circuit
can be operated single-ended and does not need any transformers or baluns. A GaAs
implementation for a 500 - 2500 MHz mixer reached 5.7 dB conversion loss, +24 dBm of
IIP3 and 6 dB of NF at a power consumption of 6 mA at 3 V [268]. As already pointed
out by Maas [65], the difficulty is in the realisation of the matching networks. As RF and
IF are both taken from the drain node, the mixer cannot provide isolation between them.
Maas recommends to provide a short circuit for the LO frequency at the drain, which
is difficult to realise as fLO ≈ fRF . Instead, following [268], we used a series resonant
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Figure 110: A multiplier multiplies two sinusoidal signals, RF (green) and LO (red),
whereas in an ideal mixer the RF signal is commutated with a rectangular LO signal
(blue), leading to lower conversion loss (-3.9 dBV versus of -6 dBV in this example)
and lower noise figure (RF = 1 GHz, LO = 0.9 GHz).

tank at the input, tuned to the RF frequency of (62 nH in series to 2.7 pF) and at the
output a parallel tank tuned to the LO frequency (1.5 pF in parallel to 100 nH) , in order
to block the 460 MHz LO frequency from reaching the IF port. At the IF frequency of
50 MHz, the parallel tank has the admittance of a 98.5 nH inductor, which is matched
to 50 MHz using a 100 pF capacitor. A 2-stage CMOS buffer was used to amplify the
LO input power (-5 dBm) into a rail-to-rail signal before being fed to the 16 × 0.35 µm
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Figure 111: Mixers may be classified into nonlinear and switching types.
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Figure 112: Three-terminal mixer based on MESFETs: Left: Gate mixer, centre:
drain mixer [266], right: cascode (or dual-gate) mixer [267].
× 20 µm NMOS transistor. For symmetry in gm , the inverter of the 1st LO buffer stage
uses a NMOS with 20 µm gate width and a PMOS with 40 µm gate width. The feedback
resistor biases the inverter close to VCC /2 so that a small LO input power is sufficient to
toggle it. The gate width was doubled in the 2nd buffer stage in order to drive the gate
of the 320 µm wide shunt NMOS. The mixer was realised using Atmel’s at46k technology
and the results are depicted in Fig. 114. The strong point of that circuit design is that
V CC

100 nH

RF
62 nH

2.7 pF
bond

IF

RF & IF

100 pF

N=2

N=4

N=1

N=2

1.5 pF
LO

LO

N=16

10k

Figure 113: Resistive FET mixer [65] applied to a 400 MHz PMR front-end. Left:
Filters and matching, right: core circuit.
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conversion gain [dB] and IIP3 [dBm]

it needs virtually no current (just the AC current needed to charge/dis-charge the MOS
transistors). Having a look on the simulated and measured results, however, the result is
disappointing (Fig. 114): The simulated IIP3 characteristics is not a smooth function of

10
5
simulated IIP3
simulated mixer gain
measured mixer gain

0
−5
−10
10

100

1000

gate width of shunt NMOS [µm]

Figure 114: Simulated vs. measured conversion loss and linearity for the resistive
FET mixer of Fig. 113 (fRF = 410 MHz, fLO = 460 MHz).
the switch’s gate width. The reason is a severe IIP3 asymmetry, which might be due to
convergence problems in the HB simulator. The measured conversion loss is 3 dB worse
than the simulation. As the circuit was extremely sensitive to the filter and matching
circuits, no further optimisation was done.

7.5

Commutating mixers

At RF frequencies, rather than using single-diode or 3-terminal mixers, commutating
mixers proved to be useful. The operational principle of a commutating mixer is shown in
Fig. 115: RF and LO signal are fed as balanced signals. During one alternation of the LO
IF+
RF+

RF−
IF−

Figure 115: Operational principle of a commutating mixer.
signal, RF+ is switched to IF+ and RF- is switched to IF-. During the next alternation
of the LO signal, RF+ is switched to IF- and RF- is switched to IF+. The result is
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displayed graphically in Fig. 110, bottom: Compared to a multiplier, the conversion gain
of a commutating mixer is higher and its noise figure is lower. Commutating mixers can
be both passive (using Schottky diodes or FET transistor as switches) or active. The
latter is based on Barrie Gilbert’s ingenious invention and is the heart of any modern
mobile phone.
7.5.1

Passive commutating mixer using Schottky Diodes

The commutating mixer shown in Fig. 115 is realised as a ring mixer as depicted in
Fig. 117, using either diodes or FET transistors. Both are reported to offer low noise
figure, low conversion loss (6-7 dB, respectively) and high linearity. A disadvantage of
these balanced circuits is that they need several broadband transformers, namely 2 for
the diode mixer (one of them centre-tapped to derive the single-ended IF) and 3 for
the FET mixer (for RF, LO, and IF port). In a diode mixer, Schottky diodes [269] are
used due to their high speed (see section 4.3). The penalty for the high linearity is that
commutating passive mixers need to be driven at a very high LO drive level: A level10 mixer requires +10 dBm of LO input power and typically delivers +20 dBm of IIP3 ,
which drops to typically +10 dBm of IIP3 for a level-7 mixer (+7 dBm of LO input power).
While these LO power levels are available in base stations, they are difficult to realize
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Figure 116: Conversion loss and IIP3 for commercially available passive ring mixers
with integrated transformers in the 0 - 2 GHz range (Source: MiniCircuits, Cougar,
wj communications, Peregrine).
in mobile terminals due to power consumption constraints and problems with crosstalk.
Therefore, this kind of mixer is typically used in base stations, as the high linearity and
high compression level allows to use a LNA with very high gain. Together with the 6 7 dB mixer NF, the NF of the receiver is mainly determined by the loss of the antenna
filter and by the LNA. For the PMR system as shown in table 3, even for the handset this
approach was chosen, as due to the very low channel spacing the jammers occur in-band.
Therefore the IIP3 of the mixer needs to be in the order of the LNA’s IIP3 (6 dBm) plus
the LNA gain (17 dB) minus the loss of the RX filter (≈ 3 dB) in order not to degrade
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the linearity of the overall system. As can bee seen from Fig. 116, left, a 6 dB conversion
loss is difficult to achieve. This is confirmed by a simulation with ideal transformers and
ideal diodes (no parasitic resistances and capacitances) which delivered a conversion loss
of 5.5 dB already. Adding device parasitics and transformer loss (0.5 - 1.0 dB for a wire
wound type at 400 - 800 MHz) allows for little margin. As the LO drive level was specified
to be 0 dBm for the PMR handset, a LO buffer amplifier needed to be integrated, in order
to reach an IIP3 of +20 dBm.
IF 1
IF
RF 1
LO

LO

RF 2

IF

single−ended
to differential
conversion
and limiting

single−ended

IF 2

to differential
conversion
and limiting

RF
RF

Figure 117: Ring mixers used in the 400 MHz and 800 MHz PMR front-end:
Left: Diode mixer, right: FET mixer.
The first TETRA/TETRAPOL design was a passive diode mixer using the Schottky
diodes available in the SiGe1 technology. As explained in section 4.3, they consist of
a TiSi Schottky contact (external base connection) on n-type silicon (collector layer).
These diodes have primarily been developed for use in power amplifiers with integrated
power detectors. Indeed, as shown in table 7, their threshold voltage is as low as 0.18 V,
which makes them suited for detector applications, but not ideal for mixing applications,
were diodes with medium or high barriers are required. The difficulty in designing the
LO buffer, which provides the necessary balanced drive to the diodes, is the very low
impedance of a diode so that a large amount of current is necessary to drive the diode
quad. A single-ended to balanced converter similar to Fig. 153, left, has been used,
followed by a differential, limiting pair and emitter followers with large bias current in
order not to clip the signal. The schematic is shown in Fig. 117, left. The wire wound,
centre-tapped balun which was used at the RF port was larger than the LNA/Mixer
IC itself. While the realised SiGe1-LNA had a good performance regarding NF and
linearity [270], the results of this mixer were poor: Consuming 9.2 mA of DC current
from a 3 V supply, the conversion loss was 8 dB and IIP3 was a disappointing +6.5 dBm
at 650 MHz RF frequency. As the optimum performance was reached at a LO power
of -8 dBm, the gain of the LO buffer was not the problem. However, when increasing
the supply voltage to 4 V, which increases the bias current from 9.2 mA to 15 mA, the
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conversion loss was improved to 6.5 dB [271]. We concluded that the current drive of
the diodes from the emitter followers was too low. In order not to increase the quiescent
DC current of the emitter follower, a push-pull stage as shown in Fig. 151 was used. In
addition, the models of the Schottky diodes themselves were improved (see section 4.3).
Simulations using this buffer showed that the conversion loss target could be reached
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Figure 118: Diode mixer with push-pull LO buffer. Left: conversion loss and IIP3
(2 MHz tone spacing), right: current through diodes.
using 100 . . . 200 µm diodes. The new model, however, predicted much lower linearity
than both the Atmel design-kit model and the specification. The required current just to
drive the diodes would have been more than 12 mA, which is twice what the specification
allowed for. Therefore we moved to a FET mixer design and switched from SiGe1 to the
at46k SiGe BiCMOS technology.
7.5.2

Passive commutating mixer using FET (NMOS) transistors

The 0.35 µm CMOS part allowed for the implementation of a quad-FET mixer as shown
in Fig. 117, right, and also helped us realising the low-gain state of the LNA (see Fig. 94).
The mixer uses a quad-FET ring mixer consisting of 4 NMOS transistors, 0.35 µm ×
150 µm each [65] (Fig. 117, right). The mixer’s RF is fed to the ring via a passive transformer. The transformer at the LO port is substituted by a high gain limiting amplifier
similar to Fig. 113: A differential BJT pair transforms the single-ended input (-10 dBm)
into a differential one which is subsequently amplified and limited by a balanced chain
of 3 NMOS/PMOS inverters with increasing MOS width. Due to the high impedance of
the FET gates a rail-to-rail signal at the LO port of the ring mixer is achieved with just
4 mA at 400 MHz and 6 mA at 800 MHz. While in the diode mixer the IF is derived at
the centre tap of the RF transformer, a 2nd transformer at the IF side is necessary for
the FET mixer. If a balanced IF filter is available, the signal can be routed to the IF IC
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in a balanced configuration, eliminating the need for this transformer. The layouts of the
ICs are shown in Fig. 7. As can be seen from Fig. 119, the measured linearity reached

Pout [dBm]

IIP3 = 20 dBm

fund.
3rd order

Pin [dBm]

Figure 119: Measured IIP3 of the FET mixer of Fig. 117, right [239].
+20 dBm in the first shot.

7.6

The Gilbert mixer: An active, commutating mixer

Systems integrated monolithically often use a topology called the Gilbert mixer, which
dates to the mid-1960’s [240, 241]. The Gilbert cell mixer is a commutating mixer, where
currents are commutated rather than voltages. The RF input stage transforms the input
voltage into currents which are then fed to the commutating unit and further to the IF
load. Due to this, the mixer exhibits conversion gain rather than the 6 - 8 dB conversion
loss of passive commutating mixers. This RF input stage, however, sets fundamental
limits to the attainable dynamic range. Furthermore, it does not provide an accurate
match to the source, so impedance-transformation methods are required. Usually resistor
or transistor current sources are used to bias the RF input stage. A transistor current
source with resistive series feedback requires a voltage drop of around 1 V, a resistor
current source can reduce that drop the several hundreds of mV. To further reduce this
voltage drop, in the design used for the IS-95 CDMA mixer in the American PCS band
(1930 MHz - 1990 MHz), the high impedance current source was replaced by an LC tank
Lt , Ct , resonating at 1.95 GHz. This allows for maximising the headroom for the IF tank
(L1 , C1 and L2 , C2 ) in order to achieve maximum linearity. The simplified schematic
is shown in Fig. 120. Inductive emitter degeneration La , Lb is used for the input stage
Q1 , Q2 in order to achieve a high linearity at low noise figure and to minimise voltage
drop. La , Lb are realized in form of a symmetrical, centre-tapped inductor (see Fig. 61,
section 5.17) The local oscillator is fed from pins Vlo , Vnlo to the switching quad Q3 - Q6
from a limiting buffer amplifier. Fig. 121 shows results of a harmonic-balance simulation
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Figure 120: Inductively degenerated Gilbert cell mixer with LC tank Lt , Ct as
current source.

for different LO drive levels, using a sinusoidal and a rectangular LO drive. It is evident
that the rectangular LO drive, at a given drive level, leads to lower noise figures and
higher gain than the sinusoidal LO drive. A value of 400 mVpp (100 mV single-ended
LO amplitude) is sufficient to achieve 16.5 dB of gain and 6.8 dB NF. This agrees well
with the measured values in Fig. 122. This shows that hard-switching with a minimum
cross-over time (where the four transistors of the switching-quad are balanced) is more
effective than using a sinusoidal LO. The mixer is driven from a single-ended RF source,
which is the SAW filter in the CDMA front end (see Fig. 11). The other port of the
emitter coupled pair is AC grounded by Cbl . A series inductor Lin is used to provide
impedance transformation to 50 Ω. The current source (LC tank) could also be placed
asymmetrically, e.g. at the emitter of Q2 . However, in that case the DC voltage drop
across the series resistance of La , Lb would lead to differences in base-emitter voltage for
Q1 and Q2 , which would be difficult to compensate. The measured values are shown in
Fig. 122 for VCC = 2.75 V, fLO = 1.75 GHz at -6 dBm and fIF = 200 MHz. Using 13 mA of
current (mainly in the mixer stage itself), a N=3:1 transformer at the output (450 Ω load)
and a high impedance LC tank, the mixer achieves a conversion gain at room temperature
of 16 dB with a NF of 7.0 - 7.5 dB which is in good agreement with the simulated values
in Fig. 121. The input-referred 3rd order interception point is an excellent +4 dBm,
which leads to an output-referred IP3 of +20 dBm. This is considerably higher than the
OIP3 of the commutation FET mixer (13 dBm) in Fig. 119. The noise figure of 7 dB is
comparable to a passive mixer (right).
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Figure 121: Conversion gain and NF of the Gilbert mixer show in Fig. 120.
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Figure 122: Left: Conversion gain and IIP3 of the CDMA mixer. Right: NF.
Therefore, active Gilbert cell mixers are widely used in portable devices like cellular and
corded phones, GPS receivers, and WLAN due to their ease of integration (requires just
BJTs or MOSFETs + passive components), the low LO drive requirements (400 mVpp ,
balanced) and the high conversion gain at moderate NF. The drawback compared to a
passive mixer is the lower input-referred IP3 , which limits the amount of LNA gain that
can be used in front of the mixer. This leads to a higher overall NF of the system.

7.7

Image rejection mixers

For low-cost applications like WLAN (see section 2.4), DCR or image reject (IR) mixers
are used in order to save an external RF SAW filter. A single mixer downconverts both
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the actual signal (RF) and its image, located at the opposite side of the LO frequency,
to the same IF frequency, thus making the signal information indistinguishable from any
interferers in the image band. In the presence of a weak image signal the signal quality
is deteriorated and a strong image can even completely overrun the signal. The imagereject mixer based on the Hartley architecture [272] is widely used in recently published
receivers, e.g. [27, 273, 274, 275]. It is a single-sideband mixer which downconverts the
RX signal and suppresses the signals at the image frequency to a certain extent. A high
image suppression relaxes the requirements on the RX filter. In an image-reject mixer the
signal is fed to two identical mixers, which in turn are driven by LO signals which are 90◦
out of phase39 . If the IF signals of one mixer are again shifted by 90◦ and added to the inphase IF signals in a summation amplifier, the image frequency is suppressed and the RX
signal doubled in amplitude. The weakness of the Hartley principle is in the difficulties
of the phase shifter implementation. To obtain an image suppression of 40 dB, a phase
error of only 1◦ or an amplitude imbalance of up to 0.1 dB can be tolerated [27]. External
90◦ hybrids in the IF path have been used in the literature [27], which is not acceptable
in a product due to the increased bill-of-materials. Polyphase RC - CR filters have been
used extensively to provide quadrature [27, 274, 276, 275]. Since the amplitude and phase
errors of 1-stage RC - CR filters are highly sensitive to absolute variations of the R and
C values, multi-stage polyphase filters with a loss of 6 dB per stage are required [273]. A
2-stage filter is a good compromise between conversion loss, phase accuracy and amplitude
balance versus RC variations [273, 275] (Fig.123).
I+

Q−

V in −
V in +

Q+

I−

Figure 123: 2-stage polyphase filter for quadrature generation.
While there is no alternative to the polyphase circuit in the IF (or RF) path due to linearity
considerations, this circuit is not the optimum solution for providing LO quadrature:
In order to obtain optimum performance, the polyphase filter needs to be driven by a
sinusoidal LO signal, however LO signals are usually square waves due to a limiting
39

Instead of providing quadrature in the LO path, the RF signals can be phase-shifted. Due to noise
figure and linearity considerations, this variant is rarely used, however.
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amplifier. In addition, the 12 dB conversion loss requires two completely identical buffer
amplifiers to boost the LO signals back to the 400 mVpp required to drive the Gilbert-cell
mixer (see section 7.6). Alternatively, quadrature VCOs have been used to obtain in-phase
and quadrature signals directly at the expense of a larger chip area and higher power
consumption [264, 277, 124, 278, 33]. Finally, frequency dividers can provide quadrature
while acting as limiting amplifiers at the same time. As this solution requires a VCO in the
range of 9 - 12 GHz for the WLAN radio, frequency doublers have been used to circumvent
this [27]. Frequency doublers, however, are known to produce even harmonics (besides
the target frequency) and DC offsets. As can be seen in Fig. 125, this has a detrimental
effect on the phase error. Furthermore, each frequency doubling process is associated with
an increase in close-in phase noise by 6 dB, which is another argument against this. The
circuit used in this thesis therefore consists of a fully integrated X-band VCO, a frequency
divider, a broadband modified Gilbert-cell mixer and a 2-stage polyphase filter in the IF
branch. The divide-by-two acts as a phase shifter and improves the close-in phase noise
by 6 dB, however for a fair comparison it needs to be noted that MMIC VCOs at higher
frequencies show inherently higher phase noise due to lower resonator Q and higher 1/f
noise of the faster transistors which are required. In order to cover the various WLAN
bands in Europe, Japan and the US, broadband operation was achieved by using a fully
integrated X-band VCO at 10 GHz in conjunction with a master-slave divider rather than
using a polyphase filter or a quadrature VCO for generating the 0◦ , 90◦ , 180◦ and 270◦
LO signals. While consuming less chip-area than competing solutions, we achieved an
excellent image suppression of 40 - 45 dB without any post-tuning. This values were
obtained by minimising the content of even harmonics in the VCO output spectrum.
The modified Gilbert mixer with a common-base input stage allows for a broadband RF
operation from 2.5 - 6 GHz at a low supply voltage of 3 V. The block diagram of the fully
integrated receiver is shown in Fig. 124.
0o

Vtune

:2

90o
2−stage
polyphase

180o
90o

buffer

IF
NIF

270o

RF

NRF

Figure 124: Block diagram of the 5 GHz WLAN receiver
The balanced X-band VCO is followed by a digital divide-by-two using master-slave flipflops realized in emitter-coupled logic to deliver the in-phase and quadrature signals while
providing amplitude limiting at the same time. IF phase shifting is done by a 2-stage
polyphase RC - CR filter centred at an IF of 500 MHz. A buffer amplifier allows the circuit
to be measured on-wafer in a 50 Ω environment. In Fig. 125 the process of quadrature
generation is depicted: While one flip-flop triggers on the rising edge of the input signal,
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the other triggers on the falling edge. What designers are often not aware of is the fact
that a phase difference of 90◦ can only be obtained, if the duty-cycle of the input signal
is exactly 50 %, which is equivalent to the absence of DC offsets and even harmonics in
the VCO signal.
Ideal input signal

time

FF1

0°

FF2

90°

Non−ideal input signal with DC offset

time

FF1

0°

FF2

83°

Figure 125: Input signals to the divider with a duty cycle of 50% lead to ideal
quadrature outputs (top), while signals containing even harmonics and DC offsets
(bottom) lead to phase errors.
While DC offsets may be removed by capacitive coupling, even harmonics can only be
suppressed by a balanced circuit design and a very symmetrical layout. The VCO itself
uses a standard capacitively cross-coupled topology [279] with a core current of 9 mA in
conjunction with a symmetrical, centre-tapped inductor and pn tuning diodes.
The IQ mixer in Fig. 126 is a modified version of the classical Gilbert-cell mixer [240]: In
order to achieve broadband operation and a constant input impedance versus frequency,
transistors Q1 − Q4 are operated in a common base configuration, blocked by capacitor
C1 . To minimise the external component count, resistive loads associated with a large
voltage drop have been used rather than an LC tank centred at the IF. In order to allow
for 3 V operation, headroom was gained by the use of an LC tank which is centred
at 5.5 GHz and acts as the current source. A symmetrical spiral was used in order to
minimise chip area. Q0 together with Q1 − Q4 form a current mirror, where the resistor
R0 compensates the resistive voltage drop in L1a , L1b . It is imperative to have as good
mutual matching between the two mixers as possible for achieving a high image reject
ratio. Therefore a common input stage was used for the I and Q mixer, which minimises
parasitic capacitances at the input, too. The exactly identical tail currents are then steered
to the individual switching quads using a current mode approach. As VBE matching is
essential for Q1 − Q4 , the HBTs are drawn very close to each other in the die layout
(Fig. 127). The mixer core consumes 8 mA from a 3 V supply.
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Figure 126: Simplified schematic of the IQ mixer using a common base input stage
and an LC current source.

Figure 127: The layout of the WLAN IR mixer (bottom left) with LO frequency
divider (top) and IF polyphase filter (right) is extremely compact and measures just
700 µm × 760 µm (including pads).
The measurements have been performed using on-wafer probes. In order to facilitate characterization, the VCO has been realized separately with its own output buffer (measuring
just 275 µm × 275 µm, excluding pads) and the divider was driven using a synthesizer
via a dedicated single-ended-to-differential amplifier. VCO measurements using a doublearrow 180◦ hybrid combiner showed that the critical 2nd harmonic is suppressed by more
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than 50 dBc. The tuning range of the VCO is 600 MHz and the output power is 2 dBm
and very uniform across a 6” wafer (Fig. 128). Mixer measurements have been performed
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Figure 128: Mapping the output power of the 10 GHz VCO across the wafer reveals
the high uniformity of the production-line SiGe technology.
using a VNA with frequency translation mode. The RF input was driven with by a 2 8 GHz double-arrow 180◦ hybrid combiner with a phase error of less than 5◦ . Sweeping the
IF frequency at a fixed LO frequency of 10 GHz / 2 using LO low-side injection showed
that the 2-stage polyphase filter is exactly centred at 500 MHz. An image suppression of
45 dB was achieved without any post tuning (Fig. 129). The image suppression is nearly
independent of the LO input power to the divider. The gain of the IR mixer including
the 12 dB loss of the polyphase filter ranges from 5 dB at fIF = 100 MHz to -5 dB at fIF
= 1000 MHz. Sweeping the RF frequency from 2.5 GHz to 6 GHz shows a very flat gain
response and an image suppression of more than 40 dB in the frequency range of interest
(4.9 - 5.5 GHz) (Fig. 129, right). The image rejection is therefore equal or better than
the 29 - 40 dB reported in literature (e.g. [274]). It is equal to the result of [275] which,
however, uses a 3-stage polyphase filter and operates at a much lower RF frequency of
700 MHz. We achieve comparable results like the work in [27] which uses an off-chip IF
hybrid and tuning in the LO phase shifters.

7.8

Mixer summary and conclusions

For high-volume applications requiring a high level of integration, the Gilbert mixer is
the optimum choice for a high linearity mixer. Using optimised circuit design techniques,
an output-referred IP3 of +20 dBm at 1.9 GHz has been reached with 16 dB of gain
(section 7.6). This OIP3 is considerably higher than the +13 dBm of the NMOSmixer
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Figure 129: Left: Conversion gain and image suppression versus IF frequency for
fLO = 10 GHz / 2. The polyphase filter is centred at an IF of 500 MHz. Right:
Conversion gain and image suppression versus RF frequency at an IF of 500 MHz.
(section 7.5.2). The drawback of the Gilbert mixer is, that only moderate system noise
figures can be achieved. The reason is not the noise figure of the mixer itself (which
reached an excellent value of 7 dB) but the limited amount of LNA gain that can be used
in order not to compress the mixer: According to the noise formula of cascaded networks,
an active mixer’s noise figure contributes more to the system noise figure compared to a
passive mixer that can tolerate a higher LNA gain due to its higher input-referred IP3 .
For special high-linearity applications like short-range automotive radar, the LNA is even
skipped and the antenna directly fed to the Gilbert mixer [280].
Image reject mixers have a higher noise figure but save cost as they do not require a SAW
or BAW filter for image suppression.
Passive mixers are used in high end applications like base stations, PMR terminals and
long-range automotive radar. At microwave frequency (e.g. in 24 or 77 GHz radar applications), the diode mixer frequency shows undefeated performance. These diodes, however,
use dedicated Silicon or GaAs Schottky processes. Integration of Schottky diodes into
a standard SiGe process was not successful, not even for a 400 MHz application (section 7.5.1). For this application, the NMOS mixer is the optimum choice due to the easy
integration into a standard CMOS process and the low LO power drive level requirements.
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Conclusion

This thesis was carried out at the Competence Center for Integrated Circuits at Ulm
University. It is a response to the high requirements in linearity of systems like UMTS,
CDMA, GPS, TETRA and WLAN compared to its predecessors and arises from the
demands for higher data rates and higher cell capacities. Several development projects
within the department targeted receive front-ends with high linearity. While the specifications varied slightly, the need of new design techniques was common to all these
projects. So rather than concentrating on one such system, this work reviews available
circuit architectures and linearization techniques and chooses the methods best suited for
each problem. All circuits have been designed using production line Silicon-Germanium
bipolar and BiCMOS processes of Atmel Heilbronn (now TELEFUNKEN Semiconductors [1]) and Atmel Colorado Springs.
Theoretical considerations, extensive simulations and measurements showed that SiGe
HBT technology – despite its exponential current-versus-voltage characteristics – offers
higher linearity than pHEMT at low current consumption. For a given supply current, the
most linear SiGe HBT LNA uses a single-stage cascode design with narrow band reactive
load and inductive series feedback. In order to achieve a high 3rd order intercept point
(IP3 ) in the two-tone test, the difference frequency (often called ’beat frequency’) needs
to be shorted properly. Different low-frequency termination techniques like broadband
source termination, LC trap networks, inductive bias networks and active bias networks
based on operational amplifiers have been evaluated and the optimum solution was chosen, depending on the application. For very narrowband applications, cancellation of
intermodulation products by using capacitive parallel feedback can be exploited, leading
to high IP3 . All realised LNAs have been benchmarked with published results and are
close to the theoretical optimum in linearity.
Both passive mixers and active Gilbert cell mixers have been optimised with respect to
linearity. For systems where the interferers appear out-of-band of the SAW filter between
LNA and mixer, an optimised Gilbert cell mixer is generally the best compromise in
system noise figure, linearity and power consumption. For systems with strong in-band
jammer (e.g. professional mobile radio terminals), a NMOS ring mixer with high peak-topeak LO drive shows high input-referred linearity and allows for high LNA gain resulting
in a very low system noise figure.
Accurate models of passive on-chip components were critical for the success of this work,
and therefore one chapter is dedicated to the characterization, simulation and modeling
of planar structures on Silicon. Starting from investigations for repeatable on-wafer calibrations and measurements, different 2.5D and 3D EM simulators have been evaluated
and it has been shown that a planar inductor on silicon is not a 2-dimensional electromagnetic problem: Accurate simulation results for inductance and quality factor can only
be obtained when taking into account current crowding effects between the metallisation
layers, modelling the current flow in their actual physical thickness. Choosing the correct
input parameters for the simulator is more important than selecting a special vendor’s
software. Different closed-form equations for inductance calculation have been evaluated
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and good agreement has been found, even for ’historic’ work. By that, scaleable inductor
models, accurate in both inductance and quality factor, have been derived for the SiGe1,
SiGe2-RF and SiGe2-Power design kits.
For the future, highly integrated RF CMOS tranceivers will dominate all mass-market applications, allowing for lower supply voltages (1.2 . . . 1.8 V instead of the 2.7 . . . 3.3 V used
in this thesis). SiGe HBT technology will find niche applications in front-end modules
and responds to this demand with higher device speeds (> 100 GHz) and lower parasitic
capacitances by improved isolation techniques, allowing for simple common emitter stages
instead of cascode designs used in this thesis. This niche applications, however, will not
enable sufficient volume for state-of-the art 8 inch SiGe HBT and SiGe BiCMOS wafer
fabs. Currently dominated by GaAs HBT and pHEMT technology, automotive radar at
22 - 29 GHz and 77 - 81 GHz (for short-range applications) and 76 - 77 GHz (for long-range
radars) will switch to SiGe HBT for cost and reliability reasons and higher integration
levels [280, 281, 282, 283]. Thus, automotive radar will be the next killer application for
SiGe HBT technology.
Frank J. Gruson, June 2010
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A NOISE FIGURE MEASUREMENTS
Method

Gain Method

Y Factor Method
(using Spectrum
Analyser)
Y Factor Method
(using a Noise
Figure Meter)

Suitable
applications
Very high
gain or
very high
NF
Wide range
of NF
Super low
NF

Advantage

Disadvantage

Easy setup, very accurate
at measuring very high NF,
suitable for any frequency
range
Can measure wide range
of NF at any frequency
regardless of gain
Convenient, very accurate
when measuring super low
NF (0 - 2 dB)

Limited by spectrum
analyzer’s noise floor.
Cannot handle DUTs
with low gain & NF.
When measuring
very high NF,
error could be large.
Expensive equipment,
frequency range
limited

Table 24: Three methods of measuring noise figure [285].

A
A.1

Noise figure measurements
General considerations

Although professional equipment for measuring noise figure is available since more than
50 years, NF measurements are still tedious and the result is often frustrating and unreproducible. J.C. Greene in his satirical article ”Noisemanship – The Art of Measuring
Noise Figures Nearly Independent of Device Performance” [284] already noted in 1961,
that noise figure measurements can yield very high values (e.g. when measuring NF on
competitor’s devices) or very low values (preferably when measuring your own devices).
In today’s competitive environment where NF differences of less than 0.1 dB decide about
a design win, Greene’s conclusions are true now more than ever. The following appendix
gives an overview about noise figure measurement techniques.
For measuring noise figure, there exist at least three methods [285] which are depicted
in table 24. All methods work for amplifiers, where input and output frequency are the
same, as well as for frequency translating devices like mixers. As the LO’s contribution
to the noise figure is not removable by any kind of calibration, it is very important to use
a generator of high spectral purity and low phase- and AM-noise (e.g. tube oscillator or
quartz-oscillator) [286]. For poor LO-generators, a narrow-band filter yields a significant
improvement.

A.2

The Gain Method

Noise factor F and noise figure NF contain the important information about the noise
performance of an RF system. The basic definition is [209]:

A.3 The Y Factor Method

[Total output noise power]
[Output noise power due to input source only]
NF = 10 · log (F )
F =
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(96)

The Gain Method – which requires just a frequency source and a spectrum analyser –
directly uses this definition:
 The noise power at the output Nout is measured.
 Assuming that the input noise is purely thermal noise, due to Brownian motion, the
available noise power of the input source is kB ×T ×∆f where kB = 1.38·10−23J/K is
Boltzmann’s constant, T the absolute temperature in Kelvin and ∆f the bandwidth
of the noise receiver (noise bandwidth in Hz). By definition, all noise figure values
are referred to T0 = 290 K = 16.8◦ C and thus the noise power density (per 1 Hz)
is -174 dBm/Hz. Adding the system gain we obtain the output noise power due to
the input source only.

Thus we have the following equation:
NF = 10 · log (F ) = Nout − [−174 dBm/Hz + 20 · log(BW ) + gain]
= NDout + 174 dBm/Hz − gain

(97)

if NDout is the measured noise density at the output per 1 Hz. To use the ”Gain Method”
to measure the noise figure, the gain of the DUT needs to be pre-determined. Then the
input of the DUT is terminated with the characteristic impedance (50 Ω for most RF
applications, 75 Ω for video/cable applications). Then the output noise power density is
measured with the noise marker of a spectrum analyser. The ”Gain Method” can cover
any frequency range covered by spectrum analyser. The biggest limitation comes from
the noise floor of the spectrum analyser: The low noise amplifiers developed in this work
feature noise figures between 0.5 and 2 dB with gains between 10 and 20 dB. This would
require the measurement of noise densities at the output of the DUT in the range of
-160. . .-150 dBm/Hz, which is below the noise floor of most spectrum analysers. The
”Gain Method” is therefore suited for systems with either high gain or high noise or both
(table 24).

A.3

The Y Factor Method

Due to the low noise figure of the devices realized in this thesis, noise figure measurements
are done using the Y-factor method [287], which uses a noise source with a known excess
noise ratio (ENR), typically an avalanche diode [209] followed by an attenuator. The
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ENR describes the difference in noise temperatures between ’hot’ (noise source ON) and
’cold’ (noise source OFF) [287, 288, 289, 285].
ENR(dB)



Th − Tc
= 10 · log
Tc



(98)

Using this technique, noise figure is measured by injecting an accurately known amplitude
of noise Th into the amplifier (DUT) and finally into a receiver (see Fig. 130). This is
compared with injecting ambient temperature noise Tc into the same setup.

Figure 130: Setup for RF noise measurements [290].
As the noise source in OFF state – due to the built-in attenuator – represents a pure 50 Ω
resistor, ENR is easily converted to noise spectral by the following equation [289]
− 174 dBm/Hz = 0 dB ENR

(99)

The ENR of the noise source is tabulated at spot frequency points throughout the specified
frequency range and is interpolated in between these frequency points. For the input noise
temperatures of Th and Tc , the measured output noise powers are referred to as Nh and
Nc , respectively. These two noise powers, when expressed as a ratio, represent the Y-factor
value given by
YF act =

Nh
Nc

(100)

The noise figure is then calculated by [285]
NF(dB) = ENR(dB) − 10 · log (YF act − 1)

(101)

In space applications, instead of NF often equivalent noise temperatures are given. Such
an equivalent input noise temperature Te can be assigned to the DUT via its (linear)
noise factor F using the equation
F =1+

Te
T0

with NFdB = 10 · log(F )

(102)

A.3 The Y Factor Method
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Automated equipment like the hp8970B noise figure meter or a spectrum analyser with
noise figure personality (see table 24) is available to record the Y-factor versus frequency,
to calculate the gain as well as F, Te and NF and to perform the 2nd stage error correction which corrects the measured noise temperature by the influence of the noise figure
equipment [288].
From Eqn. 101 it is evident that the accuracy of the noise figure measurement is only as
good as the accuracy of the calibrated ENR value of the noise source, specified by the
supplier with an error of ± 0.15 . . . ± 0.18 dB. The accuracy of the noise receiver for
measuring the ratio of the noise powers (Eqn. 100) can be as low as ± 0.05 dB [291, 292].
Each noise figure measurement is therefore associated with an unavoidable measurement
error in the order of at least ± 0.2 dB, which is mainly due to the uncertainty of the ENR
calibration data [287]. If the measurement was not done properly, the measurement error
can easily be higher. The following precautions are necessary:
 Spectrum analysers with noise figure personality may be used to measure noise
figures (see table 24, middle). While spectrum analysers are excellent devices to
cover a power range of 80 dB with medium accuracy, they are not optimised to
measure the ratio of two power levels with high accuracy. Agilent gives a total error
of 0.24 - 0.46 dB for its spectrum-analyser based NF measurement system (including
the ENR impreciseness of the noise diode) [293]. Noise figure analysers (see table 24,
bottom) like the hp8970B should be preferred over spectrum analysers, as they are
linearised and optimised for the limited power range of a noise figure measurement.
 The signals delivered by the noise source to the DUT are extremely small. To
prevent the DUT picking up interferers, the measurement environment needs to be
shielded by a Faraday cage against radiation from fluorescent lamps, computer and
measurement equipment, nearby basestations or TV and radio transmitters. Swept
measurements should be preferred over fixed frequency measurements in order to
identify such interferers.

One of the most important contributions to measurement accuracy is a good match (low
VSWR) between the noise source output and the device connected to it (DUT or test
setup) [290, 286], an error which becomes especially pronounced at noise figures below
6 dB (Fig. 3 in [287]). During measurement, a small amount of noise power is reflected
at the DUT input (or at the test setup during calibration) (see Fig. 131).

Figure 131: Reflected power during noise figure measurements [290].
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S21 and S12 [dB], return loss S11 [dB]

Some of this reflected power is reflected again at the noise source output with unpredictable phase, thus changing the measured power of the signal in an uncertain way. The
preferred setup for noise figure measurements at RF frequencies is shown in Fig. 130.
The isolator and preamplifier are added to reduce measurement uncertainty. An isolator
like the one shown in Fig. 132 reduces reflected power between the DUT and the test
setup and makes sure that the noise figure meter sees exactly the same impedance during
calibration (DUT removed) and NF measurement (DUT in place). This is vital when
removing the influence of isolator, preamplifier and noise figure meter during the 2nd
stage error correction. The preamplifier reduces the noise figure of the test setup. This
preamplifier is often integrated into the noise figure meter, but in the case of the hp8970B
has a noise figure of 6 - 9 dB. As isolators are inherently narrowband, for the wideband
case it is reported to replace the isolator with a low VSWR attenuator of approximately
6 to 10 dB [286]. This was not done in our measurements, as the attenuator results in an
increased NF of the measurement system, and therefore increases the influence of the 2nd
stage error correction. Instead, a low noise preamplifier with excellent wideband input
match S11 was designed (section A.4). The high reverse isolation of the device makes S11
insensitive against mismatch of the noise receiver (see figure 135).
0
−5
−10
−15
−20
−25
−30
−35

transmission S21
isolation S12

−40
−45
0.0

input return loss S11

0.5

1.0

1.5
2.0
2.5
frequency [GHz]

3.0

3.5

4.0

Figure 132: Due to the high isolation, isolators provide excellent input match
(>23 dB) independent of the output load, while attenuating the signal by as little as
0.3 dB (Ditom D3C0120 isolator, 1.7-2.0 GHz).
Noise sources are commonly available with nominal ENR values of 15 dB and 6 dB. In the
15 dB source, the raw ENR of the GaAs avalanche diode of typically 25 dB is attenuated
by 10 dB, in the 6 dB source by approximately 20 dB [289]. The 6 dB source therefore
shows a return loss of at least 40 dB, independent from the noise diode being ’on’ or ’off’.
This means that there is less difference in impedance between ’hot’ and ’cold ’ compared
to the 15 dB source. If the noise source changes impedance when turned on, the DUT
sees a different excess noise than is calibrated for the noise source [290]. Therefore it is

A.4 Improving measurement accuracy by a low-noise preamplifier
Expected
Noise Figure [dB]
0 to 10
10 to 20
20 to 35

Noise Source
Nominal ENR
5
10
15
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Typical NF
Uncertainty [dB]
± 0.24

Typical Gain
Uncertainty [dB]
± 0.83

± 0.41

± 0.83

Table 25: Rule of thumb for ENR versus expected noise figure of the DUT [289]
and typical measurement uncertainties of a commercial measurement setup (10 MHz3 GHz) [293].
necessary to use a 5 - 6 dB ENR noise source when measuring noise figures up to about
10 dB and particularly to minimise measurement uncertainties
 when the noise figure of the DUT is very low and the DUT is sensitive to changes
in source impedance (e.g. has a large equivalent noise resistance Rn ).

The use of a source with low ENR has the following advantages:
 Errors due to non-linearities within the noise figure meter are reduced, if the difference in noise power between hot and cold (Yf act ) at the instrument is lower (note
that Yf act − 1 is always lower than the ENR, see equation 101).
 Many automatic noise figure analysers switch attenuators in order to handle higher
noise power levels. This increases the NF of the measurement system and the
influence of the 2nd stage error correction will be more pronounced. With a low ENR
source the instrument will use less attenuation, resulting in a lower instrument noise
figure. The influence of the 2nd stage error correction will be lower, which reduces
measurement uncertainty (see table 25). Using a 15 dB noise source together with a
10 dB pad instead of a 5 - 6 dB noise source is possible [286], but the uncertainties
of ENR and pad attenuation sum up in this case.

A.4

Improving measurement accuracy by a low-noise preamplifier

The disadvantage of noise diodes with low ENR is that the noise signal might be too
low for the noise figure meter, especially if the DUT has a low amplification (e.g. the
TETRA/TETRAPOL LNA in low gain mode). In that case the noise figure meter cannot
choose the voltage swing to be in the optimum linearity range of its voltage detector as it
needs to switch its IF attenuators to the state with the lowest attenuation. To overcome
this problems, a broad band, low noise preamplifier for the hp8970B noise figure meter
has been designed under the following constraints:
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 The gain should be flat across the frequency range of 0.3 - 3 GHz.
 A good input match is required to allow for broad band measurements without using
isolators or at frequencies where isolators are difficult to get (e.g. < 800 MHz)
 In order to make this input match independent from the match of the noise figure
meter, a high reverse isolation is required so that S21 · S12  1. This in turn leads
to a stable amplifier with high Rollett factor, which is a desirable side effect.
 The noise figure should be well below the noise figure of the hp8970B (6. . .9 dB) in
order to lower the cascaded noise figure considerably.
 No attempt was made to optimise the large signal behaviour (P1 dB and IIP3 ).
> 3.5V

10 uF // 10 nF

1 uF

MAX8870
3V LDO

10 nF

regulated 3V supply

100 pF

39 Ω

270 Ω

18 Ω
RFout
100 pF

1000 Ω
RFin
16 pF

10 Ω

100 pF
0.4 nH

10 mA

5 mA

Figure 133: Broadband pre-amplifier for the hp8970B noise figure meter realized
using e-PHEMTs.
State-of-the-art 0.15 µm enhancement-mode, pseudomorphic GaAs HEMTs (e-pHEMTs)
available from Agilent Technologies with the type number ATF-551M4, housed in a thin
miniature leadless package with low lead inductances were used in the design, as the low
input capacitance of FETs allows for a broad-band design [294, 255, 87]. Resistive parallel
feedback was used in the first stage for achieving a good broadband input match. In order
not to deteriorate the low NF of the e-pHEMTs too much (NFmin = 0.41 dB @ 2 GHz for
10 mA and 2.7 V with 17.9 dB of associated gain), the feedback resistor was maximised
under the S11 constraint, resulting in a value of 1 kΩ at a 270 Ω load. Inductive source
degeneration of 0.4 nH, realized as a short line on the 0.5 mm thick RO4003 substrate,
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helped to move Γopt towards 50 Ω. The resulting low-pass behaviour was compensated
by a 2nd stage with high-pass characteristics. Excellent broad-band output match was
achieved by the 39 Ω load in conjunction with a 18 Ω series resistor (Fig. 133). This 2nd
stage does not use any parallel feedback in order to achieve the high reverse isolation. The
parallel feedback of the 1st stage together with the 270 Ω load sets the current to 10 mA
with a 3 V supply voltage. The second stage is DC coupled to the first stage and the
10 Ω source resistor reduces the current of this stage to 5 mA. The resulting amplifier was
realized using low-cost SMD components in 0402 size and packaged into a metal housing
(Fig. 134). The measured S-parameters show a flat gain of 22 dB, good reverse isolation
(47 dB up to 2 GHz) and good input and output return loss (Fig. 135).

Figure 134: The preamplifer is realized on RO4003 substrate and packaged into a
metal housing stuffed with either SMA or N-connectors.
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Figure 135: Measured S-parameters of the preamplifier: The circuit was optimised
for a flat gain and good input and output return loss. The good reverse isolation
makes the input return loss independent of the match of the following stage.
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25

2.5

20

2

15

1.5

10

1
gain (dB)

5

0.5

simulated gain

50 Ω noise figure (dB)

gain (dB)

Usually a high number of averages needs to be used when calibrating the noise figure
setup, as any jitter in the calibration step will add to the measurement uncertainty of
all subsequent measurements [293]. Therefore a long averaging time should be used for
calibration in order to reduce this source of uncertainty to a negligible level. As this
preamplifier (Fig. 134) reduces the noise figure of the measurement system from 6. . .9 dB
to just 1.2 dB, we got more repeatable NF results with a lower amount of averaging and
even for devices with low NF and low gain: According to Friis’ formula for cascaded
networks [75], due to the 1.2 dB NF of our measurement setup the influence onto the NF
of the DUT is small, so that errors due to the 2nd stage error correction do not play a
dominant role.

50 Ω NF (dB)
simulated NF

0
0

0.5

1

1.5
2
2.5
frequency (GHz)

0
3

3.5

4

Figure 136: The noise figure of the preamplifier is flat up to 2.5 GHz and is determined by the 1 kΩ feedback resistor of the first stage (see Fig. 133).

A.5

Example

The Scuba LNA with inductive biasing is one of the DUTs with the lowest NF in this
thesis. A set of measurements under different conditions has been made and plotted in
Fig. 137:
 The green and the red curve show measurements with two different calibrations and
using the preamplifier to the hp8970B NF meter as shown in Fig. 134. Due to the
high gain of the preamp, the influence of the second order correction performed in
the hp8970B is negligible and the curves are virtually identical.
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 The blue curve uses a calibration, where a 1.7 - 2.1 GHz isolator (Ditom D3C0120,
see Fig. 132) was inserted in between the DUT (Scuba LNA) and the preamp. This
improves the input return loss of the preamp from 10 dB to 23 dB. The results are
identical to the previous curves, as a return loss of 10 dB is already good enough,
especially for a DUT which has itself a high reverse isolation and the noise match
at the input is absolutely independent from the output. Note that this is not the
case for amplifiers with parallel feedback and hence bad S12 .
 Finally, the hp8970B was forced to perform its 3 calibration sweeps with IF gains of
+20 / +10 / 0 dB (the settings were +10 / 0 / -10 dB before, due to the high gain
of the preamplifier). Again there is no difference to the previous results, showing
the excellent linearity of hp8970B’s A/D converter.

1.40
NF, with preamp
NF, with preamp and isolator
NF, with preamp, fine
NF, with preamp, fine, 20/10/0 dB gain

1.35

50 Ω noise figure [dB]

1.30
1.25
1.20
1.15
1.10
1.05
1.00
0.95
1.6

1.7

1.8

1.9
2.0
2.1
frequency [GHz]

2.2

2.3

2.4

Figure 137: Scuba LNA V22, VCC =5V, 2.0 pF series cap at output. 10/0/-10 dB
IF gain in hp8970B if not otherwise stated.
This investigation shows that NF measurements can indeed be reproducible and accurate,
as long as some precautions are taken. It should be noted, however, that the absolute
accuracy of a NF measurement can never be better than the specified ENR error of the
noise diode used.
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B MEASURING INTERMODULATION DISTORTION PRODUCTS

Measuring intermodulation distortion products

B.1

Combining the sources

Linear amplifiers like the IS-98 LNA require an IIP3 of +10 dBm to be measured with
two input tones at -30 dBm, spaced by 900 kHz in frequency. According to Eqn. 12 this
requires a 3rd order intermodulation distance of 80 dB! While it is easy to simulate such
a scenario in a frequency domain simulator, it is a challenge for the measurement setup
to accomplish this. Aside from the dynamic range of the receiver (which is typically a
spectrum analyser), two very clean sources with very low spurious tones are required.
Combining such sources using a matched network is typically done using a star network
resistive combiner (see Fig. 138) [63, 295, 296].
Z0
3
Z0
3

Z0
3

Figure 138: Using a star combiner for combining two signal generators results in a
transmission loss of 6 dB and an isolation between the sources of 6 dB only.
Star combiners are broadband devices and ensure that the generators are correctly matched,
but they offer only very little isolation (6 dB) between the two signal generators: The
signal from the output of one signal generator will be injected into the output of the
other signal generator. The presence of the signal from one generator at the output of
a second generator will cause its output level to modulate [295]. If the beat frequency
(tone spacing) is within the signal generator’s Automatic Level Control (ALC) bandwidth
the signal generator will try to remove it by generating AM onto the desired signal, thus
cancelling the intermodulation caused by the foreign signal. This results in the signal
generator no longer producing a single signal at the required frequency, but also producing side bands (beat nodes) at an offset from this signal [63]. As this offset is equal to the
difference between the desired and unwanted signals this makes those ALC distortions
indistinguishable from intermodulation products that may be generated by the device
under test. There are several ways in which the test setup can be altered in order to
minimise these distortion problems:
 Isolation between the two sources can be enhanced by including an isolator between
the combiner and the signal generators. Adding only little to the transmission loss
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from the source to the combiner, it prevents signals being reflected back into the
sources [63]. These devices, however, are inherently narrowband and under certain
conditions they may generate their own intermodulation products.
 Reactive, hybrid combiners can be used in place of resistive combiners. The device
which was used in most of the measurements of this work was the ZESC-2-11 from
mini-circuits [297] (see Fig. 139). Due to its broadband nature, it is assumed that
this hybrid is based on transformers using ferrite cores similar to the 6 dB hybrids
presented in [295]. Despite of being a low-cost part, it offers significant advantages
over the star network of Fig. 138.
 As ferrites themselves show intermodulation at high input drive level, for amplifiers
with very high linearity they should be replaced by Wilkinson-type 3 dB splitters
based on air-core inductors [295] (for lower frequencies) or striplines (for higher
frequencies). The drawback of this devices is their limited bandwidth.
 For mixer testing, a low pass filter should be inserted between the combiner and
the device under test to reduce harmonic levels. Any harmonic distortion from the
mixer is indistinguishable from that of the generator [63, 295, 296].

B.2

Setting up the spectrum analyser

Spectrum analysers produce intermodulation products if operated incorrectly [63]. When
choosing a proper analyser, the intermodulation free dynamic range needs to be considered. As a rule, spectrum analysers are designed to operate at their best with -30. . .
-40 dBm at the analyser’s mixer input. This means that increasing the internal attenuation needs to be considered. As the attenuation level is increased so the noise floor
rises and potentially hides any intermodulation products. The measurement bandwidth
must therefore be reduced in order to reduce the noise floor [63]. As a quick check, if the
intermodulation product displayed by the analyser is real, its level relative to the carrier
will not be affected by slightly varying the input attenuation of the spectrum analyser.
When working with very low input levels, the input attenuation may be decreased. As the
mixer of the spectrum analyser typically is poorly matched, at least 6 dB of attenuation
is required to provide sufficient return loss to the DUT. This is especially true for the
narrow-band LNAs developed in this work, as their IP3 is very sensitive with respect to
changes in the load.

B.3

Using a frequency translating vector network analyser

From October 2002, a vector network analyser with frequency translation mode was available [298]. This allows to sweep the input frequency quickly over the frequency band, while
the analyser records one of the fundamental output tones and one of the intermodulation
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Figure 139: Hybrid combiners show transmission losses close to the theoretical value
of 3 dB. The isolation for this low-cost 0 - 2000 MHz part (ZESC-2-11) is better than
15 dB, provided that the common port is matched to better than 20 dB.
tones. Care needs to be taken to check that the worst case intermodulation distance is
used if the DUT shows some asymmetry here.
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C

On-wafer characterisation of inductors the measurement challenge

C.1

Getting the right contact

When performing on-wafer measurements, the biggest problem initially was to get adequate contact on the aluminium pads. This pads form a thin layer of naturally, insulating
aluminium oxide as soon as they are exposed to the atmosphere. Depending on how
much overtravel was used, the Picoprobe or Cascade air-coplanar probes slid on the pads,
leading to arbitrary values for the series resistance and the Q-factor in turn. While
the standard wafer probes are made from an alloy of beryllium and copper to provide
good electrical contact on gold pads, special probes existed with harder tungsten tips for
aluminium pads. Despite of the considerable higher price of these probes, the problem
remained the same, as tungsten also oxidises and the aluminium and aluminium oxide
accumulates on the probe tips after a few contacts, significantly increasing the contact
resistance and hence resulting in poor measurement repeatability. Finally, the pads of numerous wafers were electroplated with a thin layer of nickel gold to allow for good contact.
Now reproducible measurements were possible, leading to consistent results. In 2003, a
breakthrough in probe tip technology occurred, when Cascade Microtech announced a
series of wafer probes called ’Infinity probes’ [299]. The revolutionary feature of these
tips was that rather than scratching away the oxide, they puncture it by using very sharp
tips (12 × 12µm2) at the end of an otherwise blunt probe. This small size and the required
small overtravel minimises the damage to the aluminium pad. Claiming a typical contact resistance below 0.05 Ω on aluminium pads, they also allow to reduce the diameter
of the pads to below 40 µm, which reduces pad capacitance and hence the error when
de-embedding the pads from the DUT (see section C.3). In addition, the construction of
the coaxial-to-microstrip transition confines fringing fields more tightly than conventional
flexible coplanar tips. Better field confinement reduces unwanted coupling to nearby devices or other probe tips and thus allows to shrink the separation between individual
devices. As can be seen in Fig. 38, this new series of wafer probes, on non-plated pads,
delivered nearly the same Q-factor as a conventional probe on gold plated pads.

C.2

Influence of the coaxial calibration technique

Using my simplified ’Thru’ de-embedding technique, which is described in section C.3, I
compared 4 different types of full 2-port on-wafer calibration procedures which all led to
identical values for the inductance, but varied in the results for the quality factor Q (see
Fig. 140):
 SOLT-hp denotes the SOLT calibration procedure as built into Agilent’s hp8510C
vector network analyser. For the common SOLT (’Short’, ’Open’, ’Load’, ’Thru’)
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Figure 140: Four different calibration methods lead to four different values for the
Q factor. For 20 Ω·cm substrate (left) the differences are less pronounced compared
to the 1 kΩ·cm substrates shown on the right. Süss Microtec’s LRM+ calibration
yields the smoothest Q curves.
calibration [300, 301, 302] all of the standards must be fully known and specified [303]: The ’Open’ has a capacitance (often negative) and ’Short’ and ’Load’ are
inductive. It performs reasonably well if accurate models of calibration standards
can be determined, which is typically the case below 26 GHz. These parameters
are, however, subject to the exact placement of the probes onto the standards by
the operator, so reproducibility is the biggest problem of this technique. Another
problem arises, when the user designs its own calibration standards and needs to
determine the parasitic networks himself (Fig. 144). Nevertheless, the 8510’s SOLT
calibration was used in most of the measurements in this work, as more advanced
calibration software was not available before the final phase of this thesis.
 SOLT-sc refers to the same SOLT procedure, but coded in Süss Microtec’s SüssCal
software [304].
 LRM+ (’Line’, ’Reflect’, ’Match’) uses the same standards as SOLT, but does not
require a careful specification of the ’Short’ and the ’Open’ used as reflect standards [305]. The reflect itself just requires |S11 | = 1 and may be either an ’Open’ or
a ’Short’. LRM only requires the specification of the ’Thru’ delay and loss, and the
DC resistance of one ’load’ standard, which sets the impedance of the calibration
(in contrast, SOLT uses the impedance of the ’Thru’ to determine Z0 ). The result
is that LRM+ is less sensitive to probe standard overtravel. In addition it solves
the ”Ports Asymmetry” problem caused by the slightly different values of the two
laser-trimmed match (load) elements. LRM+ is the version as patented by Süss
Microtec. This calibration technique delivered the smoothest curves and shows a
good long-term stability of the calibrated VNA.
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 SOLR (’Short’, ’Open’, ’Load’, ’Reciprocal’) does not need any knowledge of the
’Thru’, except the fact that its reciprocal (S21 = S12 when driven with the same
port impedance) [306, 307]. This technique is especially useful if measurements are
performed with the probe tips oriented in an angle other than 180◦ .

Often standards are probed after the calibration is completed in order to verify the calibration quality. To ensure that one performs a calibration verification and not a connection
repeatability test, standards need to be used that are different from those used during the
calibration process [308]. For that purpose, 200 Ω shunt resistors have been realised on
lossy silicon within GSG on-wafer structures.
The most accurate on-wafer calibration method, the TRL calibration (a method by the
U. S. National Institute of Standards and Technology), was not used in this work, as
it uses multiple transmission lines as standards (e.g. three lines for a calibration from
2. . .18 GHz) and cannot perform measurements down to zero frequency. In addition, its
standards need to be on the same wafer as the DUT, which is difficult on silicon due to
the high transmission line losses [303, 305]. Calibrations techniques like LRRM [300] with
automatic load inductance calculation are beyond the scope of this thesis.
From Fig. 140 its hard to say which calibration is the best. SOLT shows different results,
depending whether SüssCal is used or the 8510C’s built-in routines. SüssCal’s LRM+
shows the smoothest Q-curve and thus has the lowest systematic errors. Anyway, the
lesson to be learnt here is that the quality factor cannot be determined more accurately
than ±10% for a 2 nH inductor on silicon, as it is influenced by the slightest changes
in S-parameters. This can also be seen in Fig. 141, where the frequency dependence of
the extracted series resistance is plotted, which is closely linked to the Q-factor. Above
the frequency of peak-Q, the behaviour of Rs is completely undetermined: SLR with the
lowest Q-value (Fig. 140) extracts the highest Rs (Fig. 141), SOLT as implemented in
SüssCal yields the highest Q-value and extracts the lowest Rs .

C.3

Pad removal techniques (de-embedding)

Prior to the extraction of the inductor’s equivalent circuit, the parasitic elements of both
pads and feed lines need to be subtracted from the measured inductor data, a procedure
often referred to as de-embedding (see Fig. 143). De-embedding is especially important
for small inductors and the associated error can be minimised by using the smallest pads
and shortest feed lines that can be realised practically. De-embedding usually starts
with stripping the pad parasitics from the device-under-test (DUT). As the pads are in
parallel to the inductor itself (see Fig. 142), the Y-parameters of the pads add to the
Y-parameters of inductor & feed line. Therefore, the pads can be removed by subtracting
the Y-parameters of the pads (measurement of an ’Open’ structure, which includes only
the pads) from the Y-parameters of the inductor measurement (including pads), a method
called pad removal [309]. The pads finally used for inductor characterization are a shrinked
version of the low-noise pads used in the LNA design of section 6 and are shielded to
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Figure 141: Frequency dependence of the extracted series resistance for 4 different
full 2-port calibration techniques.
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Figure 142: Pad removal and de-embedding of the feed lines.
ground with a silicided poly layer, giving a reactance which is purely capacitive and very
reproducible. This leads to better reproducibility in the subsequent de-embedding process.
Starting with 60 µm pads for the conventional probes (pad capacitances in the order of
Cpad,1 ≈ Cpad,2 = 40 fF), this value dropped to Cpad,1 ≈ Cpad,2 = 15 fF when the small
contact area of the ’Infinity’ on-wafer probes allowed to shrink the probe pads to 40 µm
in diameter40 . The crosstalk is usually extremely small (Ccross < 0.2 fF). To remove the
parasitics of the feed line, three methods exist:
1. After pad removal from the ’Thru’, the remainder is converted to Z-parameters.
40

This is a significant improvement in measurement accuracy, as the substrate capacitance of a 2 nH
inductor itself is in the order of 15 fF.
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Zthru is extracted and the Z-parameters of the inductor are obtained by
Zind

Zthru
×
= Z{ind−open} −
2

"

1 0
0 1

#

(103)

This method, however, assumes that the feed lines consist of inductance and series
resistance only and have no shunt networks.
2. To overcome this limitation, I invented a 1-step de-embedding method which disassembles the S-parameters of the ’Thru’ into a π-network, where the shunt elements
are the sum of pad capacitances Cpad,1 , Cpad,2 plus the shunt networks of the feed
line itself. These shunt networks of pads and ’Thru’ are then stripped from the
Y-parameters of the DUT in 1 step. The feed resistance and inductance are then
removed as in Eqn. 103. Note that this method requires just the knowledge of the
’Thru’ S-parameters. No measurement of an ’Open’ is required.
3. The mathematically correct method starts after pad removal and expresses the feed
line as a chain matrix [310, 311]:
v1 = v2 + Zthru · (−i2 )
i1 =
(−i2 )

(104)

The resulting A-matrix of the ’Thru’ is then
~~
A
thru =

"

1 Zthru
0
1

#

=

"

1 Zthru /2
0
1

#

×

"

1 Zthru /2
0
1

#

~~
~~
=A
thru/2 × Athru/2 (105)

In practice, A12 is 6= 0 due to the shunt networks of the feed line41 , but Eqn. 105
remains approximately valid if A12  A21 . The A-matrix of the inductor itself is
then obtained from the pad-removed A-matrix A{ind−open} according to
~~
~~ −1
~~
~~ −1
A
ind = Athru/2 × A{ind−open} × Athru/2

(106)

Due to the complexity of the matrix inversion and multiplication, this method has
not been implemented into our standard de-embedding software.
It is needless to say that the ’Thru’ structure needs to have exactly the same length
like the length of the feed lines of the inductors and needs to consist of the same metal
combination and width. It is convenient to lay out all inductors with the same length of
feed lines, which requires just one ’Thru’. However, the author has seen many test arrays,
where each inductor had its own ’Thru’ structure and each ’Thru’ structure was useless,
as it had the same pad distance between port 1 and port 2 as the inductor and thus was
much too long. A inductor de-embedded with the three techniques is shown in Fig. 144.
41

It can be shown that A12 ≈ 2 · Y , where Y is the shunt conductance of the π network of the ’Thru’.
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C.4

Wafer level calibration as an alternative to de-embedding

The alternative to the de-embedding procedure is to move the reference plane of the
calibration to the location where the DUT is located by means of an on-wafer calibration
with custom-built standards (see Fig. 143, right). This calibration can either be one of
the methods sketched in section C.2 or a dedicated technique which is more suited for
silicon calibration standards like TNA.
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Figure 143: On-wafer measurement configuration: (a) de-embedding of pad capacitance CP and feed elements (Lth , Rth ) after on-wafer calibration using an ISS. (b) An
on-wafer calibration using standards realised on silicon in the actual DUT environment eliminates the need for de-embedding (example: TNA calibration).
Several different de-embedding methods have been evaluated and the results are plotted in
Fig. 144: The following techniques did not require any de-embedding, as the system was
calibrated directly to the reference plane of the DUT (Fig. 143, right), using calibration
standards which are integrated as small lumped elements onto the silicon:
 SOLT calibration on silicon (purple curve), where 50 Ω resistors, ’Open’ and ’Short’
are realised on-wafer in test structures at the same location where the coil is connected (similar to Fig. 143, right). This makes de-embedding of pads and feed lines
obsolete, as it moves the reference plane directly to the coil itself. The drawback is
that the SOLT requires the exact knowledge of the parasitics of these cal standards
(see section C.2): The reference impedance is set to the value of the on-chip 50 Ω
device which is not well defined, as resistor values in a typical silicon process may
vary up to ±20 %, which reduces the return loss from -∞ to -19 dB. As inaccuracies in reference impedance translate directly into inductances, resistances and
capacitances, this technique lacks accuracy.
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 The blue curve shows an on-silicon calibration using Rohde & Schwarz’s patented
’Thru-Network-Attenuator’ (TNA or TAN) technique, built into its ZVX series of
vector network analysers. TNA is especially suited for planar circuits and uses
three two-ports as calibration elements, namely a reflectionless connection (’Thru’,
T), a reflectionless two-port (’Attenuator’, A) with unknown transmission coefficients (S21 between -5 dB and -55 dB) and a symmetrical two-port (’Network’, N)
with unknown S-parameters, but equal reflection coefficients at VNA test ports 1
and 2 [312, 313, 314, 315, 316]. A T-attenuator with 15 dB of attenuation has been
realised on silicon (Fig. 143, right). As TNA derives its reference impedance from
the attenuator, resistor inaccuracies result in a similar return loss error as in SOLT:
±20 % of resistor error reduces the return loss from -∞ to -20 dB, while the attenuation remains accurate within 0.1 dB. A ’Thru’ connection was realised by simply
connecting the feed lines of the inductors together. This results in the (required)
defined electrical length, which is simply ’zero’. For the ’Network’ standard any
arbitrary network may be used, just featuring reflection symmetry and a reflection
coefficient different from zero. The only information needed is the approximate
character of the reflecting network, i.e. if it is approximately ’Open’ or approximately ’Short’. In practice, already open cables or an open test fixture fulfils this
requirements and thus no standard is needed. We used two 200 Ω shunt resistors.
To check the calibration, 50 Ω shunt resistors have been probed. Unfortunately, due
to process and layout tolerances, the 15 dB pad showed a 42 Ω input impedance.
Therefore all S-Parameters had to be converted with a factor of 50/42 in order to
correct the results.
Regarding the standards required for a TNA calibration, the following advantages
can be pointed out:

1. Instead of 4 standards for the classical SOLT, just 3 standards are required
(in practice, just 2 standards are necessary, as the ’Network’ standard may be
realised by an open cable or test fixture). This way, a ’Short’ (which is not
used during calibration) may be used to verify the quality of the calibration.
2. Exact knowledge of the parasitics of the standards is not needed. For instance
the ’Network’ standard prevents the complicated design and description of a
’Short’ or an ’Open’. Therefore, the TNA calibration procedure makes it easy
to design calibration standards for special test fixtures and to verify the quality
of the calibration, as just 2 standards are required which are partially unknown.
This makes the TNA calibration ideally suited to avoid de-embedding procedures
on silicon.
Fig. 144 shows the results of two different measurement approaches. For comparison, the
following results have been measured using a VNA which was calibrated to the end of
the probe tips using a SOLT calibration (Fig. 143, left) and differed in the de-embedding
process:
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Figure 144: Different de-embedding techniques (see text).
 The green curves show a 2-step de-embedding which strips the pads using the Yfactor method (from a measurement of the ’Open’) and the feed lines (’Thru’) using
the A-matrix method. While curve (2) uses the full A-matrix, in curve (•) A12 –
which is 70 dB below A21 – was set to zero, resulting in a remarkable difference
in Q. Data are taken using a SOLT calibration using laser-trimmed standards on
an impedance standards substrate of type CS-190 from Cascade MicroTech (see
section C.2).
 4 refers to my 1-step de-embedding method, where the pad parasitics are taken
from the shunt networks of the ’Thru’ and stripped from the coil via Y-parameter
subtraction. The series network (feed inductance L=0.3 nH, series resistor R=0.3 Ω,
frequency dependent) are then extracted and stripped using Z-parameter subtraction. This methods requires just the S-Parameters of the ’Thru’ and no ’Open’
measurement is required. The result is identical to the analytically correct method
using A-matrices. Calibration is as above.
 2 refers to data from the same calibration, where the pads have been stripped using
’Open’-data. However, inductance and resistance of the feed lines were not stripped
using ’Thru’ data, but have been extracted from ’Short’ measurements. Note that
these data are identical to setting A12 = 0, as both methods neglect the shunt
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capacitance of the feed line (not visible in a ’Short’ measurement due to the low
impedance).

C.5

Choosing the right technique

Section C.2 compared different VNA error correction techniques, all using a calibration
referenced to the probe tips based on a ceramic ISS. Using such a calibration, in section C.3 the reference plane has been shifted to the DUT by using different de-embedding
techniques for pad-removal and feed line stripping. I found that a LRM+ calibration on
an ISS, followed by a simplified 1-step de-embedding using just a ’Thru’ measurement is
easier to use and more consistent compared to a two-step method where first the padcapacitances are extracted from an ’Open’ measurement and in a 2nd step inductance
and resistance of the feed lines from a ’Short’ or ’Thru’. This 1-step ’Thru’ de-embedding
technique resulted in virtually the same results for inductance and quality factor like
the mathematically correct treatment using the full transfer (A) matrix and needs only
one de-embedding structure (a ’Thru’ with exactly the same length as the feed lines of
the inductor). The often used 2-step ’Open/Short’ method resulted in substantial differences, as it neglects the shunt parasitics of the feed lines and thus attributes them to
the inductor itself, leading to a Q-factor being too small. The same error is introduced
by using the technique based on a transfer matrix with A12 = 0. More complex three
step de-embedding techniques have been described recently [317], but we believe that our
1-step ’Thru’ de-embedding technique is sufficiently accurate and at the same time easy
to use. Section C.4 compared ISS- and de-embedding-based approaches to 2 wafer-level
calibration techniques, which make de-embedding obsolete and avoid the errors being introduced by it. Compared to a SOLT wafer-level calibration, TNA is simple to use but
still suffers from generating an accurate reference impedance using commercially available
silicon processes and would require laser trimming for the resistors.

C.6

On-wafer characterisation of 3-ports

In section 5.17, symmetrical inductors have been optimised and models have been generated from EM simulated or measured 3-port S-parameters. To get 3-port inductors
by on-wafer measurements using a 2-port S-parameter test-set like the hp8510C, three
approaches can be used:
1. The balanced inductance and Q-factor can simply be obtained by connecting to port
1 and 2 and letting the 3rd port (ct) open. In this case, however, it is not possible
to extract the 3 substrate networks and the coupling factor k.
2. Each symmetrical inductor can be laid out 3 times:
(i) port 1 is terminated with an on-chip 50 Ω resistor and port 2 and port 3 are
routed to on-wafer probes.
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(ii) port 2 is terminated with an on-chip 50 Ω resistor and port 1 and port 3 are
routed to on-wafer probes.
(iii) port 3 is terminated with an on-chip 50 Ω resistor and port 1 and port 2 are
routed to on-wafer probes.
From the three 2-port measurements (2 x 2 matrices), the 3 x 3 matrix of the full
three port is constructed. As, for symmetry reasons, the results of (i) and (ii) should
be identical, two measurements need to be performed. As the parasitics of the 50 Ω
on-chip resistor cannot be de-embedded, it needs to be as perfect as possible.
3. The same procedure as in 2.) can be used, but the circuit is laid out as a three-port
and the unused port is terminated by a 3rd on-wafer probe with a coaxial 50 Ω
resistor connected to it. The drawback is that this approach can only be used at
low frequencies, where the parasitics of the 3rd on-wafer probe can be neglected.
Fig. 145 compares 3-port on-wafer measurements to EM simulations for three different
symmetrical inductors and gets reasonable agreement.
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Figure 145: Inductance (left) and quality factor Q (right) of symmetrical coils when
driven with balanced ports. Symbols: measurement, lines: EM-simulation.
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D

Details about the SiGe processes
technology

SiGe1
SiGe2-RF
SiGe2-Power
at46000
nonnonnonnonSIC SIC SIC SIC SIC
SIC
SIC
SIC
fT [GHz]
30
50
50
80
33
42
35
50
fmax [GHz]
50
50
90
90
90
90
50
50
BVCE0 [V]
6
3.5
4
2.5
6.3
4.5
5.0
3.0
BVCB0 [V]
15
12
11
9.5
16
15.5
16.8
10.1
current gain
180
250
180
180
base resistance [Ω/2]
1500
2200
1350
500
substrate [Ω · cm]
20 or 1000 20 or 1000
1000
19
device isolation
LOCOS
STI
STI
STI
minimum device [µm2 ]
0.8×1.2
0.5×1.2
0.5×1.2
0.8×1.6
number of metals
2 (opt. 3)
3
3
3 or 4 + TFI
metal pitch / spacing [µm]
5/3
3/–
3/–
1.33 / 0.49
tungsten plugs
no
no
yes
yes
inductor stackup
M12, M23
M23, M3
M123,M23,M3
TFI layer
fF
fF
metal-TiSi cap
1.1 µm2
opt., 1.1 µm2
no
yes1
fF
fF
fF
high-Q metal-metal cap
no
0.93 µm2
0.93 µm2
1.1 µm
2
varactor
option
option
option
hyperabrupt
LPNP
option
option
option
gated LPNP
NFmin @ 1.6 GHz [dB]
0.6 – 0.8
1.2 – 1.5
Rn @ 1.6 GHz [Ω]
6–8
12 – 15
1
double poly (1.9 f F/µm2 ) and MOS capacitors (4.0 f F/µm2 )
Table 26: Overview of the SiGe processes used in this thesis.
Table 26 shows an overview of the SiGe processes used in this thesis. Devices with selectively implanted collector (SIC) have higher speed (fT , fmax ) at the expense of reduced
breakdown voltage (BVCE0 for base at high impedance, BVCB0 for base at low impedance)
compared to non-SIC devices. LOCOS isolated technologies separate individual devices
by LOCal Oxidation of Silicon, while Shallow Trench Isolation (STI) is used in more
advanced processes. For the bipolar technologies, inductors are built by shunting several
metal layers in parallel (e.g. M123 for a parallel combination of metal 1, 2 &3). For the
BiCMOS technology, a separate Thin Film Inductor (TFI) layer exists. Lateral PNPs
(LPNPs) have been used for biasing in bipolar processes, where no PMOS transistors
existed. All data have been taken from [1, 99], except NFmin and Rn which have been
measured by the author for a device with 94µm2 emitter area (e.g. Fig. 17) at IC = 3 6 mA.
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E DETAILED SCHEMATICS AND BENCHMARKS

Detailed schematics and benchmarks

Throughout this thesis, circuits have been shown using simplified circuit schematics in
order to facilicate readability and make the main thoughts clear. This appendix lists
detailed schematics of selected circuits including all component values.

Figure 146: 1950 MHz LNA of the Scuba receiver (MPW-run MPW0603-SiGe1):
Top schematic (top), RF cascode (bottom), . . .

177

Figure 147: . . . bias network (top) and Widlar bandgap (bottom).
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Figure 148:
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800 MHz LNA of the TETRA/TETRAPOL receiver (MPW-run
at46018).

model

manufacturer
reference
technology
gain [dB]
50 Ω NF [dB]
IIP3 [dBm]
OIP3 [dBm]
current [mA]
supply voltage [V]

ATR0610
Atmel
this work
SiGe HBT
16.5
1.5
-3
+13.5
3
2.7 – 3.3

MAX2654
Maxim
[248]
SiGe HBT
15
1.5
-7.2
+7.8
5.8
2.7 – 5

BGA622
Infineon
[251]
SiGe HBT
15
1.0
0
+15
5.8
2.4 – 3.2

BGA615L7
BGA715L7 NJG1103F1 µPC8211TK
Infineon
Infineon
JRC
NEC
[233, 234, 235] [236, 237]
[318]
[252, 253]
SiGe HBT
SiGe HBT GaAs HBT
SiGe HBT
18.5
20
16
18.5
0.9 / 1.1
0.75
1.2
1.3
-4 / -1
-7
-4
-12
14.5 / 17.5
+13
+12
+6.5
5.6
3.3
3
3.5
1.5 – 3.6
2.7 – 3.3
2.5 – 4.5
3

Table 27: ATR0610 compared to other GPS HBT LNAs. ATR0610 is the optimum compromise with respect to power
consumption, bill-of-materials, NF, linearity and price.

model

manufacturer
technology
gain [dB]
50 Ω NF [dB]
IIP3 [dBm]
OIP3 [dBm]
current [mA]
supply voltage [V]
∗
at Vcc =5 V

ATR0610 MAAM-12022
MAAM-12021
AM50-0002
Atmel
M/A-COM
M/A-COM
M/A-COM
SiGe HBT
MESFET
MESFET
MESFET
16.5
14
20 (3V). . .21 (5V)
27
1.5
1.85
1.55
1.15
-3
–
-8 (3V). . .-2 (5V)
-14∗
+13
–
+12 (3V). . .+19 (5V)
+13∗
3
5
8
20
2.7 – 3.3
3–5
3–5
3–5
†
simulated values using ATF541 large signal model

ATF541
Agilent †
pHEMT
11.7 12.5
0.52 0.46
3.4 6.7
15.1 19.2
3.7 6.4
3.0

Table 28: ATR0610 GPS LNA compared to commercially available GaAs MESFET and pHEMT LNAs [319, 320,
321, 254].
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regulated

9.1 mA

3.0 V supply
(LDO)

L 2= 5.6nH
R 1= 30k

C b= 100pF

C 1= 100pF

RFin
L 1 = 12nH

R 2= 10k

C 2= 0.83pF

e−pHEMT
ATF551M4
R 0= 39

RFout

C 0= 1nF

Figure 149: GPS LNA using a discrete enhancement-mode pseudomorphic HEMT
transistor in common-source configuration with reactive LC output matching on a lowloss substrate, packaged in a metal housing (top). Biasing is via a high-impedance
resistive voltage divider at the gate and a resistor current source in the source leads,
which is bypassed at RF frequencies.
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Type
Author
Manufacturer
Technology
Package
Supply voltage [V]
Supply current [mA]
Gain [dB]
NF (50 Ω) [dB]
NFmin [dB]
Γopt
Rn [Ω]
P1dB , input [dBm]
IIP3 [dBm]
†
on-wafer

ATR7158
HG-DAT
MAX2648
this work
Erben [45]
[256]
Atmel
Atmel
Maxim
SiGe2-Power
SiGe1
SiGe GST-3
chip-on-board on-wafer
ChipScale
3
3
3
8
13.2
12
12 (13.5† )
15
16.2
1.65 (1.35† )
2.5
1.8
†
1.30
–
1.65
◦†
6
0.175 70
–
0.70 6 162◦
†
8.8
–
58.5
-11
-6
-11.1
0.5
–
0.1
version with smaller pad size

Table 29: Performance of the ATR7158 WLAN LNA at 5.5 GHz
compared to other SiGe HBT LNAs [45, 256, 257].

Author
Manufacturer
Technology
Package
Frequency [GHz]
Supply voltage [V]
Supply current [mA]
Gain [dB]
NF (50 Ω) [dB]

ATR7158
this work
Atmel
SiGe2-Power
chip-on-board
5.5
3
8
12 (13.5† )
1.65 (1.35† )

P1dB , input [dBm]
IIP3 [dBm]
†

Linten
Satou
et al. [258]
et al. [259]
IMEC
Fujitsu
90 nm CMOS 0.11 µm CMOS
on-wafer
on-wafer
5.5
5.3
1.2
1.2
8.1
10.4
13.3
17
3.0
1.6
(2.7 w/o ESD)
- 11
-11.5
–
0.5
-2.7
-8.8
on-wafer version with smaller pad size

Mohammadi
et al. [260]
Philips
0.18 µm CMOS
on-wafer
5.8
1.8
2.5
16.7
1.4
-15.6
-2.6

Table 30: Performance of the ATR7158 WLAN LNA compared to CMOS LNA
implementations [258, 259, 260].
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Figure 150: 4.9 - 5.9 GHz WLAN LNA (SiGe2-Power technology)
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Type
Author
Manufacturer
Technology
Package
Package
Supply voltage [V]
Supply current [mA]
Gain [dB]
NF (50 Ω) [dB]
P1dB , input [dBm]
IIP3 [dBm]

ATR7124
this work
Atmel
SiGe2-Power
chip-onboard
3
8
16.5
0.9
-12
–

BGA622
MAX2644
[251]
[262]
Infineon
Maxim
SiGe HBT
SiGe HBT
SOT343
6 SC70
+ SMD parts
2.75
3
5.8
7
12.7
17
1.15
2.0
-12.4
-13
≈3
-3

RF2373
[263]
RFMD
GaAs HBT
SOT
+ SMD parts
3.3
13
15
1.3
-3.5
9.5

Table 31: Performance of the 2.4 GHz part of the ATR7124 dual band WLAN LNA
compared to commercially available HBT LNAs.

VccLO

biasLO
4.5k Ω

1.2k Ω

4.5k Ω
400Ω
500Ω

1.2k Ω

400 Ω

500Ω

LOa
LOb

biasLO
1p

LOin

1p

2.5k Ω

1.5k Ω
5p

200 Ω

500 Ω
235uA

77uA

Figure 151:

600uA

200 Ω
600uA

6k Ω

1k Ω

75 Ω

15 Ω

440uA

2.3mA

1k Ω

15 Ω
2.3mA

Push pull buffer to drive the quad diode ring mixer of the
TETRA/TETRAPOL receiver (MPW0203-SiGe1).
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V CC

V out
V nout

V in

I

b

I

1

V CC

V out
V in

V nout

Figure 152: Standard single-ended to balanced (SE2D) limiting buffer amplifier
as used in the TETRA project (top) and variant with increased bandwidth (bottom) [322].
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V CC
RL
Q2
V in

V out

Q1

V nout
RE
I EF

V CC

V base

Q2

Q4

V out
V nout

V in

Q1

Q3

Figure 153: Simple, non-limiting, SE2D buffer amplifier as initially used in some
versions of the TETRA mixer at 800 MHz and below (left) and high-speed cascode
SE2D buffer used at frequencies of 5 GHz and above (right).
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Dimensioning spiral inductors

As shown in section 5.13, numerous EM simulations have shown that with the correct settings one can accurately predict the values of series inductance, series resistance and shunt
reactances. As the quality factor is very sensitive to slight changes in S-parameters, however, it is difficult to calculate using simulation, especially if interpolation techniques like
ABS or AFS are used. For the designer it is very important to chose for a given frequency
and inductance value the implementation with the highest quality factor. Therefore the
experimental data of Q have been fitted to the semi-empirical expression of Eqn. 107,
= 2 · π · RLS · f . The
where f denotes the frequency in GHz. For small frequencies, Q ≈ ω·L
RS
term ’β · f 2 ’ models the influence of both skin and proximity effect. In our case β varies
from 0.021 for a small inductor to 0.091 for an inductor with a very wide trace width of
20 µm. The term in the denominator models the influence of the substrate capacitance.
A least squares fit has shown that Qb only depends on the trace width (0.29 for w = 7µm)
and that α remains nearly constant at 1.39. The expression for α, β, Qb are given in
Eqn. 110 for inductors of type M23 and in Eqn. 113 for M3-type inductors.
Q1 = 2 · π ·

f − β · f2
LDC
· 109 ·
RDC
1 + Qb · f α

(107)

for spirals in M23
"

#−0.140 "

"

#0.729 "

"

#1.614 "

w
α = 1.388 ·
7 µm
w
β = 0.044 ·
7 µm
Qb

w
= 0.285 ·
7 µm

s
·
3 µm

s
·
3 µm
s
·
3 µm

#0.0708 

n
·
4.5

#0.277 

n
·
4.5

#−0.337 

0.949 "

ri
·
26 µm

1.755 "

n
·
4.5

ri
·
26 µm

#0.387

#0.873

−1.056 "

ri
·
26 µm

#−0.342

(108)
(109)
(110)

for spirals in M3
"

w
α = 1.358 ·
7 µm

#−0.032 "

#0.0556 

n
·
4.5

0.933 "

ri
·
26 µm

"

#0.489 "

#0.0218 

1.475 "

"

#1.844 "

#−0.961 

−1.882 "

w
β = 0.0445 ·
7 µm
Qb

s
·
3 µm

w
= 0.0776 ·
7 µm

s
·
3 µm
s
·
3 µm

n
·
4.5

n
·
4.5

ri
·
26 µm

#0.583

(111)

#0.573

(112)

ri
·
26 µm

#−0.574

(113)

Using equation 107, a simple VisualBasic program has been developed that calculates,
for a given inductance, technology and turn spacing, all reasonable geometries in terms
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0.1

frequency [GHz], log scale
1

10

single ended quality factor Q1

10
8
6
4
2

measured
fitted

0
0

5

10

15

20

frequency [GHz]
Figure 154: The single-ended quality factor Q1 fits perfectly to the semi-empirical
expression 107, both for low (logarithmic x-axis) and high frequencies (linear x-axis).
of (i) number of turns (ii) line width and (iii) inner radius. At the chosen frequency, all
Q factors are listed as well so that the circuit designer can easily identify the geometry
with the highest Q-factor and a reasonable area consumption.
Using the algorithm for inductance calculation from Mohan et al. [163] which we found
to be extremely accurate for Atmel’s round spiral inductors, a tool was developed that
searches for all possible geometrical combinations of conductor width, conductor spacing,
number of turns and inner radius that yield a given inductance and sorts them for highest
Q or lowest outer diameter. Equations 107, 110, and 113 of chapter 5 have been used to
calculate the quality factor at a given frequency.
We found this tool to be useful for the first dimensioning of a spiral inductor when a
circuit is started from scratch. Its clear, however, that this tool cannot substitute the
full, scaleable equivalent circuit models developed in section 5.15 which include frequency
dependent resistive and capacitive losses.
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Figure 155: This tool developed within this thesis, searches for all possible geometrical combinations that yield a given inductance and sorts them for highest Q or
lowest outer diameter.

189

G

Glossary of terms

Acronym
1G
2G
3G

Explanation
1st generation mobile technology (analogue)
2nd generation mobile technology
3rd generation mobile technology

A
AC
AC coupling
ADS
ALC
AM
AMPS
APCO
AWGN

Emitter area of a transistor
Alternate Current
Transmission of →RF or →IF signals via a coupling capacitor
Advanced Design System
Automatic Level Control
Amplitude Modulation
Advanced Mobile Phone System (→1G analogue standard in the US)
Association of Public Safety Communications Officials International
Average White Gaussian Noise

BAW
β
BER
BiCMOS
BJT
BL
BOM
BPSK
BW

Electromechanical filters using piezoelectric Bulk-Acoustic-Wave technology
Current gain of a bipolar transistor
Bit Error Rate
semiconductor process using → bipolar and → CMOS transistors
Bipolar Junction Transistor
Buried Layer
Bill Of Materials
Binary Phase Shift Keying
Bandwidth

CCK
CDMA
cdmaOne

Complementary Code Keying
Code Division Multiple Access
IS-95 standard-based CDMA system (→2G),
deployed mainly in USA and Asia
cdmaOne derivative, accepted as →3G standard
Complementary →MOS transistors (NMOS and PMOS)
Chemical-Mechanical-Polishing
Chip-on-board mounting of a bare →die onto a →PCB
ChipScalePackage: Package having barely larger dimension than
the semiconductor →die
Chemical Vapour Deposition: Technique to deposit a chemical species
from a gaseous mixture (for example silicon from silane = SiH4 )

cdma2000
CMOS
CMP
COB
CSP
CVD
DCR

Direct-conversion receiver
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Die
DUT
DQPSK
DSSS
Diplexer

Piece of semiconductor containing the IC after separating the wafer
Device Under Test
Differential →QPSK
Direct Sequence Spread Spectrum
Device that allows bi-directional (duplex) communication over a
single channel

Early
EF
EGNOS
ESD
ETSI

Voltage, that models the influence of collector voltage on collector current
in a → BJT
Emitter follower
European Geostationary Navigation Overlay System (overlay to → GPS)
ElectroStatic Discharge
European Telecommunications Standards Institute

FBAR
FDD
FDMA
FER
FET
FFT
FIR
FM
fmax
fT
FSK

Filters using thin-Film-Bulk-Acoustic-Resonance technology
Frequency Division Duplex
Frequency Division Multiple Access system
Frame error rate
Field Effect Transistors
Fast Fourier Transformation
Finite Impulse Response filter
Frequency Modulation
Maximum frequency of oscillation, where the power gain drops to ’1’
Transient frequency of the device, where the current gain drops to ’1’
Frequency Shift Keying

Γopt
GaAs
GDSII

Source impedance for optimum noise performance
Gallium-Arsenide
Database file format which is the de facto industry standard for
data exchange of IC layout artwork
Global Positioning System
Transconductance of a transistor
→MSK with Gaussian filtering
Global System for Mobile Communication, worldwide →2G standard

GPS
gm
GMSK
GSM
HBT
HBM
HEMT
hF E
HPSK
HiperLAN
HR

Heterojunction Bipolar Transistor
Human Body Model (impact of →ESD of the human body onto an IC)
High Electron Mobility Transistor
Current gain of a transistor
Hybrid Phase Shift Keying
High Performance Radio LAN, specified by →ETSI
high-resistivity
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IC
IF
IIP3
IM
IP3
I/Q
IS-95
ISS

Integrated Circuit
Intermediate Frequency
→ IP3 , referred to the input of an amplifier
Intermodulation distortion
3rd order intercept point
In phase / Quadrature
Interim Standard for US →CDMA (→2G standard)
Impedance Standard Substrate

ln
LNA
LRM
LO
log

Natural logarithm to the base of e
Low Noise Amplifier
On-wafer calibration using ’Line’, ’Reflect’, ’Match’
Local Oscillator
Logarithm to be base of 10

MIC
MLF
MMIC
MOS

Millimeter wave Integrated Circuit
MicroLeadFrame package, leadless package similar to the → QFN package
Monolithic Millimeter wave Integrated Circuit
Metal-Oxide-Semiconductor transistor using a metallic gate
isolated by a thin oxide layer to control current flow in a lateral way
Method of Moments
Multi Project Wafer run
→FSK with a phase shift of ±π/2

MoM
MPW
MSK
NF
NFmin
NMT
NPN

Noise Figure
minimum Noise Figure
Nordic Mobile phone Technology, →1G standard
deployed in Scandinavia and Eastern Europe
Bipolar transistor with np/pn junctions

OFDM
OIP3
OPA
OVSF

Orthogonal Frequency Division Multiplexing
→ IP3 , referred to the output of an amplifier
Operational amplifier
Orthogonal Variable Spreading Function

PCB
PMR
PNP
PSD
PSK
PTAT
PTFE

Printed Circuit Board
Professional Mobile Radio
Bipolar transistor with pn/np junctions
Power Spectral Density
Phase Shift Keying
Proportional To Absolute Temperature
PolyTetra-Fluor-Ethylen

Q

Quality factor of an inductor
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QAM
QFN
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QPSK

Quadrature Amplitude Modulation
Quad Flat-pack No-lead package: Leadless package similar to the
→ MLF package
Quadrature Phase Shift Keying

ρ
RF
RFIC
RIE

Specific resistance in units of [Ω · cm] or [Ω · m]. ρ = 1/σ
Radio Frequency
Radio Frequency Integrated Circuit
Reactive Ion Etching

σ
SAW

Conductivity in units of [S/m]. σ = 1/ρ
Electromechanical filters using piezoelectric Surface-Acoustic-Wave
technology
Simple Gummel Poon model for bipolar transistors
Single-Ended to Differential converter
Silicon-Germanium alloy
Surface Mount Device
On-wafer calibration procedure using ’Short’, ’Open’, ’Load’, ’Thru’
Simulation Program with Integrated Circuits Emphasis
Self Resonance Frequency
Shallow Trench Isolation, technique to isolate active devices on the wafer
from each other

SGP
SE2D
SiGe
SMD
SOLT
SPICE
SRF
STI
T
TAN
TDD
TDMA
TETRA
TIA
TIA
TNA
TSSOP

Absolute temperature in Kelvin
→ TNA
Time Division Duplex
Time Division Multiple Access
TErestrial Trunked RAdio (formerly ’Trans-European Trunked RAdio’)
Telecommunications Industry Association
Transimpedance Amplifier
On-wafer calibration using ’Thru’, ’Network’, ’Attentator’
Thin Shrink Small Outline Package

UMTS

Universal Mobile Telephone System (→3G →W-CDMA standard)

U-NII
VNA
VSWR
Vth
WCDMA
WLAN

Unlicensed National Information Infrastructure bands (USA)
Vector Network Analyser
Voltage Standing Wave Ratio
Thermal voltage q · T /kB (25.4mV at room temperature)

Wideband →CDMA, →3G proposal
Wireless Local Area Networks (license exempt system for data
transmission)
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List of symbols
Acronym
A
A
β
C
c0
dB
δ
∆
Eb
R
0
f
fT
fmax
ν
gm
Γopt
h
I
i
=[ ]
j
j0
K
k
kB
κ
µ0
L
N
N
nH
NF

Explanation
Ampere or Area
chain parameter
current gain
capacitance
speed of light in vacuum
Decibel
differential operator
difference operator or matrix determinant
energy per data bit
relative permittivity
dielectric contant or vacuum permittivity
0 = 1/(µ0 · c2 ) = 8.854187817... · 10−12 A·s/(V·m)
absolute frequency
maximum transient frequency (current gain = 0 dB)
maximum oscillation frequency (power gain = 0dB)
frequency offset with respect to a carrier
out
transconductance gm = δI
δVin
generator impedance to achieve minimum noise figure NFmin
hybrid parameter (h21 = small signal current gain β)
large-signal current
small-signal current
imaginary part
√
−1
current densitiy per area
Kelvin
Rollet´s stability factor
Boltzmann constant (kB = 1.3806504 · 10−23 J/K)
coupling factor between two inductors
magnetic constant or vacuum permeability
= 4 π 10−7 N/A2 = 1.2566370614... · 10−6 H/m
inductance
number of turns
noise power
nano Henry
noise figure
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NFmin
ω
Ω
P
q
Q
ρ
<[ ]
R
r
S
s
s
σ
t
t
T
V
V
v
Vth
w
Y
y
Z
z
ζ

minimum noise figure
2 πf
Ohms
power
elementary charge (1.602176487 · 10−19 coulombs)
quality factor
specific resistance in units of [Ω · cm]
real part
resistance
radius
scattering parameter
scattering parameter (normalized to Z0 )
spacing
specific conductance in units of [S/m] (σ = 100/ρ)
thickness
time
absolute temperature
Volt
large-signal voltage
small-signal voltage
T
thermal voltage (Vth = kB cot
= 25mV at T=295K)
q
width
admittance parameter
admittance parameter (normalized to Z0 )
impedance parameter
impedance parameter (normalized to Z0 )
fill ratio of a coil
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