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1 Introduction

1.1 Millimeter-wave automotive radars

Autonomous driving promises safe and efficient cars in the very near future.
While car manufacturers and tech companies all over the world feed the hype
of the self-driving car, a tremendous development in advanced driver assistance
systems (ADAS) can be seen. Adaptive cruise control, lane change assist, or
advanced emergency braking are some examples of the features that are cur-
rently employed not only in top level cars. Belonging to the level 2 or lower of
the Society of Automotive Engineers (SAE) guidelines for driving automation
systems, ADAS can be seen as the fundamental technology to move towards
higher level of automation [1].

Typically, a number of different sensors are employed in those systems, such
as radar, camera, and lidar. In particular, radar sensors play a significant role
due to their robustness against harsh weather conditions [2], like for example
fog, darkness, or severe sun dazzle. Two frequency ranges have been assigned
to radar sensors for automotive applications. The first one goes from 76 GHz
to 77 GHz, while the second one has been set between 77 GHz and 81 GHz [3].
Automotive radars hence fully belong to the mm-wave range. Thanks to the
short wavelength, automotive radar sensors show compact dimensions, and this
makes particularly easy the integration in the car.

Automotive radar sensors can measure the distance, the velocity, and the
angular position of the surrounding targets. According to their function, the
radar sensors that are currently on the market are usually categorized as long-
range radars (LRR), mid-range radars (MRR) and short-range radars (SRR).
Typically, LRRs have a narrow beam, they can measure distances up to 200 m,
and they are usually employed for example for adaptive cruise control. They
exploit generally the 76 GHz–77 GHz frequency range. On the other hand,
SRRs work in the next assigned frequency band to fully benefit from the larger
bandwidth to achieve a better distance resolution, required for example for
parking aid functions [2]. Finally, MRRs can be used not only for adaptive
cruise control, although with a shorter detection range compared to LRRs, but
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1 Introduction

also for lane change assist or rear cross-traffic alert, since they are able to
correctly detect targets around the vehicle or in the driver’s blind spot [4].

To address the future requirements of highly automated driving and au-
tonomous driving, today’s automotive radar sensors performance need to be
improved. Higher resolution radar images are required, in order to correctly
identify for example the contour and the orientation of the surrounding vehi-
cles [5]. Moreover, a reliable and robust detection of the relevant targets, and in
particular the detection of vulnerable road users such as cyclists or pedestrians,
must be still further developed.

In the following, some critical issues that still need further attention and
development will be addressed.

The antenna system is a crucial component of the radar sensor. To keep
low the production costs and to achieve compact sensor dimensions, the most
common choice at the moment is the use of planar antenna arrays, in most
of the cases microstrip arrays. However, the limited bandwidth typical of
microstrip antennas [6], the fabrication inaccuracies of printed circuit board
(PCB) technology, which become more striking at mm-wave frequencies, and
the requirements to cover also the frequency range from 77 GHz to 81 GHz
make the antenna design challenging. A tolerance-optimized antenna design is
required [6], that is to say, an antenna design that offers stable radiation per-
formances in the whole assigned frequency range, and that it is robust against
the unavoidable fabrication errors.

Increasing the angular resolution is also a key point for the future develop-
ment of automotive radars. It is well-known from the antenna array theory
that the angular resolution is strictly related to the array aperture. The larger
the array, the better the resolution, but at the costs of an increase in sensor
dimensions. In automotive applications the estimation of the angular position
of a target is usually done with digital beamforming (DBF) on the receiver side,
since the mechanical scanning of the antenna array or the use of phase shifters
are not cost-effective solutions at mm-wave frequencies [3]. The current trend
to increase the angular separation capability is to combine the use of the DBF
with a multiple-input multiple-output (MIMO) radar system, which naturally
extends the array aperture — and thus improves the angular resolution — with
additional virtual antenna elements [7], while keeping compact the physical di-
mensions of the antenna system. The angular resolution and sidelobe level
constraints typically translate into some strict specifications of the virtual ar-
ray. As a consequence, the virtual array synthesis becomes an important step
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1.1 Millimeter-wave automotive radars

to successfully fulfill the antenna system requirements.
Car manufacturers usually hide the mm-wave radar sensors in the car, for

instance behind the front and rear bumper, so that the radars do not mod-
ify the appearance of the vehicle. The sensor integration is still nowadays a
widely underestimated problem, that will become even more significant with
the increase of the number of radar sensors employed in a single vehicle. The
mounting location behind the bumpers brings a number of related problems.
Indeed, a bumper is not designed for the sensor integration or to satisfy partic-
ular electromagnetic requirements [8]. The bumper must only obey to safety
and aesthetic demands. As a result, a car fascia can significantly degrade the
sensor performance. In particular, it can lead to large errors in the estimation
of the angular position of the target.

To avoid the problems related to radar-vehicle integration, some car models
present an opening in the grille to expose the radar, like in the example of
Fig. 1.1. However, since the hidden integration is by far the preferred solu-
tion by the car industry, especially because of the increasing number of radar
sensors employed in a car, it is important to deeper understand the problem
of the radar-vehicle integration and to eventually propose efficient integration
solutions. Indeed, one of the big advantages of mm-wave radars compared to
other sensor technologies is their potential capability to be placed easily and
invisibly in a car [10], and it thus relevant to fully exploit it.

Fig. 1.1: Opening in the grille for placing the radar highlighted by the orange
rectangle. Picture reprinted with permission from [9].
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1 Introduction

1.2 Goal and outline

This thesis deals with the design and development of mm-wave antenna systems
for automotive radar applications, that provide the necessary robustness to be
successfully integrated in a vehicle and to cope with the increased angular
resolution potentiality offered by MIMO radars. In particular, to achieve these
goals the main contributions of this thesis are the following:

• development of single-layer wideband microstrip antennas to increase the
robustness of the antenna system against the fabrication inaccuracies
while keeping at the same time low production costs and fabrication
complexity;

• development of an optimization algorithm to define the antenna posi-
tions within a MIMO radar. The novelty of this approach resides in
the use of a suitable cost function that can take the angular resolution
requirements into account;

• development of customized microstrip arrays to improve the radar-vehicle
integration and consequently reduce the errors when estimating the an-
gular position of a target.

The work is organized around this three main goals in seven chapters as fol-
lows. After this introduction, Chapter 2 aims to address first of all some basic
concepts that will be further required by the following chapters. It briefly offers
an overview of the state of the art of mm-wave planar antenna arrays suitable
for automotive radar applications. Afterward, it introduces the antenna sys-
tem requirements and some useful assessment criteria to evaluate the antenna
performance, in particular with respect to the problem of the estimation of the
target angular position. In addition, the problems related to the radar-vehicle
integration are analyzed in details, and their impact on the radar performance
is shown. This chapter shows that when the radar sensor is installed behind
the bumper, multiple reflections occur between the bumper and the radar itself.
Those multiple reflections are then responsible for errors in the estimation of
the target position.

The design of an antenna system suitable for a MIMO radar configuration
and the issue of the virtual array synthesis have been addressed by Chapter 3.
After reviewing some MIMO radar fundamentals, the chapter focuses on the
development of antenna configurations with the help of a genetic algorithm,
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1.2 Goal and outline

so that the MIMO virtual array can satisfy the given requirements. Moreover,
the optimization algorithm has been generalized towards the design of mm-
wave conformal MIMO radars, which promise to extend the area that could be
illuminated by a radar sensor to detect a target.

Chapter 4 provides the design of wideband mm-wave patch arrays as a tol-
erance-optimized antenna solution for mm-wave radars. After comparing two
different promising antenna designs, the one that offers a more stable perfor-
mance over the whole frequency range of interest has been further developed
into an 8-element array. The antenna array has been fabricated and tested. The
measurement results are presented and compared with the full-wave simulation
results.

A new solution to the problem of the radar-vehicle integration has been
addressed by the Chapters 5 and 6. Since the bumper design cannot be
in general adapted to the radar sensor needs, a customized antenna design
has been proposed here. In particular, the solution introduced by this work,
i.e., the design of an antenna array with low radar cross-section (RCS), aims to
reduce the amount of power reflected back by the sensor towards the bumper to
mitigate the problem of the multiple reflections. The approach followed in this
thesis is completely independent of the actual bumper design and properties,
and it gives the radar sensor the required flexibility to operate successfully after
the vehicle integration.

First, Chapter 5 gives some fundamentals about the properties of receiving
antennas as basic step for the development of a low-RCS antenna. Since the low-
RCS antenna design is based on the principle of operation of some chessboard-
like metasurfaces proposed in the microwave community in the last years, their
principle of operation is reviewed in details, and a low-RCS chessboard-like
surface is designed and tested at mm-wave frequencies as a proof of concept.

Chapter 6 investigates the low-RCS antenna design with simulation and
measurement results. Different fabricated prototypes are shown and analyzed.
Lastly, a low-RCS antenna system is integrated in a mm-wave MIMO radar
sensor, and radar measurements have been taken to estimate the angular posi-
tion of the target. The results are compared with those of a standard mm-wave
MIMO radar sensor not equipped with low-RCS antennas to demonstrated how
the proposed approach can successfully improve the radar-vehicle integration.

Chapter 7 draws the conclusion and summarizes the main outcomes of this
thesis.
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2 Millimeter-wave antenna arrays for automotive
radars

This chapter provides background information of paramount importance to
understand the following of this work.

First of all, an overview of the state-of-art antenna technology for mm-wave
automotive radar applications is given. The main design challenges are pre-
sented. The technology limitations introduced in this section will be then
faced by the microstrip antenna designs presented in Chapter 4.

Fundamental metrics to describe the estimation of the angular position of a
target using radar systems are given afterward. The concept of the ambiguity
function is introduced, which will be further used in Chapter 3 in the cost func-
tion of the optimization algorithm used for generating MIMO radar antenna
configurations.

Finally, the problem of the integration of the radar sensor in the vehicle
is described in detail. This is the basis for understanding the results of the
low-RCS antenna arrays of the Chapters 5 and 6.

2.1 State of the art of mm-wave antenna arrays in PCB
technology

The significant market penetration of mm-wave automotive radars even in the
middle- and low-class automobile segments is mainly related to the relatively
cheap cost of production and to the small size of the sensors, which makes easy
the integration in the car. Silicon-germanium (SiGe) monolithic microwave
integrated circuits (MMIC) for the generation of the high frequency signal [11]
and single PCB antenna array design [12] are the most common choices to
keep low both the complexity and the production cost of the sensor. A typical
example of such a radar sensor is presented in [13]. In this case, columns of
series-fed patch arrays are used as transmitting and receiving antennas. For
LRR applications, where a high gain and a narrow beamwidth are required,
single patch antennas can also feed a lens antenna, as described in [14].
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2 Millimeter-wave antenna arrays for automotive radars

Standard PCB etching technology assures low production costs, however, sig-
nificant drawbacks arise at mm-wave frequencies, and they will be here briefly
described.

First of all, the most typical substrate materials are not designed, and there-
fore not characterized, for the frequency range of interest. A deviation from the
nominal value of permittivity is thus highly likely; for example, for PTFE-based
(Polytetrafluoroethylene) laminates, a deviation up to 5% has been experimen-
tally verified at 77 GHz [15].

Second, standard PCB fabrication offers usually an etching tolerance in the
range of 15 µm to 20 µm. Such inaccuracies might affect significantly the an-
tenna design due to the small wavelength. For example, by assuming an ef-
fective permittivity of 2.25, the wavelength in the medium would be equal to
𝜆𝑔=2.59 mm at 77 GHz. As a result, an error of 20 µm in the fabrication is close
to 0.8% of the guided wavelength, which might cause in turn a shift of more
than 0.6 GHz with respect to the center frequency. By recalling the relative
small bandwidth assigned to automotive radar applications, it is easy to under-
stand the potential strong impact of the fabrication inaccuracies on the radar
performance. Moreover, for an effective permittivity of 2.25 and a substrate
thickness of 127 µm, line widths down to 0.1 mm are commonly used. Also in
this case it is straightforward to notice the significance of the etching tolerances
with regards to the typical trace widths.

As mentioned in Chapter 1, tolerance-optimized antenna array designs are
hence required [6] to give the sensor the necessary robustness against fabrication
errors. Moreover, another typical restriction of PCB technology at mm-wave
frequencies is the minimum trace (or slot) width. It depends on the substrate
copper cladding, and for standard high-frequency laminates and the usual fab-
rication processes the minimum width is in the range of 90 µm to 100 µm, which
can pose quite strict limitations on the antenna design.

Multilayer PCB configurations can provide appealing extra degrees of free-
dom in the array design, especially to increase the usable bandwidth, but they
also lead to an additional source of error, i.e., the interlayer misalignment.
Furthermore, the design complexity of the MMIC-to-PCB transition increases
for multilayer PCBs. For all these reasons, they are not often employed in
commercial applications.

To avoid the problems related to the use of PCB multilayers, hybrid mul-
tilayer antenna arrays have been recently proposed [12], where a single layer
PCB is combined with thin films attached to it. However, similarly to multi-
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2.1 State of the art of mm-wave antenna arrays in PCB technology

layer PCB, the alignment must be done very precisely, and in [12] the thin-film
positioning has been carried out using a die bonder.

To overcome the limitations of the PCB technology, alternative approaches
have been proposed. Low-temperature co-fired ceramic (LTCC) technology
gained a particular interest in the last two decades. It offers highly integrated
designs and conductor widths or spacings down to 50 µm [16]. Two different 79-
GHz radar sensors for automotive radar applications with antennas developed
on LTCC have been presented in [17,18]. The high relative permittivity usually
not smaller than 𝜀𝑟=6 typical of LTCC makes however the antenna design
quite challenging, since it reduces the bandwidth and the radiation efficiency.
Additionally, during the design process the typical material shrinkage should
be taken into account [19]. Finally, the main disadvantage of LTCC technology
is still the high production costs compared to standard PCB process, almost
independent from volume and miniaturization [20].

Another interesting fabrication technology that can offer highly integrated
solutions and small spacings between metal traces close the one of LTCC is the
high density interconnect (HDI) PCB1. The costs are still significantly higher
than simple single layer PCB configurations, but in the future they could po-
tentially decrease hence offering more degrees of freedom in the antenna design.
A promising mm-wave planar antenna configuration using such a technology
has been presented recently in [21].

However, at the moment it can be concluded that for the reliable series
development of antennas for automotive radar applications in the 77-GHz fre-
quency range, there are no realistic alternatives to standard single-layer PCB
technology.

To cope with the aforementioned technological limitations, a robust antenna
design is needed. This means to develop first a radiating element, and then
an antenna array, that still provides an acceptable performance, although the
unavoidable fabrication inaccuracies or substrate uncertainties. A robust an-
tenna design can be translated into the development of wideband arrays, where
stable performance, in terms of both input impedance matching and radiation
pattern properties, can be achieved on a relatively large bandwidth.

As it will be further explained in Chapter 4, this work proposes the use of
wideband patch antenna arrays as a tolerance-optimized array design suitable
for mm-wave automotive radar applications.

1Also known as high resolution multilayer PCB or any-layer PCB.
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2 Millimeter-wave antenna arrays for automotive radars

2.2 Antenna requirements and assessment criteria

The antenna array is a fundamental component of the radar system. Since
the array performance significantly affects the ability of the radar to correctly
detect the targets, it is essential to define some requirements and assessment
criteria that can clearly describe the relationship between array design and
radar performance.

It is well known that the main antenna (or array) parameters are usually
the impedance matching in the frequency range of interest, i.e., the reflection
coefficient |𝑠11|, the radiation pattern in the two main cuts, i.e., in the E- and
H-plane, and the realized antenna gain.

For automotive radar applications additional criteria can also be introduced.
Modern mm-wave radars use normally more than one channel to get angular
information of the target in addition to its range and velocity [2]. Typically,
the target angle estimation is carried out after the range-Doppler processing,
and it is necessary in particular to separate targets that share the same range-
Doppler bin. For example, by taking into account a fast-FMCW2 (frequency-
modulated continuous-wave) radar, after receiving the delayed version of the
transmitted chirps and down converting them, the signal can be sampled by
an analog-to-digital converter (ADC). To estimate the range-Doppler matrix, a
two-dimensional fast Fourier transform (FFT) is then used. At this point, the
range-Doppler bin of the target of interest can be identified. The complex values
generated by the FFT can be then given as input to the further processing
required for the direction-of-arrival (DoA) estimation.

Since it is carried out after the range-Doppler processing, the estimation of
the angular direction is independent of the radar waveform and modulation
scheme [23], while it is strictly related to the antenna system properties, in par-
ticular to the number of receiving channels and the receiving array geometry.
The angular resolution becomes in particular a key requirement of the system
with respect to DoA estimation purposes. A unique widely accepted definition
of the angular resolution is not available. The angular resolution depicts the
ability of the radar sensor to resolve the angular distance of two closely spaced
targets. It depends on the beamwidth of the antenna system, which is inversely
proportional to the antenna array aperture. In the literature different defini-
tions of the beamwidth, and consequently of the angular resolution, can be
found:

2Also known as chirp-sequence radar [22].
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2.2 Antenna requirements and assessment criteria

• the beamwidth and the angular resolution Δ𝜓 can be given by the sep-
aration between first nulls in the beam pattern [24];

• the beamwidth and the angular resolution Δ𝜓 can be defined as a 3-dB
beamwidth (half-power beamwidth) [24];

• the angular resolution Δ𝜓 (in radians) is given by the Rayleigh crite-
rion [25], well known from optics, which relates the angular resolution
Δ𝜓 (in radians) to the separation between the main beam and the first
null as

Δ𝜓 = 1.22𝜆0

𝑑𝑣
, (2.2.1)

where 𝑑𝑣 is aperture of the array and 𝜆0 the free-space wavelength. Al-
though named after Lord Rayleigh, (2.2.1) depends on the diameter of
the Airy disk in the case of Fraunhofer diffraction from a circular aper-
ture [26]. The position of the null is given by the first zero of the Bessel
function of the first kind of order one 𝐽1(𝑢) [26].

Depending on the radar application, on of the above presented definitions of
angular resolution can be employed. In many mm-wave radar applications, the
Rayleigh criterion is used to describe the resolution properties of the antenna
array [2].

For the sake of completeness, it is also convenient to define the angular
accuracy 𝛿𝜓 (also in radians) [27]

𝛿𝜓 = Δ𝜓√
2 SNR

, (2.2.2)

where SNR is the signal-to-noise ratio of the radar system.
The antenna requirements essentially depend on the sensor type specification.

For example, the 3-dB beamwidth in azimuth (or elevation) is different for LRR,
MRR, or SRR applications [27]. Indeed, while LRR needs a focused and narrow
beam to have a good angular resolution, an SRR has a significantly wider beam
in azimuth, and even in elevation shows a doubled 3-dB beamwidth compared
to LRR and MRR, since the angular resolution is not a critical parameter for
this application. Typical angular resolution values for LRR sensors are 1∘ to
4∘ for distances larger than 150 m [6,28], while the beamwidth of MRR sensors
can be around 20∘ for 60 m distance [4]. On the other hand, SRRs have stricter
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2 Millimeter-wave antenna arrays for automotive radars

requirements on the range resolution, which is inversely proportional to the
bandwidth of the radar system. A larger bandwidth of the radiating element
is thus in this case beneficial. The range resolution can reach values equal to
or lower than 0.1 m [27,29].

For DoA-estimation problems (also called angle-of-arrival estimation, AoA),
an unambiguous estimation of the angular position of the target is a fundamen-
tal requirement. The term ambiguity describes the inability of an antenna array
to uniquely distinguish the DoA of the signal reflected by a target. The ambi-
guity in the DoA estimation is equivalent to the presence of grating lobes in the
beam pattern of the receiving array. This concept can be formally described
by introducing the so called ambiguity function (AF) [30].

Before presenting the signal model to mathematically describe the AF, it is
convenient first of all to define the reference system used in this work. It can
be seen in Fig. 2.1. Let 𝑃 be the location of the target expressed in spherical
coordinates as 𝑃 (𝑟, 𝜓, 𝜗). The angular position can be specified in particular
with the azimuth and elevation angles 𝜓 and 𝜗. This work focuses only on the
azimuth plane, and the DoA estimation problem aims to find the direction of
the target indicated by 𝜓.

𝑥

𝑦

𝑧

𝑃 (𝑟, 𝜓, 𝜗)

𝜓

𝜗

Elevation

Azimuth

Fig. 2.1: Spherical coordinate system to represent the target position 𝑃 as a
function of the distance 𝑟, the azimuth angle 𝜓, and the elevation
angle 𝜗.
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𝜓

𝑥

𝑦

1 2 3 𝑀
...

Fig. 2.2: Arrangement of the 𝑀 elements of the arbitrary-spaced linear array
along the 𝑥-axis.

To this purpose, consider an arbitrary antenna array with 𝑀 elements placed
on a one-dimensional lattice along the 𝑥-axis as depicted in Fig. 2.2. It is also
assumed that the target illuminated by the radar is in the far-field of the
array. Due to this assumption plane waves propagate, and the directions of
propagation of the incoming signals (the azimuth angle 𝜓 drawn in Fig. 2.2)
are the same for each element of the array. According to this reference system,
the angle 𝜓 is defined in the range

[︀
−90∘, 90∘]︀

with 0∘ being the boresight or
normal direction. In the ideal case of isotropic radiators, the steering vector of
the array associated to the direction 𝜓 is given by

s(𝜓) =

⎛
⎜⎝

e j𝛽0𝑥1 sin(𝜓)
...

e j𝛽0𝑥𝑀 sin(𝜓)

⎞
⎟⎠ , (2.2.3)

where 𝛽0 = 2𝜋
𝜆0

is the phase constant, with 𝜆0 being the free-space wavelength.
The symbol 𝑥𝑘 describes the position of the array element with 𝑘=1, . . . ,𝑀 .
The phase shifts in (2.2.3) are thus only related to the difference in sensor
positions; in other words, the signal received by every array element is the
same except for the different propagation delays [31].

Then, according to [30] the AF is defined as

𝜒(𝜓𝑖, 𝜓𝑗) =
⃒⃒
s𝐻(𝜓𝑖) · s(𝜓𝑗)

⃒⃒

‖ s(𝜓𝑖) ‖‖ s(𝜓𝑗) ‖ , (2.2.4)

where the symbol (·)𝐻 denotes the conjugate transpose (Hermitian) vector and
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2 Millimeter-wave antenna arrays for automotive radars

‖ · ‖ the 𝐿2-norm. Due to the presence of the absolute value at the numerator,
the function 𝜒(𝜓𝑖, 𝜓𝑗) gets values between 0 and 1. Without taking the absolute
value of the numerator, the definition of the AF would be equal to the cosine
similarity between the vectors s(𝜓𝑖) and s(𝜓𝑗), which is always within the
range −1 to +1 [32].

The AF describes how similar the steering vectors are for the directions 𝜓𝑖
and 𝜓𝑗 . In other words, this equation evaluates basically the normalized au-
tocorrelation of the steering vector at the angles 𝜓𝑖 and 𝜓𝑗

3. The correlation
reaches the maximum, i.e., 1, when it is not possible to distinguish the value
s(𝜓𝑖) from s(𝜓𝑗). This must be of course true when 𝜓𝑖 = 𝜓𝑗 , but if it happens
for 𝜓𝑖 ̸= 𝜓𝑗 , it causes an ambiguity in the DoA [33]. To take into account
the complex radiation pattern of a realistic radiating element instead of the
isotropic radiator, the steering vector in (2.2.4) can be multiplied by the com-
plex radiation pattern 𝐶(𝜓) [34].

The above defined AF is also called type I [30] or first order array ambiguity
function [34], since it is assumed that one incident signal impinges on the array,
or, in other words, a single target scenario is assumed. This is however not
a limiting assumption since in many practical cases a single target occupies a
specific range-Doppler bin. As stated in [35], it is anyway not uncommon that
two targets share the same range-Doppler bin and need to be separated by
identifying their DoA. When the two targets are well separated, namely when
their angular separation is larger than the beamwidth of the beamformer [36],
the single target theory and techniques can still be applied to find the target

3The cross-correlation, or auto-correlation, with zero lag of two signals, or of the signal
with itself, is equal to the inner product, whenever the integral and the inner product
are well-defined. Given two functions 𝑓(𝑥) and 𝑔(𝑥), the cross-correlation with lag 𝜏 is
defined as

(𝑓 ⋆ 𝑔)(𝜏) def=
+∞ˆ

−∞

𝑓*(𝑥) 𝑔(𝑥 + 𝜏) d𝑥 ,

where 𝑓* is the complex conjugate of 𝑓 . If 𝜏=0, then the previous equation is identical
to the definition of inner product:

⟨𝑓, 𝑔⟩ def=
+∞ˆ

−∞

𝑓*(𝑥) 𝑔(𝑥) d𝑥 .

Similar conclusions can be drawn for discrete functions.

14



2.2 Antenna requirements and assessment criteria

directions. If the angular separation between the target is smaller than the
beamwidth, then super-resolution approaches are required [36], but they are
beyond the scope of this thesis.

By plotting the AF it is possible to describe the resolution and ambiguity
properties of the array. They depend on the geometrical displacement and
number 𝑁 of the elements in the array, as it can be seen from the definition of
s(𝜓) in (2.2.3). Indeed, as already known from the antenna theory, the number
of elements in an array and the distance between them affect the presence of
grating lobes and their positions. The grating lobes have the same amplitude as
the main lobe [24], namely they introduce an angular ambiguity. The ambiguity
function is usually represented as a three-dimensional surface, where the 𝑥- and
𝑦-coordinates are the two angles 𝜓𝑖 and 𝜓𝑗 , while the 𝑧-coordinate describes
the magnitude of the ambiguity [37].

To further understand the properties of the AF, it is useful to consider the
following examples shown in Fig. 2.3. In particular, Fig. 2.3a shows the AF of
a 4-element uniform linear array (ULA) with a spacing between the elements
equal to 𝜆0. On the other hand, Fig. 2.3b presents the AF of a 6-element ULA,
again with 𝜆0 as inter-element spacing. Finally, the plot in Fig. 2.3c depicts
the AF for a 6-element ULA, but with a smaller distance between adjacent
elements, which is now equal to 𝜆0/2. As it can be noticed, the larger the
aperture, the thinner is the diagonal width, as it can be seen from the example
of Fig. 2.3b. By looking at the plot of the AF, the presence of ambiguities,
or grating lobes, can also be concluded. For instance, both in Fig. 2.3a and
Fig. 2.3b, where the distance between adjacent antennas is 𝜆0, it is clear to
see the presence of ambiguities: outside the main diagonal the correlation still
reaches the maximum value of 1. In this case for example, the DoA of +30∘

cannot be distinguished from the direction −30∘. In the ideal case where no
ambiguities are present, the highest magnitude of the AF should be reached
only along the main diagonal where 𝜓𝑖 = 𝜓𝑗 .

By cutting out a row or a column from the plots of the AF of Fig. 2.3,
the typical plot of the beam pattern can be obtained. This can be seen for
example in Fig. 2.4, where the beam pattern for the DoA 𝜓 = 30∘ related to
two 6-element ULA configurations has been plotted. Again, this result confirms
the presence of ambiguities when the distance between the elements of the array
is equal to 𝜆0. As known from the array theory, reducing the distance to 𝜆0/2
permits to see a single maximum in the beam pattern at the very same position
of the DoA. Some additional comments on the relationship between the AF and
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2 Millimeter-wave antenna arrays for automotive radars

the beam pattern can be found in the Appendix C on page 133.
For automotive applications it is important that the angular range where the

DoA estimation is performed is free of ambiguities or near-ambiguities. Usually,
this range coincides with the field of view (FoV) of the radar sensor. The FoV
outlines the maximum range (in meter) where a target with a given RCS (in the
next section a formal definition of the RCS will be given) can be still detected
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(a) 4-element ULA with 𝜆0-spacing.
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(b) 6-element ULA with 𝜆0-spacing.
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Fig. 2.3: Examples of the ambiguity function for three different array config-
urations.

16



2.2 Antenna requirements and assessment criteria

−90 −60 −30 0 30 60 90

−30

−20

−10

0

Angle in degree

N
or

m
.

am
pl

itu
de

in
dB

𝜆0-spacing
𝜆0
2 -spacing

Fig. 2.4: Beam pattern for two 6-element ULAs with different inter-element
spacing.

by the radar with an acceptable minimum SNR. The maximum range for the
direction 𝜓, namely 𝑅(𝜓), can be directly calculated from the well-known radar
equation [38]

𝑅(𝜓) = 4

√︃
𝑃𝑡𝐺𝑡 (𝜓) 𝐺𝑟 (𝜓) 𝜆2

0 𝜎

(4𝜋)3 SNRmin 𝑘
(︀
𝑇 + (𝐹 − 1)𝑇0

)︀
𝐵
, (2.2.5)

where 𝑃𝑡 is the transmitted power, 𝐺𝑡(𝜓) and 𝐺𝑟(𝜓) are the gain of the trans-
mitting and receiving antennas, 𝜆0 is the free-space wavelength, 𝜎 the RCS
of the target, SNRmin the minimum acceptable SNR, 𝑘 the Boltzmann’s con-
stant, 𝑇 the temperature of the radar system, 𝑇0 the standard temperature,
𝐹 the noise figure of the system, and 𝐵 the bandwidth. The antenna radia-
tion pattern plays thus a primary role in defining the area illuminated by the
radar, that is to say its FoV. Indeed, in the directions where the antenna gain
is smaller, the maximum achievable range is shorter, too.

Typically, to the purpose of the DoA estimation it is useful to define an
ambiguity-free area. It is usually depicted as a square centered around the
boresight direction on the main diagonal of the AF plot and bounded by the first
spot where the AF amplitude reaches the maximum or a predefined threshold
value, see for example Fig. 2.5. If the ambiguity-free range is larger than the
FoV, then it can be concluded that the DoA estimation can be carried out in an
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Fig. 2.5: Plot of the AF of a 6-element ULA with a distance between adjacent
elements equal to 𝜆0. The white box in the center describes the
ambiguity-free region, while the shaded area highlights the critical
directions that could lead to a wrong DoA estimation, since they
belong to the FoV of the sensor but not the ambiguity-free area.

ideal case successfully without occurring in any ambiguity or near-ambiguity
higher than the given threshold. On the other hand, if the ambiguity-free range
is smaller than the FoV, it is still possible that for some directions the solution
of the DoA problem can lead to a wrong estimation of the angular position
of the target. This issue can be easily understood by looking at the plot of
Fig. 2.5. In this example, the FoV has been assumed to be confined within
±90∘, while the ambiguity-free area is confined to ±30∘. All the directions
that belong to the shaded areas can still lead to DoA ambiguities although
they do not belong to the ambiguity-free region. It is clear for example that
a target placed at −60∘, thus inside the FoV of the radar, can still bring to a
misleading estimation close to the boresight direction.

Hence, a joint analysis of the AF and the FoV of the sensor should be done to
understand whether the ambiguities can affect the performance of the radar [39],
such as causing an unnecessary braking intervention.

2.3 Radar-vehicle integration

The hidden integration of sensors in the car for ADAS or autonomous driving
purposes is a crucial issue for car manufacturers, that could play a signifi-
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2.3 Radar-vehicle integration

cant role in finally fully moving from research to serial implementation of au-
tonomous vehicle as standard everyday cars [10]. As it can be easily imagined,
the sensors should not disturb indeed the aesthetic of the vehicle.

The compact dimensions are one of of the key features of mm-wave auto-
motive radars due to the small free-space wavelength, which is 𝜆0=3.9 mm at
77 GHz. Thanks to this advantage, the sensors can be typically placed behind
the front and rear bumpers of the vehicle, as already explained in Chapter 1.
On the other hand, the bumper of a vehicle is not designed for the integra-
tion of a mm-wave radar sensor [8], and it must usually not fulfill any strict
requirement from an electromagnetic point of view. As a result, a car fascia
can significantly affect the radar sensor performance. In particular, the shape,
the material composition, and the presence of a coating influence the target
detection and estimation capability of a radar [40].

A bumper is composed of multiple layers. Usually, a low-cost plastic layer
is followed by a primer and then by the coatings (base coating and clear coat-
ing) [8]. The coatings control the appearance of a printed bumper, and it
contains often metal particles. Those metal flakes are responsible for a strong
reflection of an impinging electromagnetic wave by the bumper, since the metal
concentration in the coating sets the relative permittivity of the medium 𝜀𝑟. Ex-
perimental results demonstrated that values of 𝜀𝑟 up to 53 can be achieved at
76.5 GHz [41]. The dimensions of the metal particles are greatly smaller than
the wavelength, hence the coating can be described as a homogeneous material
characterized by an effective permittivity.

The first problem associated with the placement of the radar behind the
bumper can be easily understood with the help of the transmission line model
presented in Fig. 2.6. In this simplified approach the complex multilayer struc-
ture of the bumper is modeled as a single equivalent lossless dielectric material.
Consider the wave emitted by the radar that impinges on the bumper. Part
of the wave will be transmitted, and part will be reflected back. The transmis-
sion and reflection coefficients can be calculated by using the transmission line
model, that describes the transition between the air and the bumper. By using
this model it is possible to define a scattering matrix S and to calculate the
associated scattering parameters. The scattering matrix has transmission and
reflection symmetry, and thus, only two parameters are necessary to fully de-
scribe it. The input reflection coefficient 𝑠11 and the transmission coefficient 𝑠21
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Air

𝑍0

Bumper

𝑍diel, 𝛽diel

Air

𝑍0

𝑑

Fig. 2.6: Transmission line model to represent the interface between the air
and a bumper with thickness 𝑑. 𝑍0 and 𝑍diel denote the free-space
impedance and the impedance in the medium, respectively. The
phase constant in the dielectric is 𝛽diel.

are

𝑠11 = 𝑠22 = 𝑟 − 𝑡2𝑟e−j2𝛽diel𝑑

1 − 𝑟2e−j2𝛽diel𝑑
, (2.3.1)

𝑠21 = 𝑠12 = 𝑡2e−j𝛽diel𝑑

1 − 𝑟2e−j2𝛽diel𝑑
, (2.3.2)

where

𝑟 = 𝑍diel − 𝑍0

𝑍diel + 𝑍0
(2.3.3)

and

𝑡 = 2
√
𝑍diel𝑍0

𝑍diel + 𝑍0
. (2.3.4)

The quantities 𝑍0 and 𝑍diel are the wave impedances in free space and in the
dielectric, respectively, and they are given by

𝑍0 =
√︂
𝜇0

𝜀0
(2.3.5)

and

𝑍diel = 𝑍0√
𝜀𝑟
, (2.3.6)
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with 𝜇0 being the vacuum permeability and 𝜀0 the vacuum permittivity.
The equations (2.3.1) and (2.3.2) demonstrate that the thickness of the

bumper 𝑑 and the effective permittivity 𝜀𝑟 control the reflection and transmis-
sion coefficients. In particular, given a specific value of effective permittivity,
the thickness 𝑑 determines the presence of constructive or destructive interfer-
ence [10]. As an example, consider the results shown in Fig. 2.7, where the
relative permittivity has been set to the value of 7. As it can be seen, by
changing the value of the thickness 𝑑, quite a significant change in the reflec-
tion transmission coefficients can be observed. For example, the best result for
the reflection coefficient is achieved when 𝑑=2.9 mm, which is close to 2𝜆𝑔 at
78 GHz, where 𝜆𝑔 is the wavelength in the medium. On the other hand, it can
be seen that the reflection and transmission coefficients get worst at 79.6 GHz
when 𝑑=2.25𝜆𝑔=3.2 mm.

In the transmission line model the dielectric losses have been neglected. In [8]
it has been actually demonstrated that the power losses due to the absorption
from the car fascia materials are small compared to the losses due to construc-
tive and destructive interference phenomena related to the thickness of the
bumper. The thickness of the bumper must be then carefully chosen to avoid
a degradation of the radar performance.

The car fascia can also be described as a relatively strong reflecting object
in front of the radar antennas at a very small distance. This can lead to a
short-range leakage, which causes sensitivity and detection degradation of the
radar system. An artificial on-chip target for short-range leakage cancellation
purposes has been proposed in [42] to efficiently address this problem.

An additional and even more critical problem can also arise with the place-
ment of the radar behind the bumper, and it will be here discussed. To better
understand it, consider the following example presented in [43] and depicted
also in Fig. 2.8.

A radar sensor illuminates a target placed on the street. The wave reflected
back by the target will impinge on the metal housing and on the PCB of the
sensor. The PCB and the metal housing will reflect again the impinging wave
towards the bumper, which in turn will reflect again a part of the impinging
wave due to the high permittivity of the car fascia. The antennas of the radar
will receive thus two superimposed signals. The first one is the signal of interest
directly reflected by the target, represented by a solid line in Fig. 2.8. The latter
contains the signal of interest from the target plus an additional contribution,
which comes from the multiple reflections between the radar and the bumper,
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2 Millimeter-wave antenna arrays for automotive radars

see the dotted line in Fig. 2.8. Since the distance between sensor and bumper
is in the range of a few centimeters, it is typically not possible to resolve them,
and thus, both signals will be detected in the same range cell. As mentioned
at the beginning of Section 2.2, the DoA estimation is carried out usually after
the range-Doppler processing, hence the superposition of the unwanted signal
can generate a wrong phase progression among the channels. As a consequence,
the multiple reflections can potentially lead to a wrong target DoA estimation,
which might in turn cause a wrong intervention in the driving process.

Additionally, it is important to underline that, with the placement of the
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Fig. 2.7: Scattering parameters for the transmission line model of Fig. 2.6. A
sweep on the thickness 𝑑 of the bumper has been performed. The
relative permittivity has been set to 7.
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bumper behind a relatively strong reflecting structure like the car fascia, a
standing wave can occur. In general, it is convenient to avoid that the bumper
is located exactly at one of the minima of the standing wave pattern. However,
in a practical scenario where the sensor is installed in a car, it is usually hard to
exactly control the positioning behind the fascia, typically due to mechanical
inaccuracies.

It can be concluded that design strategies and approaches to mitigate the
multiple reflections between radar and bumper are of great practical interest.
Although this thesis focuses on automotive radar applications, similar issues
could arise in general when an antenna system needs to be placed behind a
protective material or even behind a radome. The approach proposed in this
work can be generalized in principle to non-automotive scenarios, too.

To carry out the DoA estimation usually it is first necessary to calibrate the
radar sensor to take into account the typical deviations from the ideal designed
antenna system. In theory, for an automotive scenario it could be possible
to calibrate the sensor directly behind the bumper of the car. Although this
would represent the ideal solution to the radar-vehicle integration problem, this
approach is not a feasible option in any practical case due to the huge related

Target

Bumper

Radar sensor

Fig. 2.8: Multiple reflections between the radar sensor and the bumper of
the car. The dotted lines represent the unwanted contributions
due to the backscattering from the radar sensor. Picture from [43],
© 2018 IEEE.
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effort and cost, since it would require a dedicated calibration of the sensor for
every car model and mounting position.

With the help of Fig. 2.8 it can be understood that only two approaches are
possible: either the bumper design or the sensor design should be optimized
and adapted to reduce the multiple reflections. Some previous studies already
investigated the problem of reducing the reflections from the bumper. For ex-
ample, in [44] and [41] the authors propose to compensate the reflections of
the coating with some inductive strips or frequency selective surfaces (FSS), in
particular by clamping an FSS layer on the back side of the bumper to compen-
sate it. Unfortunately, this approach seems too complex in most practical cases.
Indeed, these solutions highly depend on the specific material composition and
dielectric properties of the bumper. It means that a customized FSS should be
developed for every different kind of bumper.

The approach taken in this thesis is quite different, and it focuses on an
optimized sensor design, specifically developed to face the vehicle-integration
issue. It will be discussed in detail in Chapters 5 and 6, as already mentioned
in the outline of this work.

The basic idea is to equip the radar sensor with a low-RCS antenna system
in order to suppress the wave reflected back towards the bumper, represented
by the dotted lines in Fig. 2.8, and thus, to mitigate the multiple reflections.
The RCS is indeed the parameter that describes the amount of power reflected
by a target when it is illuminated by an incident plane wave4. The proposed
solution is definitely appealing, since it is totally independent of the bumper
properties and geometrical features, and no a priori knowledge about the car
fascia in terms of both shape and material composition is required.

4The radar cross-section (RCS) or echo area of a target is defined as [45]

𝜎 = lim
𝑟→∞

4𝜋𝑟2

⃒⃒
E𝑠(𝑟)

⃒⃒2

⃒⃒
E𝑖(𝑟)

⃒⃒2 ,

where E𝑠(𝑟) is the electric field scattered by the target, E𝑖(𝑟) the incident field at the
target, and 𝑟 the distance from the target to the point where the scattered power is
measured. The RCS is measured in squared meters, or in logarithmic scale in dBsm
(decibel relative to one square meter). Using the previous equation, the value of 𝜎 is
a scalar and a real number, and it depends in general on the specific polarization, the
frequency, and the angular orientation of the target [46]. If a reference plane has been
defined to set the phase of the incident and scattered field, then the RCS can also be
expressed as a complex quantity [46].
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Estimating the DoA of a target is a key feature of mm-wave automotive radars.
In Chapter 2, in particular in Section 2.2, it has already been recalled that the
angular resolution Δ𝜓 is strictly related to the physical aperture of the sensor,
as described for example by the Rayleigh criterion in (2.2.1). Thus, to improve
the angular resolution, the antenna aperture must be increased. This would
however also cause an increase in the overall dimension of the radar sensor.

Although super-resolution algorithms that overcome the Rayleigh criterion
limitation have already been investigated and developed in the literature, the
current trend in automotive radars is exploiting the features of MIMO tech-
niques [3, 47, 48]. The main drawback of super-resolution algorithms is that
they can require computationally expensive signal processing, or the use of a
priori information about the number of targets, or moderate to high SNR [49].

This chapter provides the concept of the virtual aperture associated to a
MIMO radar, which is the key point that allows a MIMO radar to outperform
the angular resolution properties of a traditional radar sensor. Afterward, the
problem of designing a suitable MIMO radar antenna configuration will be
addressed.

3.1 Background: the virtual aperture

Depending on the antenna placement, two kinds of MIMO radar systems have
been introduced in the scientific literature: MIMO radars with widely sepa-
rated antennas and MIMO radars with co-located antennas [7, 50]. The latter
ones are of interest for this work, because of the limited spacing between trans-
mitting and receiving antennas on the PCB and because they allow to define
an equivalent virtual aperture, which shows in turn better angular resolution
properties than the real antenna systems.

A MIMO radar with co-located antennas – from now simply referred as
MIMO radar – requires the transmission and reception of orthogonal signals,
that can be then uniquely associated with every transmitter. This means that
all the two-way transmitter-receiver paths can be measured separately [51].
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3 Antenna systems for MIMO radar applications

Two signals are orthogonal if they have a zero cross-correlation. The orthog-
onality can be obtained in the time, frequency, or code domain [52]. For au-
tomotive radars, the time division multiplexing (TDM) is up to now the most
typical solution thanks to the relatively easy implementation, although inves-
tigation on code division [53] and frequency division multiplexing schemes is
currently ongoing [54]. For a TDM scheme, the radar transmitters are simply
sequentially activated.

If orthogonal waveforms are assumed, it is possible to extend the physical
array aperture by defining an equivalent receiving array with virtual sensors,
that shows an aperture larger than the physical one. Thus, this makes the
beamwidth narrower, and consequently, the angular resolution improves. The
MIMO array configuration can be fully described by the properties of its virtual
counterpart [51]. This is the case, for example, of the resolution properties for
a DoA estimation problem.

To formally describe the synthesis of the virtual aperture, let 𝑀𝑡 and 𝑀𝑡

be the number of transmitters and receivers, respectively, of a MIMO radar
placed on a one-dimensional lattice. Using the same notation introduced for the
steering vector definition in (2.2.3) and the coordinate system of Fig. 2.2, the
steering vectors associated with the transmitters and receivers for the angular
direction 𝜓 can be written as

a(𝜓) =

⎛
⎜⎝

e j𝛽0𝑥𝑡,1 sin(𝜓)
...

e j𝛽0𝑥𝑡,𝑀𝑡
sin(𝜓)

⎞
⎟⎠ , b(𝜓) =

⎛
⎜⎝

e j𝛽0𝑥𝑟,1 sin(𝜓)
...

e j𝛽0𝑥𝑟,𝑀𝑟 sin(𝜓)

⎞
⎟⎠ , (3.1.1)

where 𝑥𝑡,𝑘 and 𝑥𝑟,𝑙 denote the position of the transmitters and receivers, re-
spectively, with 𝑘=1, . . . ,𝑀𝑡 and 𝑙=1, . . . ,𝑀𝑟. Finally, it is possible to define
the vectors x𝑡 and x𝑟, which contain the physical positions of the transmitters
and receivers, respectively.

The steering vector associated to the MIMO virtual array can be calculated
as

y(𝜓) = a(𝜓) ⊗ b(𝜓) , (3.1.2)

where ⊗ is the Kronecker product1. The vector y(𝜓) is a column vector with

1Given two matrices A, with dimensions 𝑀 × 𝑁 , and B , with dimensions 𝑃 × 𝑄, the
matrix A ⊗ B is called the Kronecker product, or tensor product, or direct product of
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3.1 Background: the virtual aperture

dimension 𝑀𝑡𝑀𝑟, since a(𝜓) and b(𝜓) are column vectors with dimensions 𝑀𝑡

and 𝑀𝑟, respectively. From (3.1.2) it can be concluded that given 𝑀𝑡 + 𝑀𝑟

physical antennas, it is possible to define a virtual array with 𝑀𝑡𝑀𝑟 virtual
elements.

For the sake of completeness, it should be mentioned that the virtual array
steering vector y(𝜓) can also be calculated as follows:

y(𝜓) = vec
(︁
a(𝜓)b𝑇 (𝜓)

)︁
(3.1.3)

where the symbol vec (·) denotes the matrix vectorization2, and (·)𝑇 is the trans-
pose operator. The previous equation comes directly from the relationship be-
tween the Kronecker product of two vectors and the vectorization operator [57].
Thus, the expressions in (3.1.2) and (3.1.3) are equivalent.

The virtual array contains all the possible transmitter-receiver pairs. If the
antenna radiation pattern has been included in the steering vector definition,
then the virtual elements will show an equivalent radiation pattern given by the
multiplication of transmitter and receiver radiation patterns. The elements of
y(𝜓) are located on an one-dimensional lattice at the position 𝑥𝑡,𝑘+𝑥𝑟,𝑙, with
𝑘=1, . . . ,𝑀𝑡 and 𝑙=1, . . . ,𝑀𝑟 [57]. These locations can also be obtained by
convolving the physical positions of the transmitters and receivers [57]. Fig-
ure 3.1 presents an example of the synthesis of the virtual array. The virtual
array shows a larger aperture compared to the physical receiving array, namely
𝑑𝑣 > 𝑑𝑟. As it can be noticed, given two transmitters and three receivers,
the virtual array is composed of six elements, and it extends thus the physical
aperture of the receiving array.

Depending on the placement of the transmitters and receivers, it is possible
that at some virtual positions certain elements overlap. This can be described
as a spatial tapering of the virtual aperture, and it allows for example to reduce
the sidelobe level [58] in the virtual array beam pattern, although at the cost of
a smaller virtual aperture. Obtaining overlapping elements in the virtual array
can also be used to compensate the phase errors due to target movements while

A and B . The dimension of the matrix A ⊗ B is 𝑀𝑃 × 𝑁𝑄 [55].
2Let A be a matrix with dimension 𝑀 × 𝑁 . The vectorization vec(·) of A is a linear

transformation that converts the matrix into a column vector with dimensions 𝑀𝑁 [56]:

vec(A) = (a1a2 . . .a𝑁 )𝑇
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3 Antenna systems for MIMO radar applications

Tx1 Tx2 Rx1 Rx2 Rx3

𝑑𝑟

(a) Transmitting and receiving antennas.

Tx1 Tx1

𝑑𝑣

(b) Virtual array.

Fig. 3.1: Synthesis of the virtual aperture for a MIMO radar system composed
of 𝑀𝑡=2 and 𝑀𝑟=3 antennas placed on a one-dimensional lattice.
Every virtual element is given by a transmitter-receiver pair. For
example, the pair made up of the Tx1 (in red) and Rx𝑖 (in yellow)
is represented by the orange elements in the virtual array.

switching the radar transmitters in a TDM scheme [51].

3.2 Antenna placement optimization

As already noticed in the simple example of Fig. 3.1, the positions of the trans-
mitting and receiving antennas set the MIMO virtual array. However, the
antenna positions and characteristics affect at the same time several system
metrics, like the FoV of the sensor and the achievable unambiguous range in
the DoA estimation.

The classical array synthesis techniques can also be applied to the virtual
array, for achieving, for example, a desired aperture or sidelobe level. Compared
to the standard array design, for a MIMO radar a further important step is
necessary, since it is required to map the virtual array configuration into the real
locations of transmitters and receivers. This problem does not have however a
unique solution, since it is in principle possible that more than one transmitter-
receiver configuration synthesizes the same virtual aperture.

Since the inverse mapping from the virtual array to the real transmitter-
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3.2 Antenna placement optimization

receiver configuration cannot be analytically solved, to obtain the real antenna
placement an optimization problem must be solved. In this way, the beam
pattern of the MIMO virtual array can be synthesized according to a predefined
cost function.

3.2.1 Algorithm overview

Different optimization approaches can be used. The most basic one, that is
to say the brute force search, is feasible only for a small number of antenna
elements [59]. For more realistic MIMO configurations, where a larger number
of elements is required, a more sophisticated optimization algorithm must be
used. For example, in [59] an algorithm based on the particle swarm optimiza-
tion solves the problem of finding the optimal antenna placement. In this thesis,
the solution of the global optimization problem has been searched by means
of a genetic algorithm. A genetic algorithm – introduced first by Holland and
then further developed by Goldberg, see [60, 61] – is a numerical optimization
method that belongs to the class of evolutionary algorithms, and it searches
for the best solution following the natural processes of genetic recombination
and evolution [62].

Both the genetic algorithm and the particle swarm optimization are well
known and widely employed for solving electromagnetic problems. The reader
can refer to [61,62] for an introduction to genetic algorithms, or to [63] for their
performance comparison. A detailed analysis of the algorithm performance and
characteristics is outside the purpose of this work. The key and the interesting
point, and above all the novelty proposed in this work, is on the other hand
the choice of an appropriate cost function for the specific application, i.e., the
design of a MIMO array configuration. The cost function used in a genetic
algorithm is usually called fitness function.

In the optimization algorithm used in this work, the classical skeleton of
a genetic algorithm has been retained to calculate the best position for the
transmitting and receiving antennas. This can be noticed in the flowchart of
Fig. 3.2. Two slightly different implementations of the algorithm for finding
the optimal antenna placement of a MIMO radar configuration have been im-
plemented and tested. The basic version will be first presented in Section 3.2.2
to give a qualitative description of the algorithm, while a more general one
suitable for non-planar antenna configurations will be explained later in Sec-
tion 3.2.3. For this second version, a more detailed description of the fitness
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Fig. 3.2: Algorithm flowchart.

function evaluation will be provided.
In both versions the genes, the elementary units of the genetic algorithm,

describe the position of the transmitting and receiving antennas, while a chro-
mosome, defined as a set of genes, represents the MIMO antenna configuration.
Hence, a chromosome consists of 𝑀𝑡+𝑀𝑟 genes.

The search of a suitable fitness function is an important step in the definition
ot the optimization algorithm, since this choice is intimately related to the
specific application. In particular, the fitness function must be a measure of
system performance to be maximized or minimized [64].

As it has been explained in Chapter 2, for DoA estimation problem, the
ambiguity function (AF) is a significant metric to describe the resolution and
ambiguity properties of the antenna system. For this reason, this work exploits
in both implementations the AF for the definition of the fitness function of
the genetic algorithm. As it will be further explained in the next sections, the
main idea of the fitness function is to maximize the ambiguity-free area within
the ambiguity function. To this purpose, a threshold on acceptable values of
the AF inside the ambiguity-free area must be given, which can be any value
between 0 and 1 according to the application requirements.
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3.2 Antenna placement optimization

3.2.2 First implementation: the planar case

In the following, it is assumed that the first transmitter is placed in the origin
of the reference system, at the position 𝑥=𝑥𝑡,1=0. Therefore, the 𝑀𝑡+𝑀𝑟−1
remaining antenna positions have to be determined. Moreover, to simplify the
optimization it has also been assumed that along the one-dimensional lattice,
starting from the origin, the transmitting antennas occupy the first positions
and they are then followed by the set of receivers. In principle, it is however
possible to generalize the algorithm towards an arbitrary antenna placement,
and this will be shown in Section 3.2.3. Under the previous assumptions, the
virtual aperture 𝑑𝑣 of the MIMO array, see Fig. 3.1, can be calculated in a
multistatic case3 starting from the position of the transmitters and receivers.
In particular, the virtual aperture is given by

𝑑𝑣 = max(x𝑡) + max(x𝑟) − min(x𝑟)⏟  ⏞  
𝑑𝑟

, (3.2.1)

where max(x𝑡)=𝑥𝑡,𝑀𝑡 is the position of the last transmitter, max(x𝑟)=𝑥𝑟,𝑀𝑟

the position of the last receiver, and min(x𝑟)=𝑥𝑟,1 the position of the first
receiver. The difference between max(x𝑟) and min(x𝑟) gives the aperture of
the receiving array 𝑑𝑟, also highlighted in Fig. 3.1.

The algorithm starts with determining the necessary virtual array length
using the Rayleigh criterion (2.2.1) for a desired angular resolution given as an
input. The fitness function must be then evaluated for each chromosome.

As mentioned before, the fitness function aims to maximize the ambiguity-
free region. The size of this region is calculated from the plot of the AF by
counting the number of contiguous points where the ambiguity function has a
value lower than the threshold given as an input to the algorithm, starting from
the center of the main diagonal. The points that belong to the main diagonal
are excluded from the area that should be evaluated.

The main advantage of such a cost function is that it is possible to take all
the potential DoA of interest at the same time into account. This would not be
possible, for example, by using as cost criterion the sidelobe level of the beam
pattern like in the classical array synthesis problem, since it depends in general
on a specific DoA [65].

In Chapter 2 it has been extensively explained, how important it is to carry

3In this first version, the transmitters and the receivers never share the same position.
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3 Antenna systems for MIMO radar applications

out a joint analysis of the FoV and of the AF to assess the angle estimation
performance of the radar sensor. However, in this first implementation of the
optimization algorithm the FoV has not been taken into account. Indeed, a
joint optimization of FoV and AF is not a trivial task. As it can be seen in
(2.2.5), the FoV is a function of the range, while the AF is totally independent
of the target distance. For this reason, in this first step only the AF plays a role
for the definition of the cost function. The FoV analysis must be carried out
separately at the end of the optimization process on the calculated solution.
In the next section a more general approach for the implementation of the
algorithm will be presented, where also the FoV properties can be partially
taken into account.

To obtain usable optimization results, some additional constraints must also
be defined. For example, the minimum distance between adjacent antennas 𝑑min

can be given to take into account the physical dimension of the antennas and
the required distance to have an acceptable level of mutual coupling. In the
simulation framework the mutual coupling between the antennas has not been
included, since this would cause a great increase in the simulation time and
complexity. The mutual coupling depends on the distance between the antenna
elements, and hence for every array configuration analyzed by the optimization
algorithm a new full-wave simulation should be performed to calculate it. As
it can be easily understood, this approach would result in an unbearable com-
putation time.

Finally, the same kind of radiating elements has been assumed for the trans-
mitters and receivers. Accordingly, it is not necessary to incorporate the an-
tenna radiation pattern in the algorithm, since the antenna configuration shows
the same ambiguity properties as the ideal case with isotropic radiators (see
the Appendix C on page 133).

3.2.3 Second implementation: conformal mm-wave MIMO radars

The second implementation of the genetic algorithm generalizes the previous
approach towards the design of a non-planar MIMO radar antenna configura-
tion. Before going into the details of the implementation, a brief introduction
about the use of non-planar antenna systems for MIMO radars is here given.

A promising trend for achieving higher safety standards of radar-based driver
assistance systems is the use of a radar sensor network to realize a 360∘-FoV
coverage around the car. An example of such a network for automotive appli-
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cations can be found in [66]. In this case, simple sensors with a single receiving
channel have been employed. Hence, although the DoA estimation is not pos-
sible with the single radar, this can still be calculated through a cooperative
signal processing in the network.

Even more ambitious is the mm-wave radar network approach supported
by the project KoRRund [67], founded by the German Federal Ministry of
Education and Research. The aim of KoRRund is also the development of a
radar network to cover the complete FoV around the car. However, in this
project the single radar sensors are equipped with more than one channel to
increase the DoA estimation capabilities. Moreover, they present a non-planar
shape in order to increase the typical FoV achievable with a planar mm-wave
radar sensor. This can potentially reduce the total number of nodes required
in the network to achieve the fully 360∘-coverage. The sensors employed in
the project are MIMO radars, thus, the transmitting and receiving antenna
positions control the properties of the associated virtual array. The additional
degree of freedom given by the conformal shape makes the optimization of the
antenna placement much more demanding.

Figure 3.3 shows a simplified top-view representation of an arbitrary con-
formal antenna system with 𝑀 elements. Let s(𝜓) be the steering vector
associated to it. Compared to the example of Fig. 2.2, where a planar array
configuration has been introduced, now the shift along the 𝑦-direction must also
be taken into account for the correct calculation of the phase progression along
the array elements. Thus, under the usual far-field assumption the steering

𝜓

𝑥

𝑦

1

2 3

𝑀

Fig. 3.3: Arrangement of 𝑀 antenna elements along an arbitrary conformal
faceted shape. This sketch represents the top view of a MIMO radar
antenna system. Picture from [68], © 2019 IEEE.
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vector for the angular direction 𝜓 becomes

s(𝜓) =

⎛
⎜⎝

e j𝛽0(𝑥1 sin(𝜓)+𝑦1 cos(𝜓))
...

e j𝛽0(𝑥𝑀 sin(𝜓)+𝑦𝑀 cos(𝜓))

⎞
⎟⎠ , (3.2.2)

where 𝑥𝑘 and 𝑦𝑘 describe the 𝑥- and 𝑦-coordinates of the array element with
index 𝑘=1, . . . ,𝑀 . For a MIMO radar the definition of the steering vectors
associated to the transmitting and receiving array must be then adapted ac-
cordingly.

Finally, the virtual array of a conformal MIMO antenna configuration con-
sists of a two-dimensional arrangement of virtual elements in the 𝑥𝑦-plane. The
position of the virtual elements can be calculated in an analogous way compared
to the planar case. Indeed, the coordinates of the virtual elements are simply
given by 𝑥𝑡,𝑘+𝑥𝑟,𝑙 and 𝑦𝑡,𝑘+𝑦𝑟,𝑙, with 𝑘=1, . . . ,𝑀𝑡 and 𝑙=1, . . . ,𝑀𝑟.

For the practical realization of a conformal mm-wave antenna system two
different approaches can be followed. With the first one, schematically repre-
sented by Fig. 3.3, the conformal shape can be approximated by many planar
PCBs with different orientations connected together. This approach is to some
extent similar to the radar demonstrator of [69]. In this case, the piecewise
planarity of the structure permits to retain the planarity of the antenna ele-
ments, too. It is implicitly assumed that the single radiators cannot be placed
directly at the joints between two facets. The second option is to develop a
truly conformal array, where also the antenna elements follow the same shape
of the curved surface.

This work analyzes only the first approach, that is to say, the faceted array
configuration.

As mentioned before, the genetic algorithm introduced above for finding the
optimal placement of the antennas in a MIMO radar configuration will be
here further developed and generalized. In particular, no assumptions on the
transmitter and receiver positions have been done. They can thus be placed
without any restriction along the whole given PCB size.

A predefined contour for the conformal radar sensor must be given as input
to the algorithm. It is indeed not possible to optimize at the same time both
the sensor shape and the antenna positions. The shape of the contour can be
defined in terms of the length of the projection on the 𝑥-axis and the amount
of bending between the facets.
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In this implementation, the genes describe the 𝑥-coordinate of the antenna
positions. Since the contour shape is a known parameter, it is possible to
map the 𝑥-coordinate values to generate the corresponding 𝑦-coordinates. Sim-
ilarly to the previous algorithm, a chromosome describes a MIMO antenna
configuration. In this implementation of the algorithm the maximal acceptable
beamwidth at the broadside direction can be given as input, too.

Contrary to the algorithm of Section 3.2.2, for the optimization of a con-
formal MIMO configuration it is necessary to include the antenna radiation
pattern, in this specific case obtained by means of full-wave simulations. For
the development of a non-planar mm-wave MIMO radar series-fed microstrip
antenna arrays are employed on the facets of the sensor. The radiation pattern
of every array follows the conformal shape. In particular, in the simulation
setup the antenna main beam must be aligned with the normal of the contour
in order to correctly model the possible shadowing caused by the ground plane
of the microstrip array along the conformal contour. Thus, knowing the trans-
mitter or receiver position along the contour is mandatory for taking correctly
into account the antenna radiation pattern.

To summarize, when the coupling between adjacent antenna elements is ne-
glected, and when all transmitters and receivers are identical and placed in a
planar geometry, like the basic implementation presented in the previous sec-
tion, it is not necessary to include the antenna radiation pattern for analyzing
a MIMO configuration. In that case all the virtual elements present the same
equivalent radiation pattern, and they do not contribute to the ambiguity func-
tion properties [39], as derived also in the Appendix C. On the other hand, for
a conformal MIMO configuration, due to the different orientation of the anten-
nas along the contour, it becomes important to consider the antenna radiation
pattern, too. Although the same kind of radiating element is employed for the
transmitters and receivers, the differences in the antenna orientation can lead
to different patterns of the virtual elements.

Also in the case of the conformal MIMO system, the mutual coupling between
adjacent antenna elements has not been taken into account in the simulation
framework.

The basic idea of using the AF for the definition of the fitness function has
also been retained in this second implementation. A detailed description of the
main steps required for the fitness function evaluation is here provided.

1. For a given chromosome, first the virtual array steering vector can be
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3 Antenna systems for MIMO radar applications

calculated and then the AF plotted. The AF plot is handled as a square
matrix, where the number of rows and columns depends on the number
of the angular directions 𝜓𝑖 where the steering vector, and hence the AF,
is evaluated.

2. Afterward, the algorithm determines the width of the main beam in the
virtual array beam pattern as an half-power beamwidth for the boresight
direction. This value is then compared with the maximal acceptable
beamwidth, so that chromosomes with a too large main beam become a
low score in the ranking of the chromosomes.

3. If the beamwidth is an acceptable value, then the main diagonal is re-
moved from the plot of the AF in order to exclude those points from
the evaluation of the ambiguity-free area. This can be seen for example
in Fig. 3.4. From the picture it can also be noticed that for angular
values far away from the boresight the diagonal cannot be completely
removed. Due to the broadening of main diagonal, the beamwidth cal-
culated at the boresight fails to predict the diagonal width in the AF
plot for directions away from the boresight.

4. The algorithm searches for the points of the AF plot that show an au-
tocorrelation higher than the given threshold. For those points, the
distance 𝑑𝑖,𝑗 to the boresight direction is calculated as an Euclidean
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Fig. 3.4: Examplary plot of an AF where the main diagonal has been removed.

36



3.2 Antenna placement optimization

norm

𝑑𝑖,𝑗 =
√︁

|𝜓𝑖|2 +
⃒⃒
𝜓𝑗

⃒⃒2
. (3.2.3)

5. The shortest distance 𝑑min is then given by

𝑑min = min 𝑑𝑖,𝑗 𝑖, 𝑗 = 1, . . . , ̃︀𝑁 (3.2.4)

where ̃︀𝑁 represents the number of elements with an autocorrelation
higher than the threshold. The minimum distance is reached at the
point with coordinates (𝜓𝑖,min, 𝜓𝑗,min). As an example, this point has
been depicted in Fig. 3.5.

6. The point with coordinates (𝜓𝑖,min, 𝜓𝑗,min) can be finally used to define
the ambiguity-free area as follows

Ambiguity-free area =
(︂

2 min
{︁⃒⃒
𝜓𝑖,min

⃒⃒
,
⃒⃒
𝜓𝑗,min

⃒⃒}︁)︂2

. (3.2.5)

With the previous equation the square centered around the main diago-

(𝜓𝑖,min, 𝜓𝑗,min)
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Fig. 3.5: The point at which the autocorrelation is higher than the given
threshold and closest to the center of the diagonal has the coordinate
(𝜓𝑖,min, 𝜓𝑗,min). The smallest coordinate between 𝜓𝑖,min and 𝜓𝑗,min
can be used to define the ambiguity-free area, which is depicted as a
white square centered around 0∘.
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nal can be drawn as per Fig. 3.5. As it can also be observed in Fig. 3.5,
this way of obtaining the ambiguity-free area is to some extent a conser-
vative estimate, since the closest point with a non-acceptable value of
autocorrelation lies outside the ambiguity-free area.

7. The chromosomes that give a large ambiguity-free area as per (3.2.5)
are rewarded with a high score in the chromosome ranking. In this way
the fitness function maximizes the achievable ambiguity-free area.

In this implementation of the optimization algorithm, a second iteration for
ranking the best chromosomes in the population has been introduced, and it is
based on the FoV of the sensor. In this second iteration the ambiguity-free area
— see (3.2.5) — and the FoV, at a given distance and for some given system
parameters, are compared. Among the chromosomes with the highest scores,
the algorithm rewards the antenna configurations, that give a FoV not larger
than the ambiguity-free region. In this way it is possible to say the ambiguity-
free area fully describes the ambiguity properties of the array, and in principle
no other ambiguities can be mapped in the FoV of the sensor.

The parameters used for the calculation of the FoV according to (2.2.5) in the
current algorithm implementation are the following: the transmitted power 𝑃𝑡
is equal to 10 dBm, the RCS value 𝜎 is 10 dBsm, the noise figure 𝐹 has been
set to 10 dB, the temperature 𝑇 is 300 K, the bandwidth 𝐵 is 2 GHz, and
the minimum acceptable SNR is 15 dB. The SNR of the radar can be further
improved by taking into account the processing gain obtained with the coherent
integration by the range-Doppler processing. To this purpose, the number of
ramps has been set to 128, and the number of samples to 512.

Since the transmitters and receivers of the MIMO radar can be placed with-
out any restriction on different facets of the conformal structure, it is in prin-
ciple possible to see a non-uniform power level among the virtual channels.
Indeed, according to their orientation, the various transmitter-receiver pairs
can show different equivalent radiation patterns, as already mentioned above.
Those amplitude differences can lead to a broadening of the main diagonal of
the AF. Therefore, the antenna configurations, that can lead to such a problem,
will be naturally punished by the algorithm while evaluating the population
with the help of the fitness function. As already explained above, the broaden-
ing of the diagonal might cause a non perfect removal of the main diagonal, see
the example of Fig. 3.4. The remaining points are recognized as elements with
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3.2 Antenna placement optimization

a high autocorrelation, and therefore they will lead to a small ambiguity-free
area and consequently, a low ranking of the chromosomes.

This point can be better understood with the two examples of conformal
MIMO configurations of Fig. 3.6. The configuration on the left, namely Fig. 3.6a,
is a solution that has been calculated for a threshold on the AF of 0.6 by the
genetic algorithm for the given shape and the given radiation pattern of the
antenna elements. It is thus an optimized solution. As it can be noticed, the
transmitters are placed on one side of the contour, while the receivers occupy
the opposite side. This antenna arrangement can however seem like a non-
intuitive distribution. Indeed, the most natural configuration would be the one
where the transmitters are more or less homogeneously distributed along the
whole given contour to illuminate a broader area in front of the radar sensor,
similarly to Fig. 3.6b. The configuration of Fig. 3.6b has been simply obtained
by exchanging some transmitters and receivers of the optimal distribution of
Fig. 3.6a, while keeping the same dimensions and shape of the contour.

Figure 3.7 presents the plots of the AF that can be obtained with the two
configurations presented above. From Fig. 3.7a it can be observed that the
optimal MIMO configuration gives an AF with a wide ambiguity-free range.
At the same time, the modified antenna configuration, where the transmitters
occupy different sides of the PCB contour, restricts the ambiguity-free range
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Fig. 3.6: Top view in the 𝑥𝑦-plane of two examples of antenna configurations
for a conformal MIMO radar with 3 transmitters and 8 receivers. The
dashed line represents the contour of the PCB (not to scale). The
configuration on the left has also been shown in [68], © 2019 IEEE.
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(b) Modified configuration.

Fig. 3.7: Plot of the AF obtained using the antenna systems of Fig. 3.6. The
plot on the left has also been presented in [68], © 2019 IEEE.

mainly because of the evident broadening of the diagonal arising from the non-
uniform amplitude among the channels. From the comparison between Fig. 3.7a
and Fig. 3.7b it can also be observed that the differences in the array geometry
lead to a change in the width of the AF close to 0∘. In particular, it can be
concluded that although the optimal configuration shows a larger ambiguity-
free range, it offers at the same time a wider main diagonal, which generates
a worse angular resolution. Hence, in the design of a conformal MIMO radar
a compromise between the maximization of the ambiguity-free range and the
achievable angular resolution at broadside must be reached.

3.3 Experimental validation of an optimized MIMO antenna
configuration

To verify the simulation results of the conformal array configurations designed
with the genetic algorithm, two prototypes of conformal antenna arrays have
been fabricated and tested with the help of a MIMO radar. The study presented
in this section has also been partially shown in [68].

First of all, the optimized antenna configuration with 3 transmitters and
8 receivers presented in Fig. 3.6a has been developed into the prototype of
Fig. 3.8. As it can be observed, the PCB with the feeding network and the
antenna arrays has been glued to a plastic support realized with a 3D printer.
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3D-printed conformal
plastic support

Waveguide
transition

Receiving
antennas

Transmitting
antennas

Fig. 3.8: Prototype of the optimized 3×8 MIMO antenna configuration pre-
sented in Fig. 3.6a. Picture from [68], © 2019 IEEE.

This support provides not only the necessary mechanical stability, but also the
required curvature for the conformal sensor. Both the transmitting and the
receiving arrays are 8-element series-fed patch arrays. The substrate employed
for the PCB is RO3003 [70] with a thickness of 127 µm.

A second antenna system with a slightly different placement of the transmit-
ting and receiving elements has also been realized with the same technology
described above. It is also an optimized version calculated with the help of
the genetic algorithm. In the optimization run the maximum acceptable value
on the ambiguity function threshold has been set to 0.6. Figure 3.9b presents
the sketch of the proposed array configuration together with the associated
ambiguity function. Compared to the model of Fig. 3.6a, the configuration in
Fig. 3.9a shows a little larger virtual aperture.

The antenna system has been connected through a waveguide-to-microstrip
transition to the MIMO radar sensor front-end. A detailed description of the
transition and of the radar has been provided in [71].

The calibration of the MIMO radar has been performed in an anechoic cham-
ber. In particular, a corner reflector with an RCS of 9.4 dBsm has been placed
at a distance of approximately 3.1 m in front of the radar sensor, which has
been positioned instead on a turntable. The measurement samples have been
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(b) Ambiguity function.

Fig. 3.9: Antenna configuration for a conformal MIMO radar with 3 transmit-
ters and 8 receivers and the associated plot of the AF. The dashed
line in the picture (a) represents the contour of the PCB. Picture
from [68], © 2019 IEEE.

collected with a 0.5∘-spacing on the azimuth plane while performing a sweep
between −90∘ and +90∘.

To plot the AF and to further evaluate the angle estimation capabilities of
the proposed arrays, it is first necessary to generate the steering vector starting
from the raw radar data. In particular, as already mentioned in Section 2.2,
after a two-dimensional FFT the correct range bin of interest where the target
is present must be identified. The velocity information has been ignored in this
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3.3 Experimental validation of an optimized MIMO antenna configuration

case, since a static scenario is considered.
The correct range bin of the target has been obtained by searching for the

maximum amplitude in the neighborhood of the nominal distance where the
target has been placed. Since it is not possible to exactly rotate at the same
time all the transmitting and receiving elements around their own phase center,
a small fluctuation of the range bin index has been actually seen while scanning
on the azimuth plane from −90∘ to +90∘.

Once the target position in the range-Doppler matrix has been identified, it
is possible to extract the corresponding complex value to generate the steering
vector. The next step is thus the evaluation of the AF using the measured
steering vector in (2.2.4). The plots relative to the AF of the two proposed
antenna systems can be seen in Fig. 3.10.

As it can be observed, the measurement results are in quite good agreement
with the plots of the AF obtained by means of simulations, namely the plots in
Figs. 3.7a and 3.9b. The presence of the waveguide transition on the azimuth
plane, see Fig. 3.8, affects the measurements especially at large negative angular
positions. The shadowing caused by the metal block reduces significantly the
amplitude of the received signal. This effect can be recognized by the noisy
pattern in both AF plots.

In the simulated AF it has been assumed that all the transmitters and re-
ceivers have the same power at their feeding terminals. However, as it can
be noticed in the prototype of Fig. 3.8, a large feeding network with a non-
constant feeding line length has been used. The substrate losses for microstrip
lines printed on RO3003 substrate and working around 77 GHz are close to
1 dB/cm [15]. This can lead to some variations to the input or output powers
of the transmitting or receiving arrays, respectively. Due to the normalization
factor in the AF, see (2.2.4), this power mismatch can cause to some extent
differences between the simulated and the measured AF.

Further single target measurements have been collected, and the results are
shown in Figs. 3.11 and 3.12. As with the calibration, the steering vector
should be extracted from the raw data. In this case, the range bin with the
target information has been extracted by using a CFAR (constant false alarm
rate) algorithm [71]. The angle estimation has been then performed with a
deterministic maximum likelihood approach, which will be discussed in detail
in Section 6.4.2. Since the purpose of this experimental characterization is the
verification of the design strategy based on the use of the optimization algo-
rithm, for the sake of conciseness the formal description of the DoA estimation
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3 Antenna systems for MIMO radar applications

algorithm has been here omitted.
The beam pattern obtained after solving the DoA estimation problem can be

compared to the beam pattern extracted from the simulated AF. As an example,
Fig. 3.11 depicts the comparison of the simulations and the measurements
collected with both prototypes for a corner reflector used as a target and placed
in front of the radar at the angular direction of 0∘. Also in this case, the effect
of the bulky transition can be observed. In fact, the good match between
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(a) Antenna array of Fig. 3.6a.
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(b) Antenna array of Fig. 3.9a.

Fig. 3.10: Ambiguity function calculated in (2.2.4) with the measured steering
vector. Pictures from [68], © 2019 IEEE.
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(a) Antenna array of Fig. 3.6a.
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(b) Antenna array of Fig. 3.9a.

Fig. 3.11: Comparison of the simulated and measured beam pattern obtained
after the DoA estimation. During the measurements a single corner
reflector has been placed in front of the radar sensor at the position
of 0∘. Pictures from [68], © 2019 IEEE.

numerical and experimental data starts to deteriorate around −70∘.
Figure 3.12 shows a further example to confirm the correctness of the pro-

posed method. The simulation and the measurement results of the antenna
configuration of Fig. 3.6a have been compared. The results refer to a target
placed at a DoA of +20∘. Also here, within −70∘ and +70∘ a very good
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Fig. 3.12: Comparison of the simulated and measured beam pattern obtained
after the DoA estimation for a target placed at the direction of
+20∘. Picture from [68], © 2019 IEEE.

comparison between the two curves can be noticed.
The radar measurements collected with an experimental MIMO radar sensor

equipped with an optimized antenna configuration fully verified the antenna
array performance predicted by the simulations. Hence, the genetic algorithm
introduced in this chapter for finding an optimized antenna placement in a
MIMO radar can be successfully applied. The algorithm can hence be used
to design planar and non-planar mm-wave antenna systems, while taking into
account the requirements on the angle estimation performance.
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4 Design of wideband millimeter-wave microstrip
patch arrays

Section 2.1 described the importance of developing tolerance-optimized arrays
to increase the robustness of mm-wave radar sensors. Moreover, as also ex-
plained in Section 2.1, to reduce the design complexity and the unavoidable
fabrication errors, standard single-layer PCB technology is the most common
solution for automotive radar antenna design. This chapter deals thus with the
analysis and development of wideband microstrip arrays with relatively sta-
ble performances in the whole automotive radar frequency range on a simple
single-layer PCB.

Microstrip patch antennas are widely employed by automotive radar manu-
facturers mainly because of their low-complex design, small area occupation,
and easy integration with the MMICs. Their well-know disadvantage is however
the small bandwidth, which is directly related to the patch resonance mecha-
nism [72]. A number of different methods to enlarge the bandwidth have been
extensively described in the literature. Many of them rely on a dual- or multi-
band design of the patch. If the sub-bands are spaced closely enough together,
the multi-band behavior causes a broadening of the total bandwidth [72]. The
reader can refer to [72,73] for an exhaustive list of single-layer dual-band patch
antenna designs.

While achieving a good impedance matching on a wide bandwidth is usually
possible, obtaining at the same time a stable radiation performance on the
whole operating bandwidth is on the other hand usually challenging. Some
dual-band patch antenna designs can be at the same time actually a dual-
polarized antenna design, or they do experience a quite strong variation of the
radiation pattern with the frequency.

An alternative microstrip antenna array design is the grid antenna array,
which has been tested and deeply investigated at 77 GHz in several works such
as [74–76]. The grid antenna array can also be in principle developed on a single
layer configuration. Although the measurement results available in the litera-
ture proved a good impedance matching over a wide bandwidth, the required
gain and pattern stability still need further improvement.
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4 Design of wideband millimeter-wave microstrip patch arrays

This thesis analyzes wideband microstrip patch array designs. In particular,
two different single-layer dual-frequency designs for the radiating element of the
array will be presented in this chapter and compared for benchmarking with
a standard patch array design, whose radiating element is the inset-fed patch
antenna sketched in Fig. 4.1. The first kind of radiating element analyzed in this
chapter employs two additional parasitic patches coupled to the non-radiating
edges of the patch antenna [77], while the second model uses a pair of slots close
to the non-radiating edges of the patch [78]. Although patch antennas loaded
with parasitic elements have been used already for 77-GHz automotive radars,
in particular to feed a lens antenna in a commercial LRR from Bosch [6], to
the best of the author’s knowledge no extensive investigations can be found in
the literature about the design of larger arrays at mm-wave frequencies. As a
proof of concept, the most promising antenna design will be finally integrated
and tested in an 8-element array.

The designs here presented utilize as substrate for the microstrip patch an-
tennas the Teflon-based substrate RO3003 from Rogers Corporation [70] with
thickness 127 µm and a nominal value of the relative permittivity 𝜀𝑟=3 . In the
full-wave simulations, the loss tangent tan 𝛿 has been set to 0.004 at 77 GHz,
which is between the nominal value from the manufacturer of 0.001 and the
experimental result of 0.01 shown in [15].

Inset feed

E-plane

H-plane

𝑊

𝐿

Fig. 4.1: Top view of a patch antenna with an inset feed. The white arrows
describe the orientation of the E- and H-planes.
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4.1 Development of wideband microstrip antennas

Full-wave simulation results relative to the two different wideband microstrip
antenna designs are here shown and discussed.

4.1.1 Patch antenna loaded with parasitic patches

The sketch of a patch antenna loaded with coplanar parasitic elements can be
seen in Fig. 4.2. As it can be noticed, the central patch has been fed with a
microstrip line, while the parasitic patches are gap coupled with a spacing 𝑔

to the central element. The parasitic patches have been placed along the non-
radiating edges of the patch. They have a slightly different length compared
to the central element. The lengths of the parasitic elements and of the central
patch can be described by the parameters 𝐿par and 𝐿, respectively.

The polarization is the same as a standard patch antenna, namely a linear
polarization. Therefore, the E- and H-plane can be depicted similarly, see
Fig. 4.1.

To optimize the antenna performance, different parameters can be tuned. As
it can be easily understood, one of the most sensitive one is the gap width 𝑔,
which controls the coupling between the patches. Figure 4.3a shows the im-
pedance matching plotted with the help of the Smith chart while performing a
sweep on the gap width. As it can be observed, when the parameter 𝑔 increases,
the coupling between the patches decreases, and thus the size of the loop in the
impedance locus is smaller. Figure 4.3b presents the reflection coefficient as a
function of the frequency. Here, it is clearly possible to observe the two reso-

𝑊

𝐿

𝑔

𝑊par

𝐿par

Fig. 4.2: Top view of a patch antenna with parasitic patches close to the non-
radiating edges of the central patch.
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4 Design of wideband millimeter-wave microstrip patch arrays

nances ascribable to the central and parasitic patches. When the gap becomes
too wide, it is however not possible to distinguish them anymore.

The width of the parasitic patches, described by 𝑊par in Fig. 4.2, can also
affect the coupling. To better understand it, the full-wave simulation results
have been presented in Fig. 4.4. In particular, by looking at the Smith chart
it is possible to notice that the size of the loop gets smaller when the width of
the parasitic patch increases.

The other parameters that can be used to describe the model of Fig. 4.2 also
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Fig. 4.3: Full-wave simulation results while performing a sweep on the gap
width 𝑔 of the patch with parasitics.
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Fig. 4.4: Full-wave simulation results while performing a sweep on the para-
sitic patch width 𝑊par.

affect the antenna performance. However, their effect is quite straightforward,
and thus their impact will be here only briefly summarized. As expected, by
changing the lengths of the patches 𝐿 and 𝐿par the position of the two res-
onances can be shifted in frequency. In particular, the length 𝐿par controls
mainly the upper resonance frequency. The width of the central patch 𝑊

can be tuned to improve the impedance matching in a similar manner to the
behavior of a standard patch antenna.

It is also important to observe the shape of the radiation pattern during the
parameter sweep, as depicted in Fig. 4.5. In particular, Fig. 4.5a shows the an-
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4 Design of wideband millimeter-wave microstrip patch arrays

tenna radiation pattern at 77 GHz while the gap 𝑔 has been varied from 0.1 mm
to 0.3 mm in 0.1 mm steps. When the gap increases, the sidelobe level increases
as well, due to the larger distance between the three radiating elements, i.e.,
the central patch and the parasitic elements.

Analog conclusion can be drawn by looking at the full-wave simulation results
of Fig. 4.5b. Here, a sweep on the width 𝑊par has been performed. The
sidelobe level increases when the width gets larger. Indeed, the patch antenna
loaded with parasitic elements can be simply described as a small 3-element
array. Hence, the distance between the array elements can affect the shape of
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Fig. 4.5: Directivity pattern in the H-plane obtained by full-wave simulations
at 77 GHz while performing a sweep on the gap width 𝑔 (top) and
on the parasitic patch width 𝑊par (bottom).
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the radiation pattern. It is also expected to see a more focused beam in the
H-plane compared for example to the standard patch antenna of Fig. 4.1.

4.1.2 Patch antenna with a pair of narrow slots

Figure 4.6 shows the sketch of the patch antenna with a pair of narrow slots in
the top metalization. Also in this case, the feeding is a simple microstrip line.
The slots are parallel to the non-radiating edges of the patch. Their length and
width are equal, and they can be described by the parameter 𝐿slot and 𝑊slot,
respectively.

Similarly to the patch antenna with parasitic elements, also in this case
the bandwidth enlargement has been achieved by exploiting a dual-frequency
behavior. However, the presence of the slots excites actually a higher order
mode with an orthogonal polarization plane compared to the fundamental mode
of the patch antenna. It means that the increased bandwidth cannot be fully
utilized.

Using horizontal slots, to wit slots parallel to the radiating edges of the
patch [79], or modifying the geometry of the slots as in [78, 80] are possible
solutions to counteract this problem and to keep the same polarization plane
even for the higher order mode. The aforementioned solutions are unfortunately
not feasible for the application of interest. Indeed, using for example at the
same time slots parallel to the radiating edges and a simple microstrip feeding
makes extremely problematic the antenna design. The use of bent [78] or
stepped slots [80] is on the other hand easier to employ. However, the achievable

𝑊

𝐿 𝐿slot

𝑊slot 𝑝

Fig. 4.6: Top view of a patch antenna with slots along the non-radiating edges.
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4 Design of wideband millimeter-wave microstrip patch arrays

frequency ratio between the two resonant frequencies would become too large,
or in other words, the resonant frequencies would not be spaced closely enough
to fit in the frequency range of interest and to see a usable band enlargement.

For the above-named reasons, the upper bound of the usable bandwidth for
the slot-loaded patch antenna of Fig. 4.6 is limited by the cutoff frequency of
the first higher order mode. The cross-polarization increases with the frequency
and causes a non-negligible drop in the realized gain.

As it can be easily understood, the most sensitive parameters for the antenna
design are those who control the slot geometry. In particular, with reference to
Fig. 4.6, these are the slot length and width, 𝐿slot and 𝑊slot, respectively, and
the distance between the center of the slot and the patch edge, described by 𝑝.

As an example, the impact of the slot width 𝑊slot on the impedance matching
has been analyzed, see Fig. 4.7, and on the radiation pattern, see Fig. 4.8.
The slot width has been varied in the range between 0.11 mm and 0.15 mm.
Figure 4.7 demonstrates that a larger slot width makes the frequency ratio
between the two resonant frequencies smaller. However, as it can be noticed
in Fig. 4.8, by increasing the slot width there is a significant reduction in the
directivity of the antenna. The decrease in the directivity is due to the strong
cross-polarization because of the excitation of the first higher order mode.

Changing the distance between the slot and the edge of the patch described
by the parameter 𝑝 of Fig. 4.6 leads to similar conclusions. The simulation
results are here omitted for the sake of conciseness. By increasing the value
of 𝑝 it is possible to reduce the frequency ratio but at the cost of a smaller
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Fig. 4.7: Reflection coefficient calculated by full-wave simulations. A sweep
on the slot width 𝑊slot has been performed.
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Fig. 4.8: Directivity pattern in the H-plane obtained by full-wave simulations
at 81 GHz while performing a sweep on the slot width 𝑊slot of the
slotted patch.

value of the maximum directivity.
Similar is also the behavior that can be observed while changing the slot

length 𝐿slot. A longer slot decreases the frequency ratio, again at the cost of
the directivity.

For the sake of completeness, the radiation patterns of the two patch antenna
designs that have been here introduced should be compared. Although the
results have not been obtained at the same frequency, from the comparison of
the radiation pattern of the slotted patch array, see Fig. 4.8, and the array with
the parasitic elements, see Figs. 4.5a and 4.5b, it can be observed that for the
latter design, as expected, the beamwidth is smaller and the directivity larger.

4.2 Array design

To further verify the properties of the wideband patch antenna designs intro-
duced in the previous section, the radiating elements have been placed and
tested in a 2-element array configuration. After their performance compari-
son, the most promising antenna design has been further developed into an
8-element array and characterized.

4.2.1 Development of 2-element arrays

The pictures of the fabricated prototypes can be seen in Fig. 4.9. As it can
be observed, not only the slotted patch and the patch loaded with parasitic
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4 Design of wideband millimeter-wave microstrip patch arrays

elements have been employed — see Fig. 4.9a and Fig. 4.9b, respectively —
but also the patch with an inset feed has been used in the 2-element array
configuration for benchmarking, as depicted in Fig. 4.9c.

The fabricated arrays have been integrated with a waveguide-to-microstrip
transition for measurement purposes. Moreover, the three arrays of Fig. 4.9 are
centered fed. To avoid the beam splitting, a balun has been employed to provide
the required 180∘-phase difference at the input ports. The reader can find
further information about the design and the performance of the balun in the
Appendix A, together with further details about the waveguide-to-microstrip
transition.

The reflection coefficient seen from the waveguide-to-microstrip transition

(a) Slotted patches. (b) Parasitic patches.

(c) Patches with inset feed.

Fig. 4.9: Photos of the fabricated 2-element arrays using different radiating
elements (top view). The same kind of balun has been employed
in these three examples. On the right side of the photographs the
waveguide-to-microstrip transition can be observed.
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4.2 Array design

has been measured, and the results can be seen in Fig. 4.10. First of all, it is
important to observe that both the slotted patch and the patch loaded with
parasitic elements show, as expected, a good impedance matching over a wider
bandwidth compared to the patch with the inset feed. Similar results can also
be seen in Fig. 4.11, which represents the amplitude of the measured 𝑠11 after
removing the effect of the waveguide-to-microstrip transition with the time
gating.

Using the gain-comparison method [81], the realized gain of the three arrays
has been characterized. The results are depicted in Fig. 4.12. As expected, the
array with parasitic patches has the highest gain. In an 8-GHz bandwidth the
gain is quite stable, since it varies in a less than a 3-dB-wide range. Such a
performance cannot be achieved using for example the standard patch array
with the inset feed. However, even with the slotted patch array it is not possible
to achieve a similar performance. Indeed, in this case the gain drops quickly
after 80 GHz limiting thus the upper bound of the usable bandwidth.

Figure 4.13 depicts the measured radiation pattern of the three arrays at
77 GHz in the H-plane. As expected, loading a patch with parasitic elements
reduces the width of the main beam compared to the other antenna configu-
rations. On the other hand, the beamwidth of the two other arrays is quite
similar in the H-plane. The non-perfectly symmetric radiation pattern can be
ascribed to the presence of the bulky waveguide transition on the very same
plane. Finally, the small ripples that can be noticed in the pattern are proba-
bly due to the influence of the surface wave excitation. The radiation pattern
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Fig. 4.10: Measured reflection coefficient of the three 2-element array proto-
types of Fig. 4.9 from the waveguide-to-microstrip transition.
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Fig. 4.11: Measured reflection coefficient of the three 2-element array pro-
totypes of Fig. 4.9 after removing the effect of the waveguide-to-
microstrip transition with the time gating.
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Fig. 4.12: Measured gain of the three different prototypes of Fig. 4.9.

in the H-plane has been characterized at other frequencies, too, but it is here
omitted for the sake of brevity.

Figure 4.14 presents the measured radiation pattern in the E-plane of the
three prototypes in the frequency range between 74 GHz and 82 GHz. The
plots have been normalized to their respective maximum measured gain. The
measurement results confirm once again that by employing the patch loaded
with parasitic element in the 2-element array it is possible to achieve a quite
stable radiation performance in a sufficiently large frequency range, as it can
be observed in Fig. 4.14c. The array with parasitic patches outperforms the
array with the basic patch antenna as radiating element, as it can be noticed
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Fig. 4.13: Measured radiation pattern at 77 GHz in the H-plane for the three
arrays of Fig. 4.9.

in Fig. 4.14a. On the other hand, the array with the slotted-patch elements
suffers from a clear drop in the gain at higher frequency due to the excitation of
the cross-polarized first higher order mode, clearly visible in Fig. 4.14b between
80 GHz and 82 GHz.

The quick investigation here presented using simple 2-elements arrays demon-
strated that loading a patch with parasitic elements is a promising approach
to extend the bandwidth and at the same time to keep quite stable the radia-
tion performance over a sufficiently large frequency range. These measurement
results motivate thus the use of such an antenna element in a larger array
configuration.

4.2.2 Development of an 8-element array

The next step is the design of an 8-element array based on the patch loaded
with parasitic elements presented in the previous section.

In an analogous manner to the previous prototypes, the proposed array is
center-fed to avoid the typical beam squinting problems of the series-fed con-
figuration often employed in automotive radar applications. Again, a balun
providing 180∘ phase difference at the input of the two array branches has
been employed. The photo of the fabricated array can be seen in Fig. 4.15.
The detailed dimensions of the prototype can be found in the Appendix in the
Tab. A.1. The appendix provides also a description of the employed feeding
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(a) Patches with inset feed.
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(b) Slotted patches.
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(c) Parasitic patches.

Fig. 4.14: Measured radiation pattern in the E-plane between 74 GHz and
82 GHz of the three different prototypes. The results have been
normalized to the highest amplitude.
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Fig. 4.15: Photo of the fabricated 8-element array integrated with a
waveguide-to-microstrip transition.

network.
As it can be noticed from the picture, the structure is symmetric. Two

identical branches, with the same number of antenna elements and dimensions,
are fed by the balun. Every branch is a series-fed array, which consists of
the repetition of a two-port patch with parasitic elements, except for the last
antenna element.

The input signal coming from the waveguide-to-microstrip transition, after
the balun, travels along the length of the branches. As typically done for
traveling array designs, the good impedance matching of the last element avoids
that part of the signal can be reflected back because of the mismatch. This
signal would travel again along the array contributing to the radiation pattern
of the array.

Finally, it can also be observed in Fig. 4.15 that the dimensions of the anten-
nas along the branch are not constant. An amplitude tapering has been applied
to reduce the sidelobe level in the E-plane. Due to the complexity of the ba-
sic radiating element and the unavoidable mutual coupling between the array
elements, it is not straightforward to derive an analytical model for the array
factor synthesis. Hence, the sidelobe level control has been simply achieved
with the help of the built-in optimizer of the electromagnetic-field solver.

To understand the behavior of the array, it is important to check the transmis-
sion properties of the patches along the array, since they do affect the amplitude
and phase distribution of the currents along the array. Figure 4.16 presents the
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4 Design of wideband millimeter-wave microstrip patch arrays

phase of the transmission coefficient for the antenna element at the beginning
of the chain, i.e., close to the balun. The curve becomes pretty flat between
76 GHz and 81 GHz. This means that, after traveling along this unit cell, the
phase shift added to the signal will be quite small. Similar results have been
observed in the transmission coefficient of the other antenna elements in the
array, too. Such a behavior is quite appealing for the unit cell of a series-fed
array, since it potentially allows to obtain stable radiation performance in the
frequency range of interest, due to the limited progressive phase shift along the
length of the array.

The input reflection coefficient with and without the waveguide transition
has been measured. In the latter case the time gating has been applied to filter
out the effect of the waveguide-to-microstrip transition. The measurement
results have been compared with the full-wave simulations. In particular, to
agreement between the measured and the simulated results a tuning of the value
of the relative permittivity 𝜀𝑟 has been done. Indeed, at mm-wave frequencies
a significant discrepancy between the nominal and the actual value of 𝜀𝑟 is
extremely likely. The simulation results that will be presented in the following
have been calculated with 𝜀𝑟=3.15.

Figure 4.17 shows the comparison between the measured and simulated re-
flection coefficient evaluated from the waveguide transition. The comparison is
fairly good in the frequency range of interest. Similar conclusion can be drawn
by looking at Fig. 4.18, which compares the measurement after applying the
time gating and the full-wave simulation result without the use of the waveg-
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Fig. 4.16: Phase of 𝑠21 of the array unit cell. The antenna dimensions are the
same as element 4 of Tab. A.1, page 124.
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4.2 Array design

uide transition. The results demonstrate a good agreement with the full-wave
simulations and a sufficiently good impedance matching in the whole frequency
range of interest.

Another important step is the experimental characterization of the array ra-
diation properties. First of all, Fig. 4.19 depicts the comparison between the
measured and simulated gain of the 8-element array. Like the gain measure-
ment of the 2-element array prototypes, also here the gain comparison method
has been applied to calculate the results presented in the plot. As it can be
observed, the measured gain is smaller than the value expected from the sim-
ulations, although this difference is within 2 dB between 75 GHz and 80 GHz.
The measurement results confirm that using the proposed array it is possible
to obtain stable radiation performances over a large frequency range, since the
measured gain varies in a 2-dB range in a more than 7-GHz-wide frequency
range.

The measured radiation pattern has also been compared to the simulation
results, for both the E- and H-plane, as depicted in Fig. 4.20a and Fig. 4.20b,
respectively. The agreement is good, and the predicted value of the sidelobe
level in the E-plane has also been fairly achieved in the measurements.

Finally, the measured radiation pattern for the E-plane in the frequency
range from 74 GHz to 82 GHz can be seen in Fig. 4.21. The results have been
normalized to the maximum amplitude. The radiation performance are quite
stable in the whole frequency range for both the beamwidth and the sidelobe
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Fig. 4.17: Measured and simulated reflection coefficient of the 8-element array
from the waveguide-to-microstrip transition. In the simulation the
relative permittivity is 𝜀𝑟=3.15.
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Fig. 4.18: Measured reflection coefficient of the 8-element array prototype af-
ter removing the effect of the waveguide-to-microstrip transition
with the time gating. In the simulation the relative permittivity
has been set to 𝜀𝑟=3.15.

level. A slight increase in the sidelobe level can be only noticed at 79 GHz.
It is possible to conclude then that the measurement results demonstrated the

robustness of the proposed antenna design. The sufficiently good impedance
matching and the stable radiation properties over a wide bandwidth make
the design a suitable candidate as antenna array for automotive applications.
Compared to a series-fed microstrip array, typically employed in commercial
automotive radars, the use of patch antennas loaded with parasitic elements
combined with the feeding from the center of the array allows to definitely
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Fig. 4.19: Measured and simulated gain of the 8-element array. In the simu-
lation the relative permittivity has been set to 𝜀𝑟=3.15.
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(b) H-plane.

Fig. 4.20: Measured and simulated radiation pattern at 77 GHz in both main
cuts. In the simulation the relative permittivity has been set to
𝜀𝑟=3.15.

increase the robustness of the design while retaining the simple single-layer
configuration, although at the cost of a larger area occupation on the PCB.

−90 −45 0 45 9074

76

78

80

82

Angle in degree

Fr
eq

ue
nc

y
in

G
H

z

−30

−20

−10

0

N
or

m
.

am
pl

itu
de

in
dB

Fig. 4.21: Measured radiation pattern in the E-plane between 74 GHz and
82 GHz of the 8-element array. The results have been normalized
to the maximum amplitude.
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5 Millimeter-wave low-RCS antennas: fundamentals
and principle of operation

The new idea proposed in this work to address the problem of the radar-vehicle
integration is the development of a customized antenna design with a small
RCS. To develop such an antenna system, it is important to understand the
scattering properties of the antenna arrays usually employed in automotive
radar applications, namely microstrip arrays. Therefore, some basics about
the scattering properties of receiving antennas are explained in this chapter.

Afterward, the design principle of the microstrip low-RCS antenna is illus-
trated in detail.

5.1 Properties of receiving antennas

One of the most fundamental and useful theorems in the electromagnetism is
the reciprocity theorem [82], that allows the antenna engineers to derive in
many practical cases the transmitting properties of an antenna from its receiv-
ing properties, and the other way around. As stated in [83], the theorem sets
an interchangeability in the receiving and transmitting antennas performance.
Some of those properties are for example the radiation pattern, the gain, and
the impedance matching [84].

However, for some specific applications an additional feature typical of re-
ceiving antennas, such as the scattering (or RCS) from the antenna, can be
of great interest. A well-known recent example is the radio frequency identifi-
cation (RFID), which directly exploits the backscattering characteristic of an
antenna. Another possible application where the antenna scattering plays a
significant role is for instance the development of stealth antenna designs for
military applications.

For automotive radar applications, and in particular to understand the prob-
lem of the radar-vehicle integration, it is also important to consider the antenna
RCS, since this values describes the amount of power that the antenna system
of the radar sensor reflects back towards the bumper when it is illuminated by
an impinging plane wave. As described in Section 2.3, the new solution pro-
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5 mm-wave low-RCS antennas: fundamentals and principle of operation

posed and analyzed in this thesis is to equip the mm-wave radar sensor with
a low-RCS antenna system in order to reduce the amount of power reflected
back by the sensor towards the bumper, and thus to mitigate in the end the
problem of multiple reflections between radar and car fascia.

5.1.1 Introduction: the antenna mode and the structural mode

To further understand the antenna scattering mechanism, consider a receiving
antenna of arbitrary shape illuminated by an incident plane wave as in Fig. 5.1.
As represented in Fig. 5.1a, the antenna feed can be connected to an ideal
load impedance 𝑍𝑙. Part of the incident power will be received by the antenna.
More formally, the incident wave induces a current that causes a voltage across
the feed terminal. The received power is thus absorbed by the matched load.
However, part of the incident power does not reach the load, but it is directly
scattered in space by the antenna depending on the RCS value 𝜎𝑠, since the
antenna can be described as a target with its own RCS [85]. This scattered
signal is called usually structural mode [86] or residual scattering [84]. In other
words, the structural mode scatter is the scatter that would have occurred if
a plane wave had illuminated any body with identical shape, material, and
dimension as the antenna [45].

Additionally, it is possible to consider the case of a short circuit connected
to the feed of the antenna instead of the load 𝑍𝑙, like the example of Fig. 5.1b.
Obviously, in this case it is not possible to absorb any part of the received power,

𝑍𝑙 𝜎𝑠

(a) Ideal matching.

𝜎𝑠

𝜎𝑎

(b) Short circuit.

Fig. 5.1: General antenna with an ideal matching (left) and short circuit
(right) at the feed terminals; this representation is based on [85].
The terms 𝜎𝑠 and 𝜎𝑎 represent the RCS of the structural mode and
the antenna mode, respectively.
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that will be instead reradiated by the antenna after being reflected back by the
mismatch of the short circuit. The power is reradiated with the same pattern as
the radiation pattern of the antenna [84], and in this case the signal is defined
as antenna mode [86] or simply reradiation [84]. In a similar manner to the
structural mode, the antenna mode can be described by the RCS value 𝜎𝑎. It
can be concluded that, if the antenna has a short circuit at the feed terminals,
it scatters back in space some power due to the mismatch, i.e., an amount of
power proportional to 𝜎𝑎, plus the power that depends on the structural mode,
which is independent of the actual load at the feed. It is widely accepted to
assume that the structural mode and the antenna mode are independent [86].

In general, when a non-ideal load is connected to the port of the antenna, the
total scattered field is the superposition of the scattering due to the structural
mode and antenna mode, which in turn depends on the mismatch at the load.
If an arbitrary reference plane has been defined, then 𝜎𝑠 and 𝜎𝑎 are complex
quantities, and the total scattered field depends also on the phase difference
between the two modes.

Once the concepts of scattered and received (or absorbed) power have been
explained, for the sake of completeness let the absorption efficiency 𝜂 of an
antenna be defined as the ratio between the absorbed power and the sum
of absorbed and scattered power. The absorption efficiency can be defined in
terms of cross-sections [84]. To this purpose, let the value 𝜎abs be the absorption
cross-section, which is related to the amount of incident power absorbed by the
load. Then according to the previous definition, the absorption efficiency is
expressed by

𝜂 = 𝜎abs

𝜎abs + 𝜎𝑠 + 𝜎𝑎
. (5.1.1)

The efficiency 𝜂 is always bounded between 0 and 1. In case of an ideal matching
such as in Fig. 5.1a, the value of the antenna mode cross-section 𝜎𝑎 is 0, it
means thus the amount of power absorbed by the load is only limited by the
structural mode of the antenna. On the other hand, in the case of a short
circuit at the antenna feed terminals as in Fig. 5.1b the incident power cannot
be absorbed, leading consequently to both 𝜎abs and 𝜂 equal to 0. To avoid
any misunderstanding, it is important to notice that the absorption efficiency
is not related to the well-known concept of antenna efficiency, which is on the
other hand one of the interchangeable properties of transmitting and receiving
antennas that can be described with the help of the reciprocity theorem. The
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absorption efficiency is a unique property of receiving antennas.
It is interesting now to analyze the scattering properties of the typical an-

tenna systems employed in a mm-wave automotive radar. Hence, the antenna
mode and the structural mode must be deeply analyzed. It has been already
extensively described in the previous chapter, that microstrip patch arrays are
the most common choice as radiating elements in such application. For the pur-
pose of this thesis it is thus sufficient to focus only on this family of radiators.

The numerical results presented in [87] show that the absorption efficiency
of a patch antenna is almost zero. Similar results have been obtained in [88],
although for other kinds of planar antennas. In both works, the results are
collected at relatively low frequencies, since the highest frequency is 11 GHz.
These results are however not surprising, since it is easy to imagine that the
presence of a large ground plane makes the structural mode significantly larger
than the antenna mode, and hence the absorption efficiency small.

In the following, the receiving properties of a mm-wave microstrip array will
be experimentally verified, and the main outcomes will be presented.

Before moving to the measurement results, it is important to add a fun-
damental remark. From the aforementioned literature results it is possible to
conclude that the structural mode is the dominant component in the scattering
cross-section of a microstrip patch array. In other words, the antenna mode can
be neglected. Reducing the structural mode of a patch array is thus sufficient to
reduce in turn the RCS value of the antenna array. For the specific application,
i.e., the development of a low-RCS antenna system to be used in an automo-
tive radar, this is a key point, since it means that the exact knowledge of the
actual impedance matching of the array is not necessary for achieving a suit-
able low-RCS counterpart. The measurement results, that will be shown in the
following of this work, will also confirm the results of the scientific literature.

5.1.2 Terminology

The current and the following chapters present several simulation and measure-
ment results to investigate the echo characteristics of microstrip antennas.

Taken from the radar standard terminology [45], in this work the word
backscattering is used to describe the monostatic scattering from an antenna.

The absolute RCS value of the different antenna systems presented in this
thesis has not been calculated. On the other hand, only relative RCS values
have been provided. Indeed, it is usually sufficient to show only the amount
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5.1 Properties of receiving antennas

of the RCS reduction to demonstrate and verify the low-RCS property of the
proposed antenna designs.

Typically, if the results have been obtained by means of an experimental
characterization, the relative RCS, namely the reciprocal of the RCS reduction,
is calculated with respect to a reference metal plate or a reference antenna.
Only in a really limited number of cases the measurement results have not been
normalized to a reference structure. However, from a physical point of view
they still represent a normalized value, since they have been collected with the
help of a VNA, which compute them as S-parameters. Alternatively, when the
RCS reduction has been determined by an electromagnetic-field solver software,
it is always shown as a normalized quantity, since the result computed by the
software are given in most of the cases automatically as a ratio of incident and
reflected fields.

Hence, the RCS reduction is presented in this work as a normalized quantity.
Due to this normalization, the RCS reduction can also be described as a reflec-
tion coefficient. This should not be confused of course with the input reflection
coefficient, or 𝑠11, of an antenna.

Therefore, the terms backscattering, RCS reduction, and reflection coefficient
are used interchangeably in the next sections.

5.1.3 Characterization of the antenna mode and the structural mode of
microstrip arrays

By changing the load connected to the input port of an antenna illuminated
by a plane wave, it is possible to investigate the contribution of the structural
mode and the antenna mode on the total scattered field. From the previous
comments on the properties of receiving antennas, it should be now clear that, if
the antenna is connected to a short circuit, the antenna mode can be maximized,
while with a conjugate matching it can be minimized.

Therefore, to characterize the scattering of a microstrip patch array at mm-
wave frequency the setup of Fig. 5.2 has been used.

In this setup, the antenna under test (AUT) is connected first to an E-band1

waveguide variable attenuator. At the time of the characterization of the AUT
only a V-band 2 waveguide variable phase shifter was available in the measure-
ment facility. Hence, the output port of the waveguide attenuator has been

1The E-band extends from 60 GHz to 90 GHz.
2The V-band extends from 50 GHz to 75 GHz
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AUT

𝛼 𝜙

Incident
plane wave

Total
scattered field

E-band-to-
V-band transition Short circuit

Fig. 5.2: Measurement setup for the characterization of the scattering from
the AUT. The setup is composed of the AUT, a variable attenuator
(𝛼), an E- to V-band waveguide transition, a waveguide variable
phase shifter (𝜙), and a short circuit. This measurement setup has
been presented for the first time in [43], © 2018 IEEE.

connected to the V-band phase shifter with a short circuit at its second port.
As it can also be seen in the sketch of the measurement setup, an E-to-V-band
waveguide transition has been placed between the attenuator and the phase
shifter. By changing the settings of the attenuator and the phase shifter, it
is possible to control the impedance matching of the array, in terms of both
amplitude and phase. The setup of Fig. 5.2 is a more flexible and powerful
realization of the simple versions presented in [89,90].

The phase shifter adjusts the phase in coarse discrete steps. It has been
experimentally characterized to check its performance in the E-band, so outside
its specified range. At 77 GHz the phase difference when moving from the start
position to the next one was −40∘, the successive was −60∘, and the last
one −62∘.

The measurements have been conducted in an anechoic chamber. In partic-
ular, the backscattering has been measured by a 25-dBi standard-gain horn
antenna connected to a VNA and placed 2 m apart from the AUT. It is a
monostatic measurement setup, in which the horn antenna has also been used
as transmitting antenna to illuminate the AUT. To collect only the signal of
interest, that is to say, the signal reflected back by the AUT, the time gating
feature of the VNA has been applied. More details about the measurement
setup and the use of the time gating can be found in Chapter 6.

The AUT is a 10-element series-fed microstrip array. The fabricated proto-
type is shown in Fig. 5.3. Similarly to the antenna design of Chapter 4, the
used substrate is RO3003 from Rogers Corporation [70] with a thickness of
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Fig. 5.3: Fabricated series-fed microstrip patch array integrated with a
waveguide-to-microstrip transition. The waveguide and the flange
have been milled in an aluminum block. Photo from [43],
© 2018 IEEE.

127 µm and a nominal value of the relative permittivity 𝜀𝑟=3. For measure-
ment purposes the array has been integrated with a waveguide-to-microstrip
transition, which has been covered by absorber material during the measure-
ments. Details about the design and fabrication of the transition are given in
the Appendix A.3 on page 126.

Figure 5.4 presents the measurement results collected by the horn antenna
while changing the attenuation of the variable attenuator and by keeping con-
stant the phase of the phase shifter. The plot demonstrates that the amplitude

70 73 76 79 82 85
−62

−59

−56

−53

−50

Frequency in GHz

|𝑟
|i

n
dB

0 dB 2 dB
4 dB 6 dB

Fig. 5.4: Measured backscattering from the AUT by changing the attenuation
of the variable attenuator in the setup of Fig. 5.2. These results have
been presented in [43], © 2018 IEEE.
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Fig. 5.5: Measured backscattering from the AUT by changing the phase of
the variable phase shifter in the setup of Fig. 5.2.

of the backscattering, namely the amplitude of the reflection coefficient 𝑟, is
not affected by the differences in the load matching. Similar results have been
obtained when the attenuation from the variable attenuator has been kept con-
stant to 0 dB, and only the phase of the variable phase shifter has been modified,
as depicted in Fig. 5.5.

The experimental results confirmed that the antenna mode of a mm-wave
microstrip array is negligible compared to the antenna mode. As a consequence,
the impedance matching at the input port of the array can be ignored while
investigating the array scattering properties.

5.2 A proof of concept: development of a low-RCS surface

Before presenting the principle of operation and the design of the microstrip
low-RCS antenna array developed in this thesis, it is first of all important
to understand the behavior of the low-RCS surface that has been presented
originally by [91]. This surface is the starting point for the design of the low-
RCS antenna that will be introduced in the next section and then analyzed in
detail in Chapter 6. Based on the idea of [91], a low-RCS surface for mm-wave
frequencies has been developed and presented in [92], and the main results will
be discussed here thoroughly.
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5.2.1 Surface design

The low-RCS surface is composed of a periodic repetition of a unit cell. As it
can be seen from Fig. 5.6, the unit cell itself consists of a periodic displacement
in a chessboard-like manner of an artificial magnetic conductor (AMC) and
a perfect electric conductor (PEC). This combination of AMC and PEC is a
simple and elegant way to strongly reduce the RCS of the surface compared to
an equal-sized metal plate.

Indeed, an AMC mimics the behavior of a magnetic conductor, because at
the resonance frequency the reflection phase is 0∘, i.e., the reflection coefficient
is +1. This property is complementary to a PEC, and since in nature a perfect
magnetic conductor does not exist, it can be adequately described by the word
artificial [93].

When a plane wave illuminates the surface, a phase compensation effect
or a cancellation effect of the AMC and PEC contributions can be observed.
Specifically, due to the presence at the same time of an AMC and a PEC a
destructive interference takes place in the backscattered wave. This results in a
strong reduction in the amount of power reflected back in the normal incidence
direction.

The first model of the low-RCS surface presented in [91] used as AMC a
squared patch connected to the ground through a metallic via, also known as

PEC

𝑙PEC

AMC

𝑙AMC

𝑔

Fig. 5.6: Unit cell of the chessboard-like low-RCS surface according to [92].
The dimensions are the following: 𝑙AMC=0.88 mm, 𝑙PEC=3.94 mm,
𝑔=0.14 mm.
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AMC-Sievenpiper structure or Sievenpiper mushroom structure. The pioneer
work of Sievenpiper in [94] paved the way for the use of the AMC as a new
high-impedance surface (HIS). His work focused mainly on a surface texture
based on patches connected to the ground by vertical vias. However, to simplify
the fabrication, it is appealing to omit the grounding vias. As it can be easily
understood, avoiding a huge number of vias is particularly important for mm-
wave applications, where the use of vias can increase the cost, the complexity,
and the possible fabrication errors of the device. For this reason, in the model
investigated in [92] and depicted in Fig. 5.6 no vias are present. The absence
of vias does not actually modify the reflecting properties of the surface. To
understand this point, the basic properties of HIS and AMC should be recalled.

The terms HIS and AMC to describe the Sievenpiper’s surface highlight
the properties of reflecting an incident wave with 0∘ phase at a specific fre-
quency. However, this kind of metasurface presents also an electromagnetic
bandgap (EBG). This concept describes the ability of the structure to stop
the propagation of surface waves traveling at the surface interface [93]. Or, in
other words, the EBG is the frequency range where complex solutions of the
Maxwell equations exist [93]. Removing the vias modifies the EBG properties
of the surface, but not the reflection phase. It means that even without using
the vias an AMC can be properly realized.

The amplitude of the RCS reduction for a chessboard-like low-RCS surface
can be calculated with the following equation based on the approximated model
presented in [95]:

|𝑟| = 10 log
⃒⃒
⃒𝐴AMCe j𝜙AMC +𝐴PECe j𝜙PEC

2

⃒⃒
⃒
2
dB , (5.2.1)

where 𝐴AMC and 𝐴PEC are the amplitudes and 𝜙AMC and 𝜙PEC the phases of
the reflection coefficients of AMC and PEC, when they are illuminated by an
incident plane wave. The RCS reduction has been expressed as the reflection
coefficient 𝑟. Since the surface is composed of two subsections, namely the AMC
and the PEC, with equal dimensions, the RCS reduction can be calculated by
taking the average of the reflection coefficients of the two subsections. In the
ideal lossless case, the amplitudes 𝐴AMC and 𝐴PEC are both equal to 1, and
thus the highest RCS reduction can be achieved when the difference between
𝜙AMC and 𝜙PEC is equal to 180∘. The equation (5.2.1) presented above is
based on a simplified model, that for example does not take into accounts
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the edge effects [95] or the coupling between the AMC and the PEC sections.
However, the formula is still a useful guideline for starting the design of such
metasurfaces.

As explained in [96], the equation (5.2.1) can also be derived starting from
the classical array theory. The underlying assumption is that the basic com-
ponents of the metasurface, in this case namely the AMC and the PEC, can
be considered as independent radiating elements that belong to the same ar-
ray when illuminated by an incident plane wave. The excitation amplitude of
the two basic components, that would be required for the formal derivation
of the array factor, is then directly related to the scattered electric field, and
consequently to the RCS.

Another equivalent way of describing the behavior of the chessboard-like
metasurface is based on the concept of scattering centers. As stated for example
in [97], an electrically large target can be modeled by a set of discrete scattering
centers contributing independently to the total scattered field. The electric
field individually scattered by those points, that can be described in terms of
amplitude and phase, adds up giving the resulting total scattered field [98].
By taking the coherent sum of the contribution from the scattering centers, it
is possible to calculate the RCS of the target [45]. In other words, the total
backscattering can be obtained by a phasor addition of the scattered field of
the single scattering centers. The equation (5.2.1) hence can also be seen as a
normalized coherent summation of the contribution from two scattering centers,
i.e., the AMC and the PEC.

Figure 5.7 further describes the properties of the low-RCS surface. In par-
ticular, the picture in Fig. 5.7a presents the reflection phase of the AMC from
full-wave simulation results, the constant reflection phase of the PEC, and the
phase difference between them. As it can be noticed, when the phase differ-
ence in Fig. 5.7a is equal to 180∘, a strong RCS reduction can be observed
at the very same frequency in Fig. 5.7b. Moreover, when the phase difference
is in the range

[︀
145∘, 215∘]︀

, the RCS reduction reaches at least 10 dB. The
frequency range in which this condition is satisfied is highlighted in gray in the
plot. These results refer to a square metal patch used as AMC simulated with
periodic boundary conditions and with the same dimensions as the AMC in
Fig. 5.6. The same substrate of the prototype presented in Fig. 5.3 has been
used.

The mechanism of the phase compensation provides a strong RCS reduction
in a specific angular direction, in particular the RCS decreases significantly in
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Fig. 5.7: Simulation of the AMC and PEC to demonstrate the principle of
operation of the low-RCS surface. When the phase difference in the
top picture reaches 180∘, a strong RCS reduction is achieved in the
lower picture. The shaded area highlights the range in which it is
possible to achieve at least 10 dB of RCS reduction. Results from [92],
© 2016 IEEE.

the boresight direction when a plane wave impinges on the surface in the normal
incidence case. This behavior is apparent from the farfield plot of Fig. 5.8,

78



5.2 A proof of concept: development of a low-RCS surface

0

−10

−20

−30

−40

N
or

m
.

R
C

S
in

dB

Fig. 5.8: Simulated normalized 3D-bistatic RCS at 77 GHz for a plane wave
incoming from the normal incidence direction [92], © 2016 IEEE.

which represents the bistatic RCS generated by means of a full-wave simulation
at 77 GHz, when a plane incoming from the normal direction illuminates the
structure. The farfield plot has been calculated by multiplying the pattern of
the unit cell presented in Fig. 5.6 with the array factor of a surface composed
of 10 × 10 chessboard-like unit cells. As it can be noticed from the picture,
while the amplitude can be significantly reduced for the boresight direction,
it increases for others. In particular, four beams with equal high amplitude
can be observed. This plot demonstrates that the surface redirects the energy
of the impinging wave in directions other than the normal one. For the sake
of completeness, it must also be mentioned that no absorption phenomena —
like the HIS design presented in [99] — are required for achieving a good RCS
reduction.

The RCS reduction presented in Fig. 5.7b has been estimated with the sim-
plified approach of (5.2.1). In order to evaluate the discrepancy between the
simplified model and the full-wave results, it is then interesting to calculate
with a full-wave simulator the backscattering for the normal incidence case. To
this purpose, the black dotted curve in Fig. 5.9 is presented. It can be noticed
that the minimum in the plot has been slightly shifted towards higher frequen-
cies compared to Fig. 5.7b. However, it is still possible to observe the good
reduction in the RCS already seen in the previous result.

The full-wave simulation results presented in Fig. 5.9 permits also to investi-
gate the effect of the etching inaccuracies on the RCS reduction. In particular,
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Fig. 5.9: Full-wave simulation results of the backscattering from the
chessboard-like surface in the normal incidence case. The effect of
PCB fabrication errors on the performance of the low-RCS surface
have been investigated, too. Results from [92], © 2016 IEEE.

by considering 15 µm of under- and over-etching, which are typical values of
etching tolerances as also mentioned in Section 2.1 on page 7, the fabrication
inaccuracies cause a frequency shift of less than 3% with respect to the re-
sults obtained with the ideal design. Additionally, even in the worst cases it
is possible to achieve at least 5 dB of RCS reduction in the frequency range of
interest.

The plot of Fig. 5.9 makes also another important comment about the pro-
posed full-wave simulation results possible. By comparing the aforementioned
plot with Fig. 5.7b it can be seen that an additional minimum around 73 GHz
is present. This minimum is rather insensitive to over- and under-etching, since
it is quite stable in frequency compared to the resonances at higher frequen-
cies. In the full-wave simulation a large number of higher order modes must
be taken into account, since a waveguide port with the same dimension as the
chessboard unit-cell has been employed. When a higher-order mode becomes
able to propagate, a resonance around its cutoff frequency can be observed, and
this generates the simulation artifacts of Fig. 5.9. The over- and under-etching
do not change the total outer dimensions of the unit cell. Further comments
about the full-wave simulation setup to better understand possible simulation
artifacts will be given in Section 5.3.1.
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5.2.2 Experimental results

To verify the properties of the low-RCS surface, a prototype has been fabricated
and tested. A picture of this structure can be seen in Fig. 5.10. It is composed
of 10 × 10 unit cells with the same dimensions of Fig. 5.6. To increase the
mechanical stability of the structure, an FR-4 support has been glued on the
back side of the high-frequency substrate below the ground plane. The visual
inspection showed approximately 15 µm etching tolerances.

The measurement setup will be discussed in detail in the next chapter, and
for this reason the measurement results will be presented to understand the fea-
sibility of the proposed approach at mm-wave frequencies, in particular with
respect to the fabrication accuracy and the development of a suitable measure-
ment setup. Indeed, the proposed surface is composed of many long thin slots
that divide the AMC and PEC cells, which can be hard to realize accurately
with standard photo-etching process at high frequencies.

First of all, the backscattering for the normal incidence case has been mea-
sured and compared with the full-wave simulation results. The results are de-
picted in Fig. 5.11. It can be noticed that a good agreement is obtained. The
measured minimum of the reflection coefficient is shifted by less than 1 GHz
towards lower frequencies with respect to the simulation results. The mea-
sured bandwidth, where at least 10 dB of RCS reduction have been achieved, is
approximately 6 GHz wide and centered around 76.8 GHz. The measurement
proves that the proposed structure is able to achieve 17 dB of RCS reduction
at 76.8 GHz in the boresight direction compared to an equal-sized metal plate.

The oblique incidence case has also been experimentally evaluated. To this
purpose, the surface has been placed on a turntable in an anechoic chamber,
in order to collect the measurements while performing a sweep on the azimuth
plane. As an example, the results for 76.8 GHz and 78.0 GHz can be seen in
Fig. 5.12. First of all, the plots confirm again the strong RCS reduction of the
low-RCS surface compared to a metal plate for the direction of 0∘, namely for
the boresight direction. It can also be observed that roughly between −15∘

and +15∘ the amplitude of the backscattering from the metasurface is smaller
than the one of the PEC, but outside this range the amplitude increases. The
results show thus clearly the redirection of the incident wave towards the di-
rections far away from the boresight. In particular, two peaks with a high
amplitude can be observed at −29∘ and at +27∘. The non-perfectly symmetric
patterns in the two plots are related to minor positioning inaccuracies during
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Fig. 5.10: Photo of the fabricated prototype of the low-RCS surface. The
enlarged view of one unit cell can be seen in the top right corner.
The outer part of the PCB has been covered by absorber material
during the measurements.
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Fig. 5.11: Comparison of the measured and simulated backscattering from the
low-RCS surface for the normal incidence case. The measurement
result has been normalized to the result of a measured equal-sized
metal plate [92], © 2016 IEEE.

the measurements.
The investigation presented in this section demonstrated the feasibility of the

design at mm-wave frequencies of a low-RCS surface that exploits the mutual
phase compensation of two basic components, namely the AMC and the PEC.
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Fig. 5.12: Normalized amplitude of the backscattering from the surface under
test (SUT) and an equal-sized metal plate for the oblique incidence
case [92], © 2016 IEEE.

This promising approach will be now further generalized towards the develop-
ment of low-RCS antenna array configurations suitable for automotive radar
applications.

5.3 Principle of operation of the low-RCS antenna

The basic idea of the low-RCS surface presented above is the mutual phase
compensation between the AMC and the PEC. In principle, it should be possi-
ble to generalize such approach towards the development of low-RCS antenna
arrays, for example by substituting the PEC with an arbitrary planar antenna.
If the phase of the backscattering from the antenna is known, then it could
be possible to compensate it by designing a proper AMC so that a destructive
interference in the wave reflected back can be achieved. Similarly to the low-
RCS surface, the low-RCS array would show a strong reduction in the amount
of power reflected back in a specific angular direction and at a given frequency,
while redirecting the impinging wave towards other directions.

This work deals with the reduction of the RCS in the same operating band-
width where the antenna and the radar system are designed to function. Re-
ducing the RCS at out-of-band frequencies is outside the purpose of this work,
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since it is not relevant for the application of interest. However, it is in principle
possible to achieve it with the very same design procedure presented in this
section.

The here presented design strategy would offer an appealing advantage. To
realize a low-RCS planar antenna array it is possible to keep the original de-
sign of the array — for example already developed for automotive radar ap-
plications — and then it would be sufficient to place the AMC on the same
substrate around the array to develop its low-RCS counterpart. Designing such
a low-RCS antenna would not bring a significant increase in the cost or in the
fabrication complexity, since it can be realized with the same kind of technol-
ogy already used for the typical development of the antenna system, that is to
say, standard PCB photo-etching process. What is required for the design of
the low-RCS array is the backscattering from the antenna, in terms of ampli-
tude and phase. Once this value has been obtained, either by simulations or
measurements, the development of the low-RCS version is straightforward.

As it can be easily understood, the design shown in this thesis is easy to
develop and to integrate with the sensor components, compared to other low-
RCS antenna design already presented in the literature. For example, in [100]
the authors propose to replace the metallic ground plane of a microstrip array
with a periodic hybrid PEC-FSS structure. A modification of the ground plane
can be however tricky for integrating the array with the feeding network and
the other electronic components, and the design strategy proposed in [100] pro-
vides anyway a strong RCS reduction only at frequencies outside the operating
bandwidth of the antenna array.

In the previous section equation (5.2.1) described the RCS reduction of the
investigated metasurface. To calculate in the most general case the antenna
RCS reduction for the proposed design procedure, the equation can be modified
as follows:

|𝑟| = 10 log
⃒⃒
⃒𝑤AMC𝐴AMCe j𝜙AMC + 𝑤ant𝐴ante j𝜙ant

⃒⃒
⃒
2
dB , (5.3.1)

where 𝐴AMC and 𝐴ant are the amplitudes and 𝜙AMC and 𝜙ant the phases of the
reflection coefficients of the AMC and of the antenna, respectively. Compared
to (5.2.1), the terms 𝑤AMC and 𝑤ant have been introduced. Unlike the ampli-
tude of the PEC of (5.2.1), the amplitude 𝐴ant can be different than 𝐴AMC

even in the ideal lossless case. Thus, to successfully achieve a small value for
the reflection coefficient 𝑟, the weights 𝑤AMC and 𝑤ant must be introduced,
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since forcing 180∘-phase difference between the AMC and the antenna is not
sufficient to maximize the RCS reduction. The two weights describe the area
occupied on the PCB by the AMC and the antenna, respectively. By recalling
the array theory approach of [96] to describe first (5.2.1) and thus also the
generalized version of (5.3.1), the area occupation of the two building blocks,
namely the antenna and the AMC, controls the scattered field and hence the
RCS.

The first step for developing a low-RCS array, in particular a low-RCS micro-
strip array, is the estimation of the backscattering from the array to obtain the
terms 𝐴ant and 𝜙ant of (5.3.1). Obtaining them by means of full-wave simula-
tions can be a tricky task, and thus the next section will treat the details of
setting a proper simulation setup.

5.3.1 Simulation setup

In this work the backscattering from the array has been evaluated by means of
3D-full-wave simulations with an electromagnetic-field solver software. One of
the typical antenna models that has been analyzed is a series-fed patch array
as depicted in Fig. 5.13.

If the antenna array is illuminated by an incident plane wave, it is possible
to define a reference plane at the antenna position, and in particular at the
patch top metalization, and to calculate finally the amplitude and the phase of
the reflection coefficient, i.e., of the backscattering. For example, in Fig. 5.13
the reference plane has been described by the white dashed lines.

A standard way of defining a plane wave in full-wave simulations is to set PEC
and PMC (perfect magnetic conductor) walls [101] or equivalently to set unit
cell boundaries as boundary conditions. The excitation is then usually given by
a waveguide port placed above the AUT where a perfectly matched layer (PML)
is set. In the example of Fig. 5.13 the waveguide port has been represented by
the grid patterned area at the top of the picture. The electromagnetic problem
has been then solved with the help of a frequency domain solver.

Simulating the backscattering from a microstrip array poses specific chal-
lenges with respect to the simulation setup. As it can be observed in Fig. 5.13,
the waveguide port defined above the array has the same dimensions as the
array substrate and the ground plane. In a microstrip patch array, they nor-
mally extend for many wavelengths in width and length, and consequently, the
waveguide port can have large dimensions with respect to the wavelength. For
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this reason, a great number of higher order modes must be taken into account
to correctly carry out the simulations. The presence of so many higher order
modes can lead to simulation artifacts in the plot of the reflection coefficient
seen by the waveguide port when those modes become able to propagate.

Finally, the significant dimensions of the structure and, at the same time,
the fine geometrical features of the array set a quite large number of mesh cells
to proper discretize the 3D-model. All these issues let the simulation time and
the memory consumption increase.

In the simulation setup used in this work, unit cell boundary conditions
have been employed, since in the simulation software this configuration allows
a larger number of higher order modes to be correctly taken into account.
However, the structure that has been investigated is by its nature not periodic.
This means, that the coupling between adjacent unit cells must be carefully
reduced to avoid simulation artifacts. As a final remark, the edges of the
array do not contribute to the simulation results since an infinite extent of the
structure is assumed.

In many automotive radar applications, larger arrays composed of many
columns in parallel of series-fed arrays are employed to achieve a higher gain.

Fig. 5.13: Model of the series-fed microstrip array used in the 3D-full-wave
simulation. The white dashed lines highlight the position of the
reference plane for the calculation of the reflection coefficient, while
the blue solid lines describe the bounding box. The area filled with
the grid pattern represents the waveguide port to let a plane wave
impinge on the array. Picture based on [43], © 2018 IEEE.
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In those cases, the overall dimensions of the structure are obviously larger than
in the example depicted in Fig. 5.13. Hence, solving such an electromagnetic
problem can demand large computational resources. To overcome this issues,
in the next chapter an alternative empirical design procedure for developing a
more complex low-RCS antenna system will be proposed.

Another possible alternative simulation setup to threat the problem of ana-
lyzing the backscattering from a planar antenna array could be based on an
asymptotic solver, that is often employed for calculating the RCS signature
of objects extremely large in wavelengths. However, this approach was not
covered in this thesis.

5.3.2 Limitations of the design procedure

The design of the low-RCS array relies on the knowledge of the array reflection
phase to compensate it. It should be now clear from the previous section that
accurately estimating the phase is sometimes not an easy tasks. Moreover, as it
has been already mentioned previously, in all the cases where the backscattering
of the array cannot be obtained by means of full-wave simulations, it can be
only collected with the help of measurements. Phase measurements at mm-
wave frequencies are extremely sensitive to small errors and inaccuracies, as it
will be explained in the next chapter. For all these reasons, it is then interesting
to understand how significant is a phase (or amplitude) error in (5.3.1) for the
performance of the low-RCS array. By including two error terms Δ𝐴 and Δ𝜙
to describe a discrepancy in the amplitude and the phase estimation, (5.3.1)
becomes

|𝑟| = 10 log
⃒⃒
⃒𝑤AMC𝐴AMCe j𝜙AMC + 𝑤ant(𝐴ant + Δ𝐴)e j(𝜙ant+Δ𝜙)

⃒⃒
⃒
2
dB . (5.3.2)

The phase compensation between the AMC and the array as in (5.3.1), and
consequently in (5.3.2), can be elegantly described as a vector sum in the
complex plane (or Argand-Gauss plane), as depicted in Fig. 5.14.

In the following it is assumed without loss of generality, that the array and
the AMC occupy the same amount of area on the PCB and that the ideal
lossless case is considered. In this basic example, the weights 𝑤AMC and 𝑤ant

can be both assumed to be equal to 0.5, thus the magnitude of the vectors
𝐴AMC and 𝐴ant are also assumed identical. In the ideal case where a perfect
mutual compensation between the AMC and the antenna exists, the error terms
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Fig. 5.14: Phase compensation between 𝜙AMC and 𝜙ant in (5.3.1), when
𝑤AMC=𝑤ant=0.5, represented as vector sum in the complex plane.
The amplitudes of the vectors are assumed equal, the losses are
neglected. The effect of a non-ideal knowledge of 𝜙ant is described
by the vectors with dashed lines and included in (5.3.2). Picture
based on [43], © 2018 IEEE.

are equal to 0, and the RCS reduction can be calculated by the sum of the two
vectors depicted with solid lines in Fig. 5.14.

If there is an error Δ𝜙 in the estimation of the phase term, a perfect compen-
sation between the antenna and the AMC cannot be obtained. This situation
can be represented for example by one of the dashed vectors in Fig. 5.14. From
easy calculations it can be concluded that, if the error on the phase of the an-
tenna is within [−20∘,+20∘] of the nominal value, it is still possible to achieve
at least 9 dB RCS reduction. Similar considerations can be done for errors on
the estimated amplitude from the antenna array. Uncertainties on the antenna
amplitude up to 5 dB can still lead to at least 7 dB RCS reduction.

In all practical cases, there will be at the same time errors both on the
amplitude and the phase of the reflection coefficient. This will deteriorate the
achievable RCS reduction. However, small errors on the knowledge of the phase
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or the amplitude can still be tolerated in the design procedure.

5.4 Conclusion

In this chapter the principle of operation of the proposed low-RCS antenna
array has been introduced and described in detail.

The scattering properties of microstrip arrays make the design of the low-
RCS counterpart intuitive and straightforward. Indeed, since the actual im-
pedance matching at the array feed terminals does not significantly affect the
total RCS of the array, the knowledge of the array structural mode is sufficient
for the development of the low-RCS version.

The principle of operation of the low-RCS antenna is based on the low-RCS
chessboard-like metasurface presented in [91]. A similar version designed for
working in the E-band has been developed and characterized to test the feasi-
bility — in terms of both fabrication and measurement accuracy — of such an
approach at mm-wave frequencies.

The fundamental and new idea presented in this thesis is to retain the stan-
dard planar array design typically used in the mm-wave radar sensor and to
reduce its RCS by placing a suitable AMC on the very same substrate. The
mutual phase compensation in the backscattering from the AMC and the array
is the basic mechanism for reducing the RCS of the array itself in a specific
angular direction and in a given frequency range.

In the following chapter, the design of a low-RCS microstrip array will be
further explained and a fabricated prototype tested. Afterward, more complex
designs suitable for the radar sensor integration will also be introduced, to
finally demonstrate that the use of low-RCS antenna systems can effectively
mitigate the problem of multiple reflections between the sensor and the bumper.

Before moving to the next chapter, it is worth mentioning a last remark.
The experimental characterization of the low-RCS chessboard-like metasurface
proved that it is possible to achieve a good RCS reduction — compared to
an equal-sized metal plate — in a sufficiently large frequency range for the
application of interest. Similar results can also be predicted for the low-RCS
microstrip antenna array. However, it is in principle possible to widen this
frequency band by considering for example the use of multiband AMCs, such
as the models presented in [102]. Although possible from a theoretical point of
view, employing more complex AMC designs might typically require extremely
small slot and trace widths of the unit cell, that can be quite challenging
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to realize with a standard PCB fabrication process. On the other hand, the
approach proposed in [95,103] seems more feasible, where two different unit cells
with a slight difference reflection phase are employed. This simple technique
can actually lead to a broadening of the frequency range where a good RCS
reduction can be achieved. However, this method have not been tested yet as
part of this work, but it could in principle conduct to promising results.
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6 Millimeter-wave low-RCS antenna array design
and sensor integration

In this chapter different microstrip antennas with low-RCS are presented. To
verify their scattering properties, a dedicated measurement setup has been used.
For this reason, the realized setup is discussed in detail at the beginning of this
chapter.

Furthermore, an antenna array with low-RCS is integrated in a mm-wave
MIMO radar sensor and tested behind a car bumper to demonstrate that the
proposed approach can improve the radar-vehicle integration in a realistic sce-
nario.

6.1 Measurement setup for the characterization of low-RCS
antennas

This section presents and describes the two measurement setups that have been
employed for the characterization of the low-RCS antenna prototypes. The
first one has been used for measuring the backscattering from planar antenna
systems and the RCS reduction in the normal and oblique incidence case, while
the second one permits to characterize the multiple reflections between the AUT
and a bumper sample.

6.1.1 Measuring the RCS reduction for normal and oblique incidence

Firstly, the setup for measuring the antenna backscattering properties and the
RCS reduction in the normal incidence case is presented, and it is shown in
Fig. 6.1. As it can be noticed, it is a monostatic measurement setup where a
25-dBi standard-gain horn antenna illuminates the AUT. The horn antenna is
in turn connected through a rectangular waveguide to a frequency converter
module that extends the measurement range of the VNA to the E-band. The
available VNA does not support frequencies higher than 50 GHz, and therefore
external frequency converter modules are required.
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Horn
antenna

AUT

𝑥

𝑦

Fig. 6.1: Photo of the measurement setup for the characterization of the
backscattering from the antenna in the normal incidence case. Pic-
ture from [104], © 2018 IEEE.

The AUT has been fixed to a plastic support, which is in turn controlled by
a stepped motor to accurately set the position in 𝑥- and 𝑦-direction, accord-
ing to the reference system of Fig. 6.1. Because of the short wavelength, the
measurement results are quite sensitive to small misalignments. Therefore, to
mitigate them, a set of 25 measurements has been collected on a rectangular
planar scanning area. The final results are then calculated as average of the
25 different contributions. The distance between two adjacent points in the
scanning domain can be adjusted depending on the AUT dimensions. Finally,
the whole supporting structure is covered by absorbing material, as it can also
be observed in Fig. 6.1.

In the measurements presented in this work, a one-port calibration has been
used, which defines the reference plane on the waveguide at the input of the
horn antenna.

To collect only the signal of interest, that is to say, the backscattering from
the AUT, the time gating has been applied. This is a well-known feature
implemented in most VNAs to selectively remove unwanted discontinuities in
reflection or transmission measurements [105]. Starting from the time domain
representation of the 𝑠11 measured by the horn antenna, obtained by means of
an inverse discrete Fourier transform (IDFT), the gating can be used to filter
out a part of the signal response in time, or equivalently in space. Afterward,

92



6.1 Measurement setup for the characterization of low-RCS antennas

the remaining signal can be transformed back to the frequency domain with a
DFT. In particular, in this work the gating function is a bandpass filter, used
to isolate the amount of power reflected back by the AUT. The windowing
suppresses the discontinuities at the input and at the ouput of the horn antenna
and other unwanted spurious reflections from the surrounding environment.

The frequency range in which the measurements are carried out sets the
response resolution of the time gating, which is in the end the spatial resolu-
tion required to resolve two closely spaced discontinuities. In this work all the
measurements have been carried out in the whole E-band. Thus, the 30 GHz
frequency range together with the bandpass windowing guarantees 9.7 mm re-
sponse resolution, which is sufficient to correctly identify the backscattering
from the AUT.

Depending on the AUT dimensions, the distance between the AUT and the
horn antenna can be adjusted to eventually fulfill the farfield condition.

Typically, for both the characterization of the backscattering of an antenna
and the evaluation of the RCS reduction, an additional reference measurement
is required. The actual measurement data of the AUT is then divided by the
reference measurement result. In this work the reference object can be either
a metal plate with the same dimensions of the AUT or the standard antenna
system without the integration of the AMC. However, for phase measurements
the reference object should have known phase properties. For this reason a
metal plate has been used. To compensate for the phase shift introduced by
the metal plate itself, 180∘ should be added to measured phase data. This
approach has been described in detail in [106]. It is important to underline
that the AUT and the reference metal plate should be successively placed in
the same position to correctly evaluate the reflection phase. Errors in the
positioning can introduce additional phase shifts to the measured data, which
can become not negligible at mm-wave frequencies.

Finally, for the oblique incidence case, a quite similar measurement setup
can be employed. The AUT can be placed on a turntable in an anechoic
chamber for performing a sweep on the azimuth plane while collecting the
measurements with the same kind of monostatic setup described above. The
same considerations about the calibration and the time gating still hold true.

93



6 Millimeter-wave low-RCS antenna array design and sensor integration

6.1.2 Testing the AUT behind a bumper sample

By slightly modifying the measurement setup used for the normal incidence
case, the AUT can also be tested in a more realistic scenario, i.e., behind a car
bumper sample. More specifically, with such a setup the multiple reflections
between the AUT and the bumper can be evaluated.

Figure 6.2 shows the setup, in which a silver-metallic bumper sample is
between the AUT and the horn antenna. In this case, the AUT has been kept
in a fixed position and no scanning in the 𝑥𝑦-plane has been carried out.

The bumper sample used in this work has a thickness of 2.8 mm and an area
of 18 cm × 24 cm. The distance between the sample and the AUT has been
kept constant to 13 cm throughout the measurements. This is the smallest
distance that can be achieved with the proposed measurement setup, and it
is simply limited by the height of the pyramidal absorbers that surround the
AUT, as it can be noticed in Fig. 6.2. The distance between the horn antenna
and the AUT depends again on the AUT dimensions. To increase the power
of the measured received signal, the distance has been sometimes reduced even
below the farfield condition. This is however not critical, since the purpose
of these measurements is simply a qualitative verification of the reduction of
the multiple reflections compared to a standard antenna system without the
integration of the AMC.

For easily investigating the multiple reflections, it is convenient to represent

Horn
antenna

Bumper
sample

Fig. 6.2: Photo of the measurement setup for analyzing the multiple reflections
between the AUT and a sample of a car bumper [104], © 2018 IEEE.
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the measured signal in the time domain. Indeed, in this way it is possible to
quickly and intuitively locate in space the multiple reflections and to immedi-
ately compare their amplitudes, when antenna systems with and without the
integration of the AMC are employed. In the time domain representation, the
distance plotted on the abscissa refers to the distance from the reference plane
set with the one-port calibration, that means the rectangular waveguide at the
input of the horn antenna.

The picture in Fig. 6.3 sketches the first multiple reflection that can be
characterized with the setup described above.

The horn antenna illuminates the AUT. The wave traveling from the horn
antenna impinges first on the bumper sample and then on the AUT. Part of the
wave is reflected back by the AUT towards the bumper, which in turn reflects
also back a part of the impinging wave towards the AUT. Finally, the signal is
received by the horn antenna after bouncing once again against the AUT. This
path has been measured for some fabricated prototypes with and without the
use of the AMC. The comparison of these measurement results gives a clear
insight into the amplitude reduction of the first multiple reflection.

Finally, it is worth mentioning that the measurement setup described in this
work seems to be the only effective solution for the experimental characteriza-
tion of the multiple reflections related to the radar-vehicle integration. Indeed,
it is not possible to directly measure them with the AUT or the radar sensor
because of the limited bandwidth of the microstrip arrays typically employed.

Horn antenna

Bumper
AUT

Fig. 6.3: Sketch of the path (dotted lines) of the first multiple reflection that
can be measured with the experimental setup of Fig. 6.2. Picture
from [43], © 2018 IEEE.
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The resulting poor spatial resolution cannot lead to satisfactory results. The
change of perspective given by the measurement with the horn antenna of
Fig. 6.2 brings the required bandwidth and thus enough spatial resolution.

6.2 Development of a microstrip low-RCS array

Using the simulation setup described in Section 5.3.1, a microstrip patch array
with low-RCS properties has been designed and developed. The starting point
of the design was the analysis of the backscattering of the 10-element series-fed
patch array presented in Fig. 5.3. The very same model has been then retained
for the development of the low-RCS counterpart. In the simulation setup, the
metalization of the array has been defined as PEC and the substrate RO3003
modeled as lossless to speed up the simulation time.

The backscattering from the microstrip array, i.e., the reflection coefficient
obtained by means of full-wave simulations, is depicted in Fig. 6.4a. As it can be
observed, the amplitude 𝐴ant of the reflection coefficient is slightly below 0 dB
close to the resonance frequency of 77 GHz, while the phase 𝜙ant is confined
between 141∘ and 151∘ in the frequency range of interest. The small ripples
visible in Fig. 6.4a can be ascribed to simulation artifacts due to the excitation
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Fig. 6.4: Backscattering calculated with full-wave simulations of the micro-
strip patch array (left) and of the AMC (right) illuminated by an in-
cident plane wave. Amplitude and phase of the reflection coefficients
are depicted in the plots with solid and dashed lines, respectively.
Pictures from [43], © 2018 IEEE.
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of higher order modes.

The next step is the design of a suitable squared patch to be used as AMC in
order to compensate the reflection phase of the array at 77 GHz. In particular,
by using a squared patch with a side length of 0.88 mm and a gap between
adjacent cell equal to 0.13 mm it is possible the get the results of Fig. 6.4b. It
can be noticed that at 77 GHz the reflection phase is −33∘. This value is close
to the ideal required value for a perfect phase compensation of the antenna
array contribution.

Once the backscattering from the antenna and from the AMC have been
investigated, the weights needed in (5.3.1) can be finally defined. The photo
of the fabricated prototype, where the AMC has been integrated on the same
substrate as the antenna array, can be seen in Fig. 6.5. In this example, the
weight 𝑤AMC is equal to 0.56. The outer part of the prototype has been cov-
ered by absorber material during the experimental characterization. Also in
this case, a waveguide-to-microstrip transition has been used to allow further
measurements.

𝑑2

𝑑1

Fig. 6.5: Photo of the prototype of the low-RCS antenna array. The red-
dashed area describes the part of the array illuminated by the horn
antenna during the measurement, while the remaining part has been
covered by absorbers. The AMC occupies 56% of this area. The
distances 𝑑1 and 𝑑2 are equal to 2.42 mm and 3.94 mm, respectively.
Picture based on [43], © 2018 IEEE.
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6.2.1 Measurement results of the low-RCS microstrip array

The integration of the AMC around the microstrip patch array should not de-
grade the antenna performance. To this purpose, before starting the evaluation
of the RCS reduction, two prototypes with and without the integration of the
AMC have been tested and their performances compared.

First of all, Fig. 6.6 shows the input reflection coefficient of the two arrays
measured from the waveguide-to-microstrip transition. As it can be observed
from the comparison of the measurement results, the integration of the AMC
does not significantly affect the amplitude of the 𝑠11 except for a slight shift
towards higher frequencies. This effect could be however also ascribed to the
discrepancies in the fabrication tolerances, since the two prototypes have been
not developed during the very same etching process. Afterward, the radiation
pattern in the two main cuts has been measured in an anechoic chamber. As
an example, Fig. 6.7 presents the results at 77 GHz. The sidelobe level and the
3-dB beamwidth of the low-RCS antenna are similar to that one of the standard
series-fed patch array, i.e., without the integration of the AMC. Similar results
have been obtained at the other frequency points, and they are here omitted
for the sake of brevity. They can be found however in the Appendix B on
page 129.

From the previous experimental results it can be concluded that the integra-
tion of the AMC does not critically affect the antenna array performance. The
co-design of the microstrip array together with the AMC placement to assure
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Fig. 6.6: Measured input reflection coefficient of the arrays fed by the
waveguide-to-microstrip transition, with and without the integration
of AMC. Results from [43], © 2018 IEEE.

98



6.2 Development of a microstrip low-RCS array

−90 −60 −30 0 30 60 90
−35
−30
−25
−20
−15
−10
−5

0

Angle in degree

N
or

m
.

am
pl

itu
de

in
dB

With AMC
No AMC

(a) E-plane.

−90 −60 −30 0 30 60 90
−35
−30
−25
−20
−15
−10
−5

0

Angle in degree

N
or

m
.

am
pl

itu
de

in
dB

With AMC
No AMC

(b) H-plane.

Fig. 6.7: Measured radiation pattern at 77 GHz with and without the integra-
tion of the AMC around the series-fed patch array. Results from [43],
© 2018 IEEE.

a good antenna performance is hence not necessary.
The following step is the characterization of the RCS reduction using the

monostatic measurement setup described at the beginning of this chapter and
depicted in Fig. 6.1. In this case, a reference metal plate with the same dimen-
sions as the AUT has also been measured.
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Fig. 6.8: Measured backscattering from the array with and without AMC for
the normal incidence case. Both curves are normalized to a measured
equal-sized metal plate. Results from [43], © 2018 IEEE.
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The measurement results for the normal incidence case can be seen in Fig. 6.8.
It can be observed that the low-RCS array shows an amplitude of the backscat-
tering approximately 20 dB smaller compared to the standard microstrip array
without the use of the AMC at approximately 76 GHz. The RCS reduction is
at least 10 dB in a 6-GHz range.

The AUT has been then tested behind the car bumper sample with the setup
of Fig. 6.2. Also in this case, the result has been compared to a patch array
without the integration of the AMC. The measurement results represented in
the time domain are depicted in Fig. 6.9. First of all, in the plot the reflections
from the horn antenna itself and from the bumper plate can be clearly observed.
They are of course identical in the amplitude for both prototypes. After them,
the peak that corresponds to the backscattering from the AUT is distinctly
present at approximately 0.36 m. The results here presented confirm again the
results of Fig. 6.8, namely the reduction of the backscattering when the low-
RCS antenna array is employed. Consequently, the amplitude of the multiple
reflections can be reduced, too. The first multiple reflection at a distance of
approximately 0.48 m can be identified. With the use of the low-RCS array, its
amplitude decreases compared to the normal patch array.
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Fig. 6.9: Testing the low-RCS antenna array behind a sample of a car bumper.
Representation of the measured backscattering in the time domain.
The zoomed view highlights the amplitude reduction in the first
multiple reflection (see the sketch of Fig. 6.3). Results from [43],
© 2018 IEEE.

6.2.2 Increasing the area occupied by the AMC

Finally, to further understand the principle of operation of the low-RCS an-
tenna, the effect of changing the area occupied by the AMC on the achievable
RCS reduction has been analyzed. To this purpose, a second prototype has
been realized, which is shown in Fig. 6.10.

The AMC occupies now a larger area on the substrate compared to the
model of Fig. 6.5, where it covered 56% of the PCB surface. In particular, the
AMC fills now 76% of the area illuminated by the horn antenna during the
measurements.

The measurement results depicted in Fig. 6.11 demonstrates that the in-
creased AMC area does not improve the RCS reduction, rather it causes an
over-compensation of the backscattering from the antenna array and, hence,
the RCS reduction is smaller than in the previous case.

These experimental results implicitly confirm the correctness of (5.3.1), where
two weights have been introduced to describe the amount of backscattering re-
lated to the relative area occupation on the PCB of the antenna array and
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AMC, respectively. The relative area occupation of the AMC plays a major
role in controlling the RCS reduction.

6.3 Design of a complex low-RCS antenna system

The design of the low-RCS microstrip array of Fig. 6.5 is based on the knowledge
of the backscattering from the the series-fed patch array, in terms of amplitude
and phase. These values have been obtained by means of full-wave simulations.
However, the limitations of the simulation setup, which have been described in
Section 5.3.1, pose quite strict constraints on the maximum size of the AUT.

In many practical cases, the radar sensors make use of larger antenna arrays
to increase the realized gain. Typically, multiple columns of series-fed arrays
are used. The backscattering from such structures cannot be analyzed with the
simulation setup described in the previous chapter. Another example, where
the full-wave simulation setup fails to correctly analyze the structure of interest,
is a MIMO-radar antenna configuration. In this case, multiple antenna arrays
are employed as transmitting and receiving elements, and they all contribute
at the same time to the RCS signature of the antenna system.

This section will thus deal with the design of a more complex low-RCS an-
tenna system, that cannot be developed with the aid of full-wave simulation
results to obtain the backscattering. The starting point is the MIMO antenna
system of Fig. 6.12. As it can be seen in the picture, some large microstrip
arrays made out of multiple series-fed patch array columns can be observed on

Fig. 6.10: Prototype of the low-RCS array with 76% of the area illuminated
during the measurement occupied by the AMC. Picture from [43],
© 2018 IEEE.
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Fig. 6.11: Comparison of the measured backscattering from the array without
AMC and the arrays of Figs. 6.5 and 6.10 for normal incident direc-
tion. The curves are normalized to a measured equal-sized metal
plate. Results from [43], © 2018 IEEE.

the substrate.

6.3.1 Overview and design procedure

To overcome the limitations of the simulation setup, an empirical design ap-
proach has been used, as presented in [104]. The main design steps will be
here presented, and the measurement results of a fabricated prototype will be
described in the following section.

Since the design procedure cannot rely on the simulation results, the terms
𝐴ant and 𝜙ant of (5.3.1) have been obtained by means of measurements, with
the same setup described at the beginning of this chapter.

The measured backscattering of the model in Fig. 6.12 is depicted in Fig. 6.13a
in terms of both amplitude and phase. Once these values are known, the proper
dimensions of the AMC can be calculated with full-wave simulations in order
to compensate the phase term 𝜙ant, and finally, by changing the weights 𝑤AMC

and 𝑤ant, the RCS reduction can be further adjusted. The simulation results
that give 𝜙AMC are shown in Fig. 6.13b. These results have been obtained for a
square patch with an edge length of 0.87 mm and with a gap between adjacent
patches of 0.13 mm. As it can be noticed from the amplitude 𝐴AMC, the losses
have been neglected.

A picture of the fabricated prototype can be seen in Fig. 6.14. A set of
squared patches acting as AMC surrounds the MIMO antenna system presented
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Fig. 6.12: MIMO antenna system composed of multiple series-fed microstrip
arrays. The external dimensions of the PCB are 63 mm × 67 mm.
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Fig. 6.13: Measured backscattering of the MIMO antenna configuration (left)
and backscattering of the AMC obtained by full-wave simulations
(right). Amplitude and phase of the reflection coefficients are de-
picted in the plots with solid and dashed lines, respectively.

above. For this model, the weight 𝑤AMC has been set to 0.4 and 𝑤ant to 0.6.
Since it has been already verified that only the structural mode contributes
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to the antenna RCS, the feeding network has been omitted, as it can be clearly
observed in both Fig. 6.12 and Fig. 6.14.

Before moving to the experimental results, it must be noticed that the pro-
posed empirical method does not provide any rigorous solution to the problem
of designing a complex low-RCS antenna system. In particular, the main limi-
tation of this approach is related to the use of phase measurements to get 𝜙ant

required in (5.3.1). As mentioned in Sec. 6.1, it is well known that at mm-wave
frequencies the accuracy of phase measurements is critical. However, as the
next results will show, this approach is still a valuable support where no ana-
lytical or numerical solutions are available, and it is still possible to calculate
a reasonably good prediction of the achievable RCS reduction.

AMC

Patch arrays

Fig. 6.14: Fabricated low-RCS MIMO antenna system. The external dimen-
sions of the PCB are the same as the model of Fig. 6.12, namely
63 mm × 67 mm.
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6.3.2 Measurement results of the low-RCS MIMO antenna configuration

Figure 6.15 presents the measured RCS reduction for the normal incidence case.
The experimental results have been compared to the estimated RCS reduction
calculated with (5.3.1), where the backscattering from the antenna has been
obtained by the measurements of Fig.6.13a. As it can be noticed, at 77 GHz
the reduction of the RCS is equal to 17 dB. Although without a perfect match,
the two curves are in fairly good agreement. The highest RCS reduction in
the measurement result (solid line) is only shifted by 0.53 GHz towards higher
frequencies compared to the estimated results of (5.3.1).

Afterward, the measurements for the oblique incidence case have been carried
out in an anechoic chamber. The results can be seen in Fig. 6.16 for 77 GHz
and 79 GHz. At both frequencies, the measurements confirm again the good
RCS reduction for normal incidence (angle of 0∘). At 77 GHz the structure
with the AMC shows a smaller backscattering compared to the counterpart
without the AMC in the angular range [−10∘,+10∘]. Outside this range the
amplitude becomes comparable or even larger than in the case without AMC.
This behavior is similar to the results of the chessboard-like metasurface (see
Fig. 5.12). Thus, due to the displacement of the AMC around the antennas,
the impinging wave is redirected towards directions other than the boresight.
A similar behavior can also be observed at 79 GHz.

Finally, the MIMO low-RCS antenna configuration has also been tested be-
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Fig. 6.15: Estimated — using (5.3.1) — and measured RCS reduction for the
prototype of Fig. 6.14. The solid curve has been normalized to a
prototype without the integration of the AMC. Results from [104],
© 2018 IEEE.
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Fig. 6.16: Measured backscattering from the two prototypes with and without
AMC on the azimuth plane. The results have been normalized
to the measurement results of a reference metal plate. Results
from [104], © 2018 IEEE.

hind the car bumper sample for the characterization of the multiple reflections,
and the results are depicted in Fig. 6.17. Similarly to the time domain results
of the single column low-RCS array of Fig. 6.9, also in this case it is possible
to clearly identify in the plot the reflections from the horn antenna, from the
bumper, and from the AUT. In particular, as expected, the measured ampli-
tude of the reflections from the horn antenna and the bumper are not affected
by the specific AUT. Again, also here the reduction in the backscattering from
the AUT — visible at approximately 0.74 m — when the AMC is placed on
the substrate confirms the good RCS reduction for the normal incidence case
of Fig. 6.15. Finally, the first multiple reflection between the AUT and the
bumper sample at the position of 0.85 m can be distinctly observed in the plot,
too. By looking at the measurement results, it is possible to conclude that the
low-RCS prototype allows to clearly reduce the amplitude of the first multiple
reflection.
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Fig. 6.17: Testing the MIMO low-RCS antenna configuration behind a sample
of a car bumper. Representation of the measured backscattering
in the time domain. The zoomed view highlights the amplitude
reduction in the first multiple reflection (see the sketch of Fig. 6.3).
Results from [104], © 2018 IEEE.

6.4 Integration in a millimeter-wave radar sensor

After verifying the design of the low-RCS arrays, it is also interesting to in-
tegrate them into a mm-wave radar sensor. This makes possible to further
understand if the use of a low-RCS antenna configuration can actually lead to
a reduction in the angular errors for DoA-estimation problems when the radar
is placed behind the car fascia.

6.4.1 Low-RCS antenna system design

The radar used to test the proposed design strategy is a fast-FMCW MIMO
system with 𝑀𝑡=3 transmitting and 𝑀𝑟=4 receiving elements. The bandwidth
of the radar is 500 MHz centered around 76.5 GHz. The same kind of antenna
array is used for both the transmitters and receivers, and it is composed of two
slotted patches in parallel, as it can be noticed from Fig. 6.18. To avoid any
beam splitting, the patches are fed with 180∘-phase difference thanks to the
different lengths of the microstrip feeding lines. The prototype has been realized
with standard PCB-technology on a Teflon-based substrate with a thickness
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of 127 µm and a nominal value of the relative permittivity of 3. Similarly to the
previous prototypes, the AMC has been displaced around the antenna elements,
as it can also be observed from Fig. 6.18. The side length of the squared patch
used as AMC unit cell is 0.87 mm, and the gap between adjacent patches is
0.15 mm.

Due to the complexity of the MIMO configuration, also in this case it was
not possible to perform a full-wave simulation of the complete antenna system.
Like in the previous example, an empirical design approach has been followed.
However, while in the previous section the terms 𝐴ant and 𝜙ant of (5.3.1) were
estimated with measurements, in this example the starting point for the design
is the simulation of the 2-element slotted-patch array. It is then assumed that
the reflection coefficient of the whole MIMO antenna system is similar to the
one of the 2-element array. This is not an exact solution to the problem of
designing a low-RCS MIMO antenna configuration. But again, it is an helpful
empirical approach when alternative solutions cannot be exploited.

Figure 6.19a presents the backscattering from the 2-element slotted patch
array calculated by the full-wave simulator. As it can be observed then from
Fig. 6.19b, the reflection phase of the AMC is 180∘ out of phase with respect to
the one of the array around 78 GHz, in order to achieve the phase compensation.
To take into account the different amplitudes 𝐴ant and 𝐴AMC, that would not
allow a perfect destructive interference, the weights 𝑤ant and 𝑤AMC must be
carefully chosen to make |𝑟| in (5.3.1) small. In this case the AMC occupies
43% of the area, and an almost perfect mutual cancellation can be achieved
close to the frequency of 78 GHz, as it can be seen from the estimated RCS
reduction in Fig. 6.20.

AMC

Slotted-patch
arrays

Fig. 6.18: Sketch of the low-RCS antenna configuration. The AMC surrounds
the slotted patch arrays. Zoomed view of two transceivers. Picture
from [107], © 2018 IEEE.
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6 Millimeter-wave low-RCS antenna array design and sensor integration

For the sake of completeness, the results of Fig. 6.19a can be compared with
the reflection phase of the series-fed array depicted in Fig. 6.4a on page 96. As
it can be clearly observed, the curve that represents the backscattering from the
slotted patch array is significantly smoother. This difference can be explained
by recalling the full-wave simulation setup employed in this work. Indeed, the
dimensions of the waveguide port that illuminates the structure are directly
related to the size of the array substrate and the ground plane. Consequently,
the substrate size sets the number of higher order modes that must be taken
into account during the simulation. The smaller size of the slotted patch array
substrate reduces thus the number of modes included in the simulation, and
makes the curve smoother thanks to the absence of simulation artifacts.

6.4.2 Radar measurement results

A prototype of the proposed MIMO radar equipped with the low-RCS antenna
system has been fabricated and tested. For a fair evaluation of the impact of
the low-RCS antenna system, a second prototype without the integration of
the AMC has been realized, too. The MMIC placed on the PCB for the gener-
ation of the high-frequency signal has been covered with absorbing material to
suppress the spurious radiation that can degrade the antenna radiation pattern.
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Fig. 6.19: Backscattering calculated by means of full-wave simulations of the
2-element slotted patch array (left) and of the AMC (right). Am-
plitude and phase of the reflection coefficients are depicted in the
plots with solid and dashed lines, respectively. Results from [107],
© 2018 IEEE.
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Fig. 6.20: Estimated RCS reduction using (5.3.1) with the simulation results
of Fig. 6.19. Picture from [107], © 2018 IEEE.

Finally, both prototypes — with and without AMC — have been covered with
a radome typically employed in mm-wave automotive radars.

First of all, it is important to verify that the AMC does not affect the antenna
array radiation pattern, similarly to what has also been checked in Section 6.2.1.
Since a direct measurement of the single patch array is not possible, the 2-way
radiation pattern for all the transmitter-receiver pairs has been collected: a
corner reflector has been placed in the farfield of the sensor, and a sweep on
the azimuth plane has been performed. The results for one transmitter-receiver
pair are depicted in Fig. 6.21. As it can be observed, the presence of the AMC
does not affect much the shape of the radiation pattern. The 2-way radiation
pattern remains the same with and without the integration of the AMC. Similar
results have been obtained for the other channels, too.

The next step is the characterization of the angular error in the DoA esti-
mation when the radar sensor is placed behind a car bumper. To calculate the
angular error, first of all the DoA estimation problem must be solved. Then,
by comparing the estimated angle 𝜗est with the actual DoA, the angular error
is easy to determine.

In this specific problem, the DoA estimation can be practically solved by
measuring the cross-correlation between the measured signal when the bumper
is in front of the radar and a reference measurement taken without the bumper.
If the correlation returns 1, it means that the two measurements are identical,
i.e., the impact of the bumper is negligible, and the estimated DoA coincides
with the actual DoA. In such a way, it is possible to characterize the similarity
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Fig. 6.21: Measured 2-way radiation pattern using the first transmitter and
the first receiver, for both the sensors with and without AMC. Pic-
ture from [107], © 2018 IEEE.

between the measured signals, and thus understand how the measurements col-
lected with the bumper differ from the reference results. This kind of approach
for solving the DoA problem is strictly related to the problem of the ambiguities
in the beam pattern and the definition of the AF given in Chapter 2.

Such a solution for finding the DoA of a target is sometimes called determinis-
tic maximum likelihood (DML) method [108]. However, for the single snapshot
and single target scenario, finding the DML estimator means simply maximiz-
ing the Bartlett’s beamformer (or conventional beamformer) spectrum [109].
Indeed, similarly to the conventional beamformer the cross-correlation can be
calculated over a range of angles 𝜓. The direction that maximizes the com-
puted cross-correlation gives the estimated DoA. Typically, in the Bartlett’s
beamformer a weight vector is also employed, which is taken in this case from
the reference measurement data, and it can be described as a spatial filter
matched to the received signal [49].

As a last remark, it should be mentioned that the DoA estimation problem
can be solved in such an intuitive way because the reference (or calibration)
measurement has been carried out at several known angular positions, and the
array response is basically known at those points. No interpolation has been
applied, and the DoA can be estimated only at the very same points of the
azimuth sweep.
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6.4 Integration in a millimeter-wave radar sensor

The bumper sample used in this measurement setup is made out of polycar-
bonate with a thickness of 2.89 mm. The measurement setup is quite similar
to the one for the characterization of the 2-way radiation pattern. First of all,
the reference measurement for both prototypes has been carried out without
the presence of the bumper. It is identical to the procedure for collecting the
two-way pattern. Afterward, the bumper sample has been placed in front of
the radar sensor, and the 2-way pattern has been measured again while keeping
the corner reflector in the same position. By comparing the results with and
without the bumper, it is possible to assess the angular error and to verify the
impact of the low-RCS antennas on it.

In Section 2.3 the problem of the radar-vehicle integration — and in par-
ticular the issue of the multiple reflections between sensor and bumper — has
already been extensively described. However, it is important to recall here that,
when placing the radar sensor behind the bumper, a standing wave can occur.
For a correct examination of the experimental results, it is convenient to avoid
that the bumper is located exactly at one of the maxima or minima of the
standing wave pattern. Therefore, multiple measurements have been collected,
where the distance between the sensor and the bumper has been changed in
steps of 0.5 mm starting from the initial value of 10 mm. It must also be un-
derlined that in a practical scenario, where the sensor is installed in a car, it
is usually hard to exactly control the positioning behind the fascia, typically
due to mechanical inaccuracies. Hence, collecting multiple measurements by
slightly changing the distance between the prototype and the bumper sample
is an effective solution to test at the same time the robustness of the results.

Let C be the matrix that contains the results of the reference measurement,
as follows:

C =

𝜓1 𝜓2 . . . 𝜓𝑁⎛
⎜⎜⎜⎝

⎞
⎟⎟⎟⎠

𝑐11 𝑐12 . . . 𝑐1𝑁 channel 1
𝑐21 𝑐22 . . . 𝑐2𝑁 channel 2
...

...
. . .

...
...

𝑐𝑀1 𝑐𝑀2 . . . 𝑐𝑀𝑁 channel 𝑀

(6.4.1)

where 𝑀=𝑀𝑡𝑀𝑟 is the number of virtual channels and 𝑁 is the number of
sweep points in azimuth plane where the measurements have been collected.
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The generic element 𝑐𝑖𝑗 is a complex value describing the reference measurement
result at the angular position 𝜓𝑗 for the 𝑖-th virtual channel1. In this specific
case 𝑁 is equal to 751. The measurements have been collected between ±75∘

with a spacing of 0.2∘ between two consecutive measurement points.
Every element of the matrix can be normalized by dividing it by the norm

of the column vector as follows:

̃︀𝑐𝑖𝑗 = 𝑐𝑖𝑗⃦⃦
𝑐𝑗

⃦⃦ , (6.4.2)

and to define then the matrix ̃︀C , which is composed of the elements ̃︀𝑐𝑖𝑗 . In a
similar manner, let ̃︀A and ̃︀AAMC be the matrices that contain the normalized
measurement results of the sensor without and with the AMC, respectively,
collected after the placement of the bumper in front of the radar. Thanks to
the normalization, the cross-correlation can be written in a compact way as
inner product:

X = | ̃︀C𝐻 · ̃︀A| , (6.4.3)

XAMC = | ̃︀C𝐻 · ̃︀AAMC| , (6.4.4)

where the symbol (·)𝐻 denotes the conjugate transpose (Hermitian) matrix.
Again, this calculation is similar to the computation of the ambiguity function
(AF) in (2.2.4) on page 13. The two matrices in (6.4.3) and (6.4.4) are square
matrices of order 𝑁 , and they describe the cross-correlation between the two
different sets of measurements. For estimating the DoA 𝜓est, the maximum in
every column x𝑙, i.e., the highest similarity, must be searched. Thus, the DoA
is given by

𝜓est = arg max
𝜓

x𝑙 , (6.4.5)

where the function arg max returns the angular positions where the cross-
correlation reaches the maximum2. For every column x𝑙 in the cross-correlation

1As explained in Section 2.2, this complex value has been generated by an FFT, and it is
the starting point for further processing of the DoA estimation.

2For a given function, the arg max, i.e., the argument of the maximum, returns the points
within the function domain at which the function reaches the maximum. The name
𝑎𝑟𝑔𝑚𝑎𝑥 can be easily understood by recalling that for a function 𝑓(𝑥) the element 𝑥
can be called not only variable, but also argument [110].
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matrix it is finally possible to calculate the angular error as

𝜓err = 𝜓𝑙 − 𝜓est , (6.4.6)

namely as a difference between the nominal angular position 𝜓𝑙 and the esti-
mated DoA 𝜓est.

Figure 6.22 presents the angular error in the DoA estimation at all the pos-
sible offset positions for the two prototypes, namely with and without the use
of the AMC. The plotted reference value is the autocorrelation of the ideal ref-
erence measurement taken without the bumper, and for this reason it is equal
to 0∘ in the whole angular range. As it can be observed in Fig. 6.22b, the
low-RCS antenna system clearly reduces the error in the DoA estimation in an
angular range close to the boresight direction, that means close to 0∘, approx-
imately in the range

[︀
−25∘, 10∘]︀

. The AMC displacement on the PCB is not
symmetric, and thus neither is the pattern of the angular error reduction.

In Fig. 6.22a for some angular positions, such as at 𝜓=3.8∘ for the 1-mm
offset measurement and at 𝜓=−7.2∘ for the 2-mm offset measurement, a large
angular error can be observed. These results can be better explained by looking
at the cross-correlation plots of Fig. 6.23 for these specific offsets and angular
values. As it can be noticed, the large errors are generated by the wrong angle
estimation for positions either close to the FoV boundaries (see Fig. 6.23a) or
by ambiguities such as in Fig. 6.23b. While the former can be easily avoided by
confining the DoA estimation in a slightly smaller FoV, the latter is a critical
issue for the radar sensor, since it generates an ambiguity in DoA estimation in
the really central part of the FoV, and it can potentially cause an unnecessary
driving intervention. It can be clearly observed in Fig. 6.23b that in the cross-
correlation plot two angular directions show the same amplitude, and it is
hence not possible to estimate the correct DoA 𝜓𝑙. On the other hand, low-
RCS antennas mitigate this problem to some extent. By looking at the cross-
correlation plot of the prototype with the integration of the AMC for the very
same offset and angular position, it can be noticed in Fig. 6.24 a reduction in the
amplitude of the ambiguity. Although in absolute terms it does not represent
a huge reduction in the sidelobe level of the spectrum, it is still enough to
lead to a reasonable DoA estimation and thus to a smaller angular error as
demonstrated by Fig. 6.22b.

Finally, using the angular error results, the standard deviation 𝜎 of the two
sets of measurements has been calculated and plotted in Fig. 6.25. As it can
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Fig. 6.22: Angular error in the DoA estimation when the prototypes (with
and without AMC) are placed behind the bumper. The distance
between the sensors and the bumper has been changed in steps of
0.5 mm. Five different measurements have been collected. Results
from [107], © 2018 IEEE.

be noticed, when the AMC is integrated around the antennas, the value of the
standard deviation 𝜎 gets smaller in the range

[︀
−25∘, 10∘]︀

. It means that the
sensor with the low-RCS antennas presents less dispersion from the mean error
value, and therefore, it offers a valuable increase in the system robustness.
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(b) Offset 2.0 mm.

Fig. 6.23: Selected cross-correlation results of the prototype without the AMC.
The wrong DoA estimation leads to a strong increase in the angular
error of Fig. 6.22a. Results from [107], © 2018 IEEE.

The experimental characterization presented in this chapter of a mm-wave
MIMO radar equipped with a low-RCS antenna system demonstrates that the
use of such antennas is a valuable solution for mitigating the problem of the
multiple reflections between the radar and the car fascia. Indeed, the measure-
ment results show clearly that the DoA estimation can benefit from the use of
such a customized array design. In particular, with the approach first described
in this thesis it is possible to reduce the errors in the DoA estimation. The
experimental characterization shows an improve in the estimation of the DoA
in an approximately 35∘-range around the boresight direction.
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Fig. 6.24: Cross-correlation of the prototype without the AMC measured at
an offset of 2.0 mm and for the DoA of −7.2∘.
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Fig. 6.25: Standard deviation of the DoA error computed from the two sets of
measurements carried out using the prototypes without and with
AMC. Results from [107], © 2018 IEEE.
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7 Conclusion

The aim of this dissertation is the design and development of robust mm-wave
antenna systems suitable for automotive radar applications. The main achieve-
ments of the study presented in this work are briefly listed below:

• design and development of a microstrip antenna array on a simple single-
layer substrate with wideband and stable radiation performance;

• development of an optimization strategy for finding the position of trans-
mitting and receiving antennas in a MIMO radar while taking the angu-
lar resolution requirements into consideration;

• development of microstrip antenna arrays with low-RCS properties to
mitigate the multiple reflections between the bumper of the car and the
radar sensor, when the latter is hidden integrated in the vehicle.

In the following, this three important outcomes are further described and
summarized.

As a matter of course, the antenna system is a key component of the radar.
To limit the fabrication costs, commercial radar sensors usually employ stan-
dard printed circuit board (PCB) technology for the development of the anten-
nas. However, with this technology severe limitations and fabrication inaccura-
cies arise at mm-wave frequencies. To cope with them, this thesis proposes the
use of a tolerance-optimized antenna design. In particular, this translates into
the employment of wideband microstrip arrays, which can offer at the same
time low design and fabrication complexity thanks to the single-layer substrate
and relatively stable performances in the whole frequency range assigned to
automotive radars. To this purpose, an 8-element microstrip array has been
developed and tested. The basic radiating element is a patch antenna loaded
with coplanar parasitic patches along its non-radiating edges. The measure-
ment results demonstrates a good impedance matching and stable radiation
performance against frequency in terms of gain and shape of the radiation
pattern.
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7 Conclusion

Modern automotive radar sensors are able to estimate the angular position
of the target in addition to its distance and velocity. This can be typically
done nowadays with the use of a MIMO radar, which offers an increased an-
gular resolution performance while keeping the sensor dimensions reasonably
compact. When orthogonal waveforms are employed, it is straightforward to
define an equivalent virtual array that fully describes the property of the MIMO
system. Moreover, the virtual array shows a virtual aperture larger than the
physical aperture of the receiving elements of the radar, thus allowing to im-
prove the angular resolution of the sensor. To synthesize a virtual array with
given specifications in order to fulfill some angular resolution and sidelobe level
requirements, it is necessary to employ an optimization algorithm. In fact, it
is not possible to directly map the virtual array configuration into the real
locations of the transmitters and the receivers. The optimization algorithm
presented in this thesis for the development of MIMO radar antenna configura-
tions is based on the use of a genetic algorithm. The novelty of the approach
resides however in the definition of a proper fitness function. The classical
skeleton of a genetic algorithm has been retailed, while the fitness function ex-
ploits the properties of the ambiguity function (AF). In particular, the fitness
function aims to maximize the ambiguity-free range, where the AF can only
reach values below a given threshold. The main advantage of defining such a
fitness function is that it is intimately related to the direction-of-arrival (DoA)
estimation problem, and it is able to correctly take into account all the angular
direction of interest at the same time.

The optimization algorithm implemented in this work makes also the de-
velopment of non-planar MIMO radars possible. A conformal shape offers in
principle an increased field of view (FoV) compared to the typical planar mm-
wave sensors. However, the additional degree of freedom given by this new
shape makes the optimization more demanding. The simulation and measure-
ment results demonstrate the correctness of the proposed approach. The beam
pattern obtained by the experimental results collected with a MIMO radar
sensor is in very good agreement with those extracted by the simulated am-
biguity function. This result has been obtained for two different prototypes
of conformal structure, whose design has been done with the proposed genetic
algorithm.

The short wavelength at mm-wave frequencies allows the realization of quite
compact radar sensors that can be even hidden integrated in the vehicle. More
specifically, the most common solution preferred by the car manufacturers is
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the placement of the sensor behind the car fascia. Unfortunately, a number
of related problems come up. The bumper does not need to satisfy particu-
lar electromagnetic requirements. Due to its presence in front of the sensor,
multiple reflections can occur, which in turn can lead to angular ambiguities
and consequently to angular estimation errors. Since a change in the bumper
design to suit this specific problem is not feasible in any practical case, this
work proposes for the first time the idea of equipping the radar sensor with an
antenna system with a low radar cross-section (RCS). The RCS of an antenna
is actually the quantity that describes the amount of power reflected back by
the antenna system towards the bumper. The significant advantage of this ap-
proach compared to other solutions known from the literature is the possibility
to mitigate the problem of the multiple reflections, and thus improving the
radar-vehicle integration, without any a priori knowledge of the car fascia.

This thesis deals thoroughly with the design of microstrip low-RCS antennas.
The development of such an antenna system does not bring any increase in the
fabrication complexity of the sensor. This is without any doubt a decisive ad-
vantage of the proposed approach, since for automotive radar applications cost,
fabrication and design complexity, and sensor dimensions play a major role.
The fundamental idea of the antenna design is to place an artificial magnetic
conductor (AMC) on the really same substrate of the microstrip array. A phase
compensation in the backscattering between the AMC and the array takes place
leading to a strong reduction in the RCS. This kind of design strategy has been
up to now used in the scientific community only for the development of low-
RCS metasurfaces. This work contributes however towards the generalization
of this elegant method for designing also low-RCS antennas.

Finally, a low-RCS MIMO antenna system has been tested in a mm-wave
radar sensor. The radar measurements proves that the proposed approach can
reduce the amount of the multiple reflections, and it can hence improve the DoA
estimation conducted with the sensor in a realistic measurement scenario.
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Appendix A: Design details of the 8-element array

This appendix presents further details regarding the design of the 8-element
array of Chapter 4 and its feeding network. Moreover, the waveguide-to-
microstrip transition used in different prototypes of this work is described.

A.1 Array dimensions

The dimensions of the antenna elements in the fabricated prototype of Fig. 4.15
on page 61 are listed in Tab. A.1. Keeping the same notation as in Fig. 4.2,
the parameters 𝑔𝑖 describe the gap width bewtween the central patch and
the parasitic elements, 𝑊par,𝑖 and 𝐿par,𝑖 represent the width and length of the
parasitic patch, respectively, while 𝑊𝑖 is the central patch width. The length of
the central patch is the same for all the elements, and it has been set to 1.03 mm.
The distance between adjacent patches is 2.23 mm. Due to the symmetry of
the design, the index 𝑖, which is related to the antenna element, varies in the
range [1, . . . , 4], see Fig. A.1.

1 2 3 4

Fig. A.1: Sketch of the 8-element array after the balun. The two branches are
symmetrical.
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𝑖-th element
1 2 3 4

𝑊par in mm 0.79 0.82 0.77 0.89
𝐿par in mm 0.97 0.97 0.98 0.97

𝑔 in mm 0.17 0.22 0.17 0.16
𝑊 in mm 0.69 1.38 1.28 1.28

Tab. A.1: Dimensions of the antenna elements of the fabricated array. The
antenna element with index 𝑖=1 represents the load at the end of
the series-fed chain, while the one with index 𝑖=4 is closer to the
balun output, see Fig. A.1.

A.2 Feeding network

The two arms of the array of Fig. A.1, and also in the case of the 2-elements
array designs shown in Chapter 4, need 180∘-phase difference at the array input
ports to avoid any beam splitting in boresight direction. To this purpose, a
balun is required. The model of the feeding network can be seen in Fig. A.2.
It can be described as a 3-port balun derived from a 4-port branchline coupler.

The port 1 of the balun, i.e., the input port, has been fed by the waveguide-
to-microstrip transition in the fabricated prototype of Fig. 4.15, while the two
balun output ports 2 and 3 feed the array.

The design of the balun is based on the model presented in [111]. The
main advantage of this configuration is the quite wideband behavior, that gives
satisfactory results in the whole frequency range of interest. This can be noticed
for example in Fig. A.3a, which shows the input reflection coefficient at the

Port 1
Port 2

Port 3

𝐿

Fig. A.2: Feeding network to provide 180∘-phase difference for center feeding
the array. The length 𝐿 is equal to 4.83 mm.
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A.2 Feeding network

three ports calculated by means of full-wave simulations. In the same way,
Fig. A.3b presents the amplitude of the transmission coefficients between the
input and the output ports and the coupling between the output ports. Finally,
Fig. A.3c depicts the phase of the transmission coefficients. It can be observed
that a quite constant phase difference can be successfully achieved.
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Fig. A.3: Full-wave simulation results of the array feeding network.
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A.3 Waveguide-to-microstrip transition

For measurement purpose a waveguide-to-microstrip transition is required to
feed the array. In this thesis, the model originally proposed in [112] has been
adapted to work in the frequency range assigned to automotive radars. The de-
sign offers a simple single layer configuration with a good impedance matching
and sufficient low losses in the whole frequency band of interest.

The transition consists of a microstrip probe, with a patch shape, inserted
inside the rectangular waveguide, which is perpendicular to the substrate. The
waveguide has been connected to the backside of the PCB to avoid having a
bulky metal element on the same side of the antenna elements. On the top
side of the substrate, the microstrip probe faces a metal cap that terminates
the waveguide. The inner height of the metal cap is 0.55 mm.

The top view of the transition can be seen in Fig. A.4. The width and the
length of the microstrip probe are 1.30 mm and 1.00 mm, respectively, while
the width of microstrip line is 0.23 mm. A number of grounded vias surround
the microstrip probe; their diameter is 0.30 mm.

The waveguide that feeds the transition from the back has been realized
by milling it in an aluminum block, which also gives mechanical stability to

Microstrip line

Microstrip probe

Fig. A.4: Top view of the waveguide-to-microstrip transition without the
metal cap. The holes through the PCB allow to screw the metal
cap — which terminates the waveguide — to the aluminum support
on the backside.

126



A.3 Waveguide-to-microstrip transition

the really thin substrate. The waveguide has the standard inner dimensions
typically employed in the E-band, that is to say 3.10 mm × 1.55 mm.
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Appendix B: Additional measurement results

This appendix completes the experimental characterization of the low-RCS
patch array presented in Fig. 6.5 on page 97. In particular, the measured
radiation pattern of the prototype has been compared to the one of a standard
patch array without the use of the AMC, as also described in Section 6.2.1.
For the sake of completeness, this section presents additional plots collected at
76 GHz and from 78 GHz to 81 GHz.

These measurement results confirm again that the presence of the AMC does
not degrade the radiation pattern of the array.
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Fig. B.1: Measured radiation pattern at 76 GHz.
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B Additional measurement results
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Fig. B.2: Measured radiation pattern at 78 GHz.
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Fig. B.3: Measured radiation pattern at 79 GHz.
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Fig. B.4: Measured radiation pattern at 80 GHz.
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Fig. B.5: Measured radiation pattern at 81 GHz.
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Appendix C: Some notes on the ambiguity function

In Chapter 2 the concept of the ambiguity function (AF) has been introduced.
In particular, the definition has been given with (2.2.4) on page 13.

By cutting out a row or a column from the plot of the ambiguity function
the typical plot of a beam pattern can be obtained, see Fig. 2.4 on page 17.
Some additional comments are however required for a correct understanding of
this point.

As an example, a uniform linear array with 𝑁 identical elements can be
assumed. The single radiating elements have a complex radiation pattern given
by 𝐶(𝜓), which is a complex scalar that describes the field strength in the
angular direction 𝜓. The radiation pattern can be taken into account in the
definition of the array steering vector as

s ′(𝜓) = 𝐶(𝜓)s(𝜓) , (C.1)

where s(𝜓) is the array steering vector of the ideal counterpart, namely an
𝑁 -element ULA with isotropic radiators.

Using s ′(𝜓) it is possible to calculate the ambiguity function according to
(2.2.4). In particular, the scalar product in the numerator becomes

⃒⃒
⃒s ′𝐻(𝜓𝑖) · s ′(𝜓𝑗)

⃒⃒
⃒ =

⃒⃒
⃒𝐶𝐻(𝜓𝑖)s𝐻(𝜓𝑖) · 𝐶(𝜓𝑗)s(𝜓𝑗)

⃒⃒
⃒ (C.2)

=
⃒⃒
⃒𝐶𝐻(𝜓𝑖)

⃒⃒
⃒

⃒⃒
⃒𝐶(𝜓𝑗)

⃒⃒
⃒
⃒⃒
⃒s𝐻(𝜓𝑖) · s(𝜓𝑗)

⃒⃒
⃒ , (C.3)

while in the denominator the norm is

‖ s ′(𝜓) ‖=‖ 𝐶(𝜓)s(𝜓) ‖=
⃒⃒
𝐶(𝜓)

⃒⃒
‖ s(𝜓) ‖ , (C.4)

due to the homogeneity of the 𝐿2-norm. Thus, from (C.3) and (C.4) it can be
concluded that the radiation pattern 𝐶(𝜓) cancels out in (2.2.4). The same
ambiguity function of the case of an 𝑁 -element ULA with isotropic radiators
can be obtained. This effect happens when the 𝑁 elements of the array have
the same radiation pattern.
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C Some notes on the ambiguity function

The normalization in (2.2.4) suppresses the effect of the single radiating
element in an ULA; hence, it is not possible to obtain in this specific case the
radiation pattern of the array as multiplication of the element and array factor.
The typical directive properties of the single element, which acts as an angular
filter that lowers the radiated power of the array for angles close to the endfire
direction [113], cannot be observed for an array of identical radiating elements
when the plot of the the beam pattern has been obtained from the AF.
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