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1.1

Introduction
Motivation

Millimeter wave radar is drawing more and more attention in recent years. This is not only
due to the technology becoming more readily available, but also due to the increasing
number of potential applications. One major application for this technology is within the
area of automotive radar. As one of the key sensors in “advanced driver assistance system”,
it enables easier and safer driving by sensing the surrounding traffic using millimeter wave,
which is immune to bad weather conditions. The application of millimeter wave radar is
also increasing in the industrial, agriculture, and biotechnology sectors. For example, radar
level gauges are installed on top of liquid storage containers and provide accurate level
measurements. Radar is also applied to continuously measure the thickness of the fabricated
material as it progresses through the assembly line. Radar body scanners are widely
deployed in airports for security scanning [1][2][3] in order to detect potentially dangerous
items concealed underneath clothing. All of these radar types operate within the millimeter
wave frequency band, with frequency ranging from tens of GHz to many hundreds of GHz,
a frequency spectrum that is still not fully utilized yet.
From the technological point of view, both advanced CMOS and SiGe HBT BiCMOS have
reached transit frequency (fT) above 200 GHz, which enables the low-cost manufacturing of
high-performance millimeter wave ICs. Nowadays, there are many sub-micron CMOS
foundries and SiGe BiCMOS foundries operating at commercial levels around the world.
Mass production of millimeter wave ICs will greatly reduce the cost per chip and make the
technology more suitable for a wide array of applications.
With the available technologies and emerging applications, it is desirable to innovate at
circuit and system levels in an attempt to uncover novel circuit implementations for
millimeter wave applications. Low cost, highly integrated radar sensors with high
performance (e.g. ultra wide bandwidth) are of particular interest. The work in this thesis is
done in accordance with the framework of the European project NANOTEC, which aimed
to generate innovative approaches towards novel RF/mm-wave systems with increased
functionality and potential for lower cost while addressing the future needs of various
European industries. One of the tasks was to develop and characterize the key RF building
blocks for a 140 GHz frequency modulated continuous wave (FMCW) multi-static radar
system with the primary application directed towards airport luggage scanning systems.
The research of this thesis primarily focused on the circuit-level application with
system-level design considerations. As a high resolution is required, the main focus of the
research was to explore the wideband signal sources and antennas in an advanced SiGe
technology. Particularly, the on-chip antenna will be studied and implemented since it can
1

be easily integrated in an array, and has the potential to achieve a wideband response,
which is crucial for the resolution of the radar system.
The thesis is organized as follows. The FMCW radar and the system concept will be
introduced in chapter 2. Chapter 3-5 will discuss the key building blocks of the system. In
chapter 3, the design of the chirp generator will be presented. Since frequency multipliers
are used to up-convert the chirp signal to the desired band, various multiplier circuit
topologies and techniques are explored in chapter 4. To radiate the wideband chirp signal, a
high gain, wideband on-chip antenna was developed which will be discussed in Chapter 5.
Finally, a single-channel FMCW radar was built using the key building blocks discussed in
previous chapters. The realization of the high resolution radar will be presented in chapter 6
and the characterization of the system will be presented in chapter 7, including a SAR
experiment and experiments with dielectric lens etc.

1.2

Technology

Before the age of high performance nano-scale silicon technology, millimeter wave radars
are built with III-V semiconductor components with relatively low level of integration
[4][5]. A typical system has separate building blocks (i.e. LNA, mixer, PA, oscillator,
connected by cables and waveguides). Gallium Arsenide (GaAs) process is typically used to
fabricate these active components. Compared with group III-V semiconductor technologies,
silicon-based technologies can offer many advantages in terms of cost, availability and level
of integration.
The evolution of advanced CMOS technology has already pushed the maximum frequency
of oscillation, fmax into the millimeter wave range (e.g. >100 GHz fmax for 65 nm node).
Despite of the possible high operation frequency and its high integration capability,
advanced CMOS may not be the best choice for high performance millimeter wave radar
applications for several reasons. First, as the feature length decreases, the short channel
effect become more pronounced, thus decreasing the intrinsic gain. In this case, the device
behaves more like a switch rather than an amplifier which makes the design of a high gain
LNA difficult. Also, the output swing becomes limited due to the decreased maximum
drain-source voltage, which limits the output power of the PA, as well as the dynamic range
of the intermediate frequency (IF) stage. Another distinct drawback of CMOS technology is
its notoriously high flicker noise. Noting that most millimeter wave radars adopt the direct
down conversion architecture, the flicker noise will severely impact the receiver sensitivity.
The flicker noise corner frequency of CMOS technology, typically 1 MHz, will render a
high noise floor within the low frequency spectrum of the IF. In case of FMCW radar this
leads to a reduced sensitivity as the target distance decreases. Designers must implement a
high gain RF LNA to minimize the contribution of flicker noise, which in turn requires a
2

high gain at RF stage that is difficult to achieve due to the low gain nature of the device. In
order to achieve a high fT, CMOS needs much more aggressive scaling. As a rule of thumb,
the minimum feature size of CMOS has to be at least three times smaller in order to achieve
the same fT compared with SiGe technology. As a result, this will also tend to increase the
cost for CMOS solutions.
Silicon Germanium (SiGe) technology, for most low power applications, can provide
similar or even better performance compared with GaAs, but with much lower cost and
much higher level of integration [6][7]. The state of the art SiGe technology offers an fT of
505 GHz and fmax of 720 GHz [8]. Many high-performance designs using SiGe have been
reported. The state-of-the-art SiGe LNA can achieve a 4 dB noise figure at from 90 to 150
GHz [9][10]. Many high level integrated millimeter wave frontend designs in SiGe are
also emerging [11][12][13]. The bipolar transistor in SiGe leads to a very low flicker noise
with corner frequencies around several kHz making it suitable to be used in direct
down-conversion receivers without the need for a high RF gain stage. SiGe is also
compatible with CMOS technology and the building blocks of the entire radar system (such
as radio frontends, IF filters and amplifiers, analog to digital converters and digital
basebands etc.) can be integrated on the same die in a BiCMOS process. Most SiGe
processes use eight-inch wafers (which are much larger than those of the GaAs technology)
and thus, more chips per wafer can be produced. Due to these advantages, SiGe is becoming
the mainstream technology for high performance millimeter wave radars.
The advantages of SiGe, especially the high performance, low cost, high level of integration,
make it particularly suitable for the millimeter wave imaging application where an array of
transmitters and receivers needs to be implemented.

1.3

State of the art millimeter wave radar integrated circuits

In this section, the state of the art millimeter wave radar ICs and on-chip antennas are
reviewed. The performance is listed in Table 1.1. The application of these circuits may not
be restricted to radar, e.g. [16] is only an antenna with backside etching. Some of the circuits
only contain an RF frontend, which may also be used for communication or other purposes.
All the circuits designed for radar application adopt FMCW modulation.
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Table 1.1 Review of the state of the art millimeter wave radar ICs as well as on-chip antennas
[14]

[15]

[16]

[17]

[18]

[19]

[20]

[21]

Freq. range

204-265

116-125

122-140

123-137

90-98

77-110

400-420

77-81

(GHz)

(Tx-Rx, 30

(1 dB,

(3 dB,

(Ant.)

(Tx)

(Rx,

(Rx,

(Rx,

dB-BW)

Ant.)

Ant.)

simulated

5dB-BW)

3dB-BW)

220-247

3dB-BW)

(Tx-Rx, 10
dB-BW)
Relative
bandwidth

26%

7.5%

13.7%

(Tx-Rx,

(Ant.,

(Ant.)

30 dB-BW)

1dB-BW)

Bandwidth

61
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(GHz)

(Tx-Rx,

(Ant.,

30 dB-BW)

1dB-BW)
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With the technology advancement, more and more millimeter wave ICs were designed and
implemented in SiGe or CMOS. In [20], operating frequency up to 420 GHz was achieved.
A 10 dB bandwidth up to 24 GHz was demonstrated in [14]. On-chip antenna efficiency
up to 60% can be realized using backside etching technique [16]. These performances
demonstrated the feasibility of using SiGe as the technology for designing the high
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performance millimeter wave ICs. Research works of the targeted project have been
carried out to realize a millimeter-resolution FMCW radar sensor suitable for a multi-static
3D imaging sensor. Improving the performances of the key circuit building blocks, i.e.
achieving higher bandwidth, more compact circuit size, developing an antenna with wide
bandwidth and higher efficiency, etc. is important for achieving this goal.

5

6

Multi-input Multi-output (MIMO) radar concept and the

2

system architecture
2.1

Traditional analog beam-forming architecture

In order to obtain spatial resolution in addition to distance information, it is desirable to scan
the scene by steering a microwave beam. The beam can be generated and scanned
mechanically, but it suffers from low scan speed and lack of flexibility. The beam-forming
technique is developed to enable electrical fast scanning without mechanical parts.
Fig. 2.1 shows the general structure of a beam forming system. The system contains many
identical transmitter and receiver paths, each capable of being configured to change their
phase/delay and, in many cases, also amplitude. If the amplitude and phase of each
transmitter are configured in a way that their wavefront are coherent at far field distance, a
beam can be formed.

Fig. 2.1 Block diagram of the analog beam forming radar system (a) Transmitter (b) Receiver

The analog beam-forming architecture sums the energy from different transmitting or
receiving paths in the analog domain, meaning that it only needs one set of analog-to-digital
converter (ADC) in the receiver and one set of digital-to-analog converter (DAC) in the
transmitter to interface with the digital baseband. This will greatly reduce the system
complexity and power consumption. Another advantage is that the processing gain leads to
an increase of the one-way transmitter or receiver gain by an order of 10logN dB, where N is
the number of elements in the array.
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The disadvantage of the analog beam-forming architecture is its complicated analog
frontend [22]. Each channel must have a phase shifter (or a true time delay generator in the
case of a wideband system). For these phase shifters, good matching between channels and
a high linearity in phase tuning are required. For this reason, a calibration is required in
most of the cases. In many systems, the phase shifter is digitally implemented which means
that the phase can only be changed with discrete steps. This further limits the system angular
resolution.

2.2

Digital beam forming and MIMO radar concept

The digital beam-forming (DBF) radar concept was developed with the advent of the
high-speed high-resolution ADCs and powerful digital signal processing devices. The idea
is to apply the phase shifting and summation in the digital domain so there is no need for
analog phase shifters to be used in each transceiver unit.

Fig. 2.2 Block diagram of the digital beam forming radar system in a MIMO manner (a) Transmitter;
(b) Receiver

Fig. 2.2 shows the basic configuration of a DBF radar system. For simplicity, the
down-conversion is not shown. The DBF radar enjoys a very simple RF frontend for each
transmitter and receiver but requires dedicated ADCs and DACs for each receiver and
transmitter. However, this might not be a big issue with today’s silicon-based technology
which offers a high level of integration.
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Fig. 2.3 Processing of the received signal in a digital beam forming receiver

Fig. 2.3 illustrates such a digital beam forming principle. The received signal arrives at each
antenna at different time due to the angle between the wave front and the antenna plane. The
received signal from certain incoming directions is phase shifted in a way to restore a
coherent wave front and then added together constructively. This procedure can be
accelerated by Fast Fourier Transformation (FFT), from which the angle of arrival
information can be obtained for further processing. High suppression of the beam’s side
lobes can be achieved by fine tuning of the phases and amplitudes of the signals in each
channel, at the cost of increasing beam width.
An extended form of DBF radar is the MIMO radar. The concept of MIMO was at first
introduced as a telecommunication technique, which helps to increase channel capacity by
separating different users in spatial domain [23]. A MIMO system contains multiple
transmitters and multiple receivers, and channel models between each antenna and the
user are estimated. The received signal by the user or the base station were processed
together with the channel models to enhance signal coming from the desired antenna and
suppress signals from undesired antennas. As a result, the data capacity in the same
frequency band can be increased, as the antennas can communicate with the users
independently but still sharing the same channel. A radar system can also be configured
with multi-Tx and multi-Rx antennas, and by adopting proper processing techniques, it
can separate the targets in angular domain with better resolution compared with single Tx
and multi-Rx system. From this point of view, such kind of radar is called MIMO
radar[24][25]. To enable the spatial separation of the targets, the MIMO system must
transmit orthogonal signals at different locations, if these transmitters are sending signals
at the same time, orthogonal codes could be applied, e.g. Code Division Multiple Access
(CDMA), or Frequency Division Multiple Access (FDMA) for the Tx signals so they can
be separated at the receiver side. And if the transmitters are fired one by one, the
9

transmitted signals are naturally orthogonal (the integral of their time-domain
multiplication is zero).
As an example, in a simple MIMO radar system, each transmitter is fired in a
time-interleaving manner to be received by all receiving channels, and the image could be
reconstructed by processing all signals received from the different associated transmitters.
In [26], frequency division method for creating an orthogonal transmitting signal is
adopted, but a complicated frequency generating circuitry is required.
If N is the number of transmitters, MIMO radar can create a virtual array whose size is
approximately N times larger than the physical number of transceivers, reducing hardware
cost. However, if the transmitted signal is transmitted time-interleaved, the radar working
time will be repeated N times. This makes the signal processing more difficult when applied
to the detection of fast-moving objects. The project discussed in the thesis is designed for
the luggage scanning, and only stationary objects are observed.
Since the signal processing is mostly performed in the digital domain, the system has much
more flexibility compared to systems that employ analog beam forming. Calibration can be
easily applied to compensate for the mismatches between different channels. Very accurate
gain or phase adjustment is also possible and different algorithms can be utilized to
reconstruct the image.
The main drawback of the MIMO digital beam forming radar is that it requires dedicated
ADCs for each channel, and it requires significant digital processing power to reconstruct
the image. For the DBF radar, the entire scene is illuminated, but not focusing on any
particular area of interest. In contrast, the beam used within the analog beam forming
system contains most of the transmitted energy and can be focused freely to any area of
interest. For the transmitted power, the MIMO radar’s transmitter are usually switched on
one by one, while the analog beam forming transmitters are all simultaneously switched on
during operation. This means the transmitted power of the analog beam forming system is
much higher than that of the MIMO radar which adopts the time-interleaving transmitting
scheme. Thus the analog beam forming system will typically demonstrate better signal to
noise ratio and potentially increased image frame rate.
In spite of those disadvantages, MIMO radar is still an attractive solution for millimeter
wave imaging due to its simple RF frontend that does not require the use of analog phase
shifters. Additionally, it offers the possibility of reducing the number of elements and can
achieve a highly flexible baseband. The idea of shifting the analog processing into the
digital domain is also compatible with the digital intensive nature of silicon technology.
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2.3
2.3.1

System architecture and design considerations
Radar system architecture

The architecture of the targeted radar system is shown in Fig. 2.4. To reduce number of
physical transmitters and receivers, the MIMO topology is chosen for the radar system in
this project. The radar contains an array of FMCW radar transmitters and receivers which
are fed with a common FMCW chirp signal and routed through a distribution network. The
chirp is generated at lower frequencies around 17.5 GHz. The frequency is multiplied by
eight with the on-chip frequency multiplier. The RF frontend adopts direct
down-conversion topology, which is easy to implement and is good for transmitter phase
noise reduction, as the Tx leakage and the LO signal is correlated in phase [27]. For the
transmitter, the multiplier generates the RF signal to be transmitted; for the receiver, the
multiplier is used to generate the LO signal for the mixer. The direct down-conversion
architecture was adopted since it makes it easy to maintain the coherence between the
transmitter and the receiver which is important for the FMCW radars. The range resolution
of the imaging system is mainly determined by the bandwidth of transmitted chirp while the
azimuth resolution is determined by the aperture of the array. A high image resolution
requires a large chirp bandwidth as well as a receiver array with large aperture which is
determined by the spacing and number of the elements in the array. To distinguish targets
clearly, it is also very important for the radar system to have a linear chirp. The chirp
linearization techniques will be discussed in Chapter 3.
Two demonstrators were built in the targeted project; one is a 1D array [28] and the other is
a 2D array. The 1D demonstrator has two Tx channels and six Rx channels in a linear
configuration [28], and the 2D demonstrator has 16 Tx channels and 16 Rx channels
placed in two perpendicular linear arrays.
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Fig. 2.4 Signal distribution and generation topology in the targeted radar system. The chirp signal at
sub-harmonic frequencies will be distributed to each chip unit and multiplied to the desired band by
on-chip frequency multipliers.

2.3.2

Signal generation and distribution design considerations

To enable high image resolution in azimuth direction, the targeted system is a phase-array
system. This requires that all elements must be phase synchronized. If each individual
element has its own independent signal source (e.g. an oscillator), the synchronization of
the phase for all the elements would be difficult. If the RF signal is centrally generated and
distributed to each element, then the signal distribution network is challenging due to the
high dielectric loss at F-band (90 - 140 GHz). Since the parasitic inductance of the
bondwire has a more significant effect in this frequency band, the good impedance match
between the chip-to-board interconnection is no longer easy to maintain. The compromise
solution is to distribute the signal at a lower frequency and implement frequency
multipliers in each individual chip, as shown in Fig. 2.4.
It is worth noting that this topology not only enjoys the benefit of easier signal distribution,
also, compared with using a fundamental tone voltage-controlled oscillator (VCO), using
the multipliers usually results in lower phase noise at millimeter wave frequencies. This
topic will be discussed more in chapter 2.3.3.
2.3.3

Phase noise comparison between fundamental tone VCO and frequency
multiplier based signal source

The reason that the frequency multiplier can easily achieve better phase noise than
fundamental VCOs will be briefly discussed in this section. The main reason is due to the
degraded quality factor (Q) of the oscillator at very high frequencies, which is often
12

dominated by the varactor Q value. There are several ways to define the Q value [43],
among which, the following definition is helpful to provide an intuitive concept.

Q =ω

energy stored
,
energy dissipated

where ω is the angular frequency of the resonate circuit. The Q value reflects the time
that an LC tank can sustain oscillation without externally feeding energy. At high
frequencies, the phase noise of the fundamental VCO is severely limited by the varactor Q
value (for a typical silicon based technology). Whether it is a MOS-based varactor, or a
hyper-abrupt junction-based varactor, the Q is normally limited to below 10 above 30 GHz;
the higher the frequency, the lower the Q value. For example, above 100 GHz, the Q is
usually no better than 5. This means if the varactor is used in an LC passive resonate tank
circuit, the energy exchange between inductor (L) and capacitor (C) will not swap more
than 5 times before most of the energy is lost. If the oscillator operates at lower
frequencies, where the Q value of the varactor can be much larger for the same scenario in
a passive resonating tank circuit (e.g. Q equals 20), the energy will swap about 20 times
between L and C. A short ringing time means there is more attenuation, thus the Q value is
also a measure to reflect how the oscillating is immune to the disturbing noise. Generally
speaking, the higher the Q value of the circuit is, the lower the phase noise of the oscillator
will be.
The VCO’s phase noise can be approximated by Leeson’s formula [29]:

 1  f  2   f
 FkT 
c
0




L ( f m ) = 10 log
+ 1

 +1 
P
 2  2Qf m 
  fm
 s 

 

(2.1)

where Q is the quality factor, fm is the offset frequency from the center frequency where
the phase noise is calculated; f0 is the center frequency, fc is the corner frequency of the
flicker noise, F is the noise factor of the amplifier, k is Boltzmann's constant in
Joules/Kelvin, T is the absolute temperature in Kelvins, and Ps is the output power.
According to Leeson’s formula, the phase noise of two different signal source topologies
are compared in Fig. 2.5. Assuming the multiplier’s conversion gain is 0 dB, if a 15 GHz
VCO is used with a frequency multiplier by 8 to generate a 120 GHz signal, and the Q
value of the varactor in the VCO is 20 at 15 GHz, it will achieve about 14 dB better phase
noise than a fundamental VCO at 120 GHz, supposing the Q value is only 4 at that
frequency. A quick estimation of the phase noise degradation can be easily developed from
equation(2.2)):
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Q 
f
∆L = 20log  2  (dB), provided that 0 >> 1
2Qf m
 Q1 

(2.2)

Phase noise [dBc/Hz]

where Q2 and Q1 are the two quality factors at two different frequencies to be compared.
In this example, the phase noise is degraded by 13.98 dB calculated from this equation.

Fig. 2.5 Phase noise comparison of fundamental VCO and VCO + multiplier (assuming the flicker
noise corner frequency is 1 MHz for both cases), using Leeson’s formula, the latter topology has
approximately 14 dB lower phase noise.

What is omitted here in the calculation is the noise figure of the frequency multiplier,
which can be approximated by the mixer’s noise figure, a value typically below 10 dB at
millimeter wave frequencies. A three-stage frequency doubler of unity gain will lead to an
increase in the noise floor of 30 dB or less and, although this seems to be a large value,
considering the resulting noise floor of -144 dBm/Hz, it is still much lower than the phase
noise values in the low offset frequency regions. It can be stated that the phase noise
contribution from the frequency multipliers’ noise figure is not dominant in this case.
Thus, for millimeter wave integrated circuits, operating a VCO at lower frequencies and
using a multiplier to generate higher frequency signals will typically lead to better phase
noise than by using a fundamental VCO.

2.3.4

Bandwidth requirement and choice of the oscillator

The relation between the range resolution and the bandwidth of a radar system can be
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described by the following FMCW radar equation [30]:

c
∆R =
2 ⋅ BW

(2.3)
,

where BW is the bandwidth of the chirp, ∆R is the range resolution, and c is the speed of
light in the air (if the radar is used in the air or vacuum).
As a result of the equation (2.3), there is a need for wideband millimeter wave circuit
building blocks for this high-resolution radar application, e.g. a 20 GHz chirp bandwidth
leads to a range resolution of 7.5 mm.
Currently, there is no regulation that provides frequency allocation wide enough to cover
the required bandwidth. However, in the target application, the signal is not radiated into
free space, but a confined area, e.g. a shield chamber with absorption materials on the wall
where the luggage is being scanned.
The technical challenge to achieve a high resolution starts with the realization of a
wideband VCO. Despite numerous circuit design efforts attempting to extend the tuning
range of the VCO, a large tuning range still relies on the varactor technology – a high Q,
high capacitance varying ratio with low parasitic device is needed. The hyper-abrupt
junction varactor displays a better Q than a MOSFET varactor, unfortunately, it is not
available in most of the commercial SiGe technologies, and the popular MOSFET varactor
is not suitable for such a wideband VCO due to its low Q and limited tuning range. For
this reason, VCO designers are often faced with the trade-off between the phase noise and
the tuning range. The low-Q varactor should participate as much as possible to provide the
varying capacitance, but causing degradation of the phase noise.
The problem can be bypassed using off-chip VCOs fabricated with special technology for
achieving a wide tuning range and a low phase noise. Wideband microwave wave VCOs
covering an octave bandwidth are available from many vendors. For the radar system
project being discussed, a VCO that can oscillate from 10 to 20 GHz is used [34]. With
this wide range VCO, the primary requirement is to design a wideband frequency
multiplier to up-convert this fundamental frequency to the desired band and in this way the
octave tuning range of the system can still be maintained. In the context of NANOTEC
project, a set of frequency multipliers with different topologies were developed. They
cover different frequency bands and can be widely used as signal sources to feed the PA or
drive the local oscillator port for mixers.
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2.3.5

FMCW radar working principle

The FMCW modulation is adopted in the targeted radar system.
Unlike pulsed radar, FMCW radar operates with both the transmitter and receiver working
simultaneously. Compared with pulsed radar system, the time-on-target for FMCW radar
is orders of magnitude longer, meaning that the transmitted power can be much lower, and
high SNR is achieved by the long-term integration of the received signal. The required
power level of the transmitting device is thus much lower for the FMCW system, which
greatly reduces the system cost. The block diagram of an FMCW radar is shown in Fig. 2.6.
R
Transmitted signal
Received signal

VCO

2Tm

td =2R/c

∆f
t
td
IF
beat frequency fb

t

Fig. 2.6 An example FMCW radar block diagram.

The transmitted signal, commonly referred to as the “chirp signal”, is modulated in a way
that its frequency increases linearly with time as plotted in Fig. 2.6. The difference between
the starting and ending frequency of the chirp, ∆f, is defined as the bandwidth of the chirp.
The same chirp signal is used as LO for the receiver. The transmitted signal will be reflected
by the target and returns to the receiving antenna with a time delay td, which can be
calculated by:

td =

(2.4)

2R
,
c

where R is the distance between the radar and the target, and c is the speed of light.
Due to this delay, for a stationary target, the transmitted signal and the received signal will
have a constant frequency difference, which is called “beat frequency”, and it can be
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described as:
(2.5)

∆f 2 R
.
fb =
Tm c

As shown in Fig. 2.6, the beat frequency signal in FMCW radar is obtained by mixing the
transmitted signal as LO with the received signal using a mixer, this method is also called
“stretch processing”. In this manner, there is no need for a high speed ADC with high
sampling rate to sample the received signal when calculating the round trip delay. In fact,
only a low speed ADC is required to sample the narrow band IF signal. Typically, the SNR
of the IF ADC determines the dynamic range of the FMCW radar, thus a high resolution
ADC is preferred.
Ideally, for a single point target, the corresponding beat frequency is a pure sinusoidal tone.
However, the tone is only available during chirping time Tm, and the resulting IF signal is
equal to a sinusoidal multiplied with a rectangular window whose width is Tm. This time
domain multiplication leads to a convolution in frequency domain, so the IF spectrum (or
IF profile) of the single point target has a finite spectral width. This means it is not possible
to distinguish two closely-spaced targets if the spectrum resolution is insufficient. The
range resolution is thus defined to describe how well the radar can distinguish multiple
targets.
Only by increasing the bandwidth of the chirp can we reduce the spectral width of the
targets in the IF spectrum. Thus the bandwidth of the radar determines the range resolution,
which can be described as:

∆R =

c
2 ∆f

(2.6)

It is worth noting that the range resolution indicates how well the radar can separate two
closely-spaced targets, but not how well it can determine the exact position of a particular
target. Despite a wide bandwidth being helpful for improving the distance accuracy of a
single-target, even a narrow bandwidth can be used to measure the exact position of a
single target by interpolating the IF spectrum. Thus for applications like tank level
gauging, the bandwidth is not crucial, but improves the measurement accuracy. However,
a wide bandwidth is important for high resolution imaging applications since it directly
determines the range resolution and partially improves the cross range resolution in an
array system [31].
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2.3.6

Ghost targets and harmonic frequency components of the frequency multiplier
in an FMCW system

It is important to note that when frequency multipliers are used as signal sources for an
FMCW system, such as the system displayed in Fig. 2.4, efforts must be made to avoid
generating ghost targets caused by the harmonics of the multiplier.
An example is shown in Fig. 2.7. A frequency-multiplier-by-eight is used to generate the
transmitted signal and the LO for the down conversion mixer. The undesired harmonics
generated by the frequency multiplier, if not filtered out properly, will mix with the delayed
version of itself in the same way as the desired harmonic, leading to a series of beat tones in
the IF baseband. Only the 8th IF tone is the desired beat tone and the others are just ghost
targets generated by the harmonics. Thus, the frequency multiplier must have sufficient
harmonic suppression to reduce the number of ghost targets.

Fig. 2.7 Illustration of the undesired ghost targets in an FMCW radar due to the harmonics generated
by the frequency multiplier.
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2.4

Signal distribution network topology

The chirp signal is distributed via Wilkinson power dividers. Only one Wilkinson divider is
used for testing the single channel FMCW radar, while a network of Wilkinson dividers are
used for testing the MIMO radar. A 1-to-8 power divider example of the Wilkinson divider
network is shown in Fig. 2.8. The network can be extended to 1:2N by using more Wilkinson
divider stages. For the 3D MIMO array, a pair of such divider networks will be used for the
horizontal and vertical arrays, as shown in Fig. 2.9.

Fig. 2.8 An example of 1 to 8 chirp signal distribution network
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Fig. 2.9 Topology of the 2D array chirp signal distribution network; the input signal is divided into
16 frontends by 4 Wilkinson divider stages
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3
3.1

Chirp generator design
Chirp linearity

The chirp linearity of the FMCW radar refers to the linearity of the frequency increase
versus time. It must remain linear to produce well-distinguished target profiles and
suppress the ghost targets. Any non-linearity of the chirp will dither the beat frequency,
which will increase the noise floor and possibly produce ghost targets [32]. A typical
degradation caused by chirp non-linearity is the spectrum growth of the beat tone [33], as
depicted in Fig. 3.1. The non-linearity could originate from the non-linear tuning
characteristic of the VCO, the non-linear amplitude or phase response of the RF signal
chain including the circuits, bondwires, and the antenna, or the linearity error of the chirp.

Fig. 3.1 One example of how the chirp linearity can deteriorate beat tone.

Chirp non-linearity can also cause ghost target(s), for example, if the chirp is not
well-linearized, and the oscillator is interfered by a tone whose frequency is inside the IF
band (typically from switching power supply), the resulting Tx signal is a chirp with
additional FM modulation. This FM signal will be demodulated and appear at the
baseband as a ghost target tone or a list of target tones if there are higher orders of
harmonics.
21

Recalling Equation (2.5), the beat frequency can be re-written in the following form:
(3.1)

2R
fb = kchirp ⋅
,
c

where kchirp is the frequency versus time slop. This equation shows that the beat frequency
is linearly proportional to the slope of the chirp, thus any deviation of the slope will lead
to an instantaneous change of the beat tone. However, it is worth noting that the beat
frequency signal is always low-pass filtered after the mixer in order to remove undesired
high-order mixing components, as well as to perform anti-aliasing before feeding the
signal to the ADC. Thus, the fast and instantaneous deviation caused by the slope change
will be filtered out, resulting in only the slow in-band deviation appearing at the output.

Fig. 3.2 Approximating the non-linear chirp with small sections of linear chirps.

The phase of the IF beat frequency can be written as:
(3.2)

2R
φb = ∫ fbdt=∫ kchirp ⋅ dt
0
0
c
t

t

The expected phase will increase linearly with time, if kchirp remains constant versus time.

φb _ exp ect

(3.3)

2R
= kchirp ⋅ ⋅ t
c

When the chirp is not linear, it can be approximated by small discrete sections of linear
chirps, as shown in Fig. 3.2. The phase change due to the slope change can be written as:
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φb _ nonlinear |tt = φb _ nonlinear ( t2 ) − φb _ nonlinear ( t1 )
2

(3.4)

1

2R
2R
2R
⋅ ∆t + kchirp1 + ∆kchirp
⋅ ∆t − kchirp1
⋅ ∆t ,
c
c
c
2R
= kchirp1 + ∆kchirp
⋅ ∆t
c
≈ kchirp1

(

(

)

)

where kchirp1 is the chirp slope during and ∆kchirp is the chirp slope difference between the
chirp slopes in current ∆t and the previous one.
The difference between phase change caused by the non-linear chirp and the expected
phase caused by the linear chirp is:
(3.5)

∆φb = φb _ nonlinear |tt2 −φb _ exp ect |tt2
1

(

= kchirp1 + ∆kchirp

1

) 2cR ⋅ ∆t − kchirp ⋅ 2cR ⋅ ∆t = ∆kchirp ⋅ 2cR ⋅ ∆t

If the time interval ∆t is small enough so ∆ φb << 2π , the first-order approximation of the IF
signal’s voltage change is:

∆Vbeat |tt1 +∆t ≈ Greceiver sin(∆φb ) ≈ Greceiver ∆φb = Greceiver (∆kchirp ⋅
1

2R
)∆t
c

(3.6)

It is shown in equation(3.6) that the small-signal voltage change at IF is linearly
proportional to the chirp slope change of the chirp signal, indicating that filtering the IF
voltage signal can remove the undesired frequency deviation caused by the non-linear
“noise” in the chirp slope. It is further indicated that if the slope change rate falls into the
IF band, the degradation of the beat tone is inevitable.
This analysis allows us to use DDS or fractional PLL to generate linear chirps. Although
their output frequencies change step by step, which are not linear in instantaneous time,
but given a frequency update rate much higher than the IF bandwidth, the artifacts caused
by the “stair-like” discrete frequency steps will be filtered out on the IF signal side.
The detailed chirp generation techniques and methods to ensure the chirp linearity will be
discussed in section 3.2.
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3.2
3.2.1

Chirp generator topologies
Direct modulation of a VCO

A chirp signal can be generated by modulating a voltage controlled oscillator with a
ramping voltage, as shown in Fig. 2.6. Usually the input capacitance of the control voltage
port for a VCO is in pF range, thus very fast modulation can be made. The main issue here is
the non-linear tuning characteristic of the VCO. For narrow band tuning in a wideband
VCO, this is not a serious problem since the tuning remains linear within a small fraction of
the whole tuning range. However, for wideband chirp generation the linearity will severely
suffer.

Fig. 3.3 An example of the non-linear tuning characteristic of a VCO: HMC733 [34]

In Fig. 3.4, a solution to the problem is presented, the VCO can be controlled by a DAC and
the tuning voltage is pre-distorted to produce a linear frequency tuning [35]. However, to
maintain a linear chirp generation, this method requires accurate measurements of the
VCO’s tuning curve and the system must be re-calibrated to overcome the curve
deformation as well as the center frequency drift caused by temperature change. The
calibration circuitry and algorithm add significant complexity to the system and thus this
method is not preferred for this application.
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Fig. 3.4 Chirp signal generation using a look-up table and DAC

3.2.2

PLL with changing division ratio

The phase-locked-loop (PLL) is widely used for frequency synthesizer. For a general PLL,
the loop stabilizes at the output frequency that satisfies the following relation:

fout = fref ⋅

where

M
R

(3.7)

fout is the output frequency of the PLL, fref is the reference frequency of the PLL,

M is the frequency division ratio of the VCO’s output frequency, and R is the frequency
division ratio of the reference frequency.
In a fractional PLL, the feedback divider’s division ratio M can be configured with a
fractional number. Thus, in order to generate a chirp, we can keep changing the feedback
divider’s division ratio in a highly linear manner [36][37] (shown in Fig. 3.5). If the change
rate is slow enough to be tracked by the loop with sufficient loop bandwidth, the generated
chirp will be highly linear. This method requires the high speed digital interface to update
new values to the dividers. The speed is limited by both the digital data rate and the loop
bandwidth of the PLL. The latter is normally a fraction of the phase comparator’s
comparing frequency. The comparing frequency is usually less than 100 MHz for CMOS
PLL ICs and, for fractional PLLs, the comparing frequency is usually less than several tens
of MHz, limiting the maximum loop bandwidth approximately several megahertz. This
method is suitable for applications when the required chirp slope can be easily followed
with a small loop bandwidth (e.g. the system has a long chirp time and a small chirp
bandwidth).
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Fig. 3.5 Chirp generation by changing the feedback division ratio in a fractional PLL

3.2.3

Chirp generation using a DDS driving a PLL

Direct digital synthesizers (DDS) can generate chirp signals with both high linearity and
high speed. However, its system clock frequency is limited by the complicated circuitry.
The clock frequencies of the commercially-available DDS are within several GHz. For
example, the maximum system clock of AD9910 is only 1 GHz. Thus, the theoretical
maximum frequency that it can generate is below 500 MHz. For higher frequencies,
frequency multipliers or PLL must be used to multiply the output frequency of the DDS. If
the desired chirp carrier frequency is much larger than the DDS output frequency, a PLL is
preferred instead of a frequency multiplier as to avoid the use of a large number of
frequency multipliers. Despite having a large multiplication ratio, the closed-loop behavior
of the PLL can still ensure the chirp linearity without significant distortion. The DDS + PLL
chirp generator’s block diagram is shown in Fig. 3.6. The DDS output is driving the PLL as
the reference frequency. The PLL’s loop bandwidth must be large enough to track the
frequency change of the chirp. Compared to the fractional PLL, an integral PLL usually
allows higher comparison frequency for the phase frequency detector (PFD) and its loop
bandwidth can potentially be larger than the fractional PLL, thus enabling a faster chirp
generation.

Fig. 3.6 Chirp generation using a DDS driving a PLL

Two concepts concerning the bandwidth must be clarified here: the loop bandwidth of the
PLL and the chirp bandwidth. The loop bandwidth of the PLL is defined by the phase
transfer function from the reference signal phase (the output of the DDS in this system) to
the phase of the VCO output. Since the comparison frequency of the phase comparator is
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much higher than the loop filter’s bandwidth, the loop bandwidth of the PLL is dominated
by the loop filter’s bandwidth. The chirp bandwidth is defined as the difference between
the starting frequency and the stopping frequency of the chirp, which can be more than 20
GHz in this project. The required loop bandwidth is proportional to the chirp slope; given
the relation that the slope of the chirp is inversely proportional to the chirp time for a fixed
chirp bandwidth, the shorter the chirp time, the more difficult the PLL would be able to
track the frequency change.
By the end of the chirp, the frequency will suddenly change depending on what kind chirp
types are applied. The triangular chirps are easier to track than saw-tooth chirps since the
latter has a sharper frequency drop at the end, and the required loop bandwidth is normally
evaluated experimentally [38].
An example of PLL modeling is shown in Fig. 3.7. In this simple example, it is assumed that
the loop filter is modeled as a first-order low pass filter. Thus, the transfer function of the PLL
loop can be easily derived.

φref

F (s) =

Kd

1
1+ s

φout

φndiv

Fig. 3.7 An example of PLL system modeling

The transfer function from the reference phase to the output phase of the VCO can be written
as:

K d Kv
φout
K d Kv
s(1 + s)
=
=
K K
φref / R 1 + Kd Kv
s(1 + s) + d v
s(1 + s) N
N ,

(3.8)

where Kd is the phase detector gain, and Kv is the VCO’s tuning gain, since Kv is normally
defined in unit of Hz/V, integral must be applied to convert it to phase, and the tuning gain
of the VCO becomes rad/V. The transfer function from the reference phase to the output
phase shows a low pass characteristic, which means that a slow changes of the reference
phase will pass through the loop and appear at the output with a multiplication ratio N/R.
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Thus, despite the fact that a large PLL loop bandwidth is good for tracking the reference
chirp, it will also increase the phase noise since the in-band phase noise from the reference
signal will be directly multiplied by the square of the PLL’s multiplication ratio, and a
larger loop bandwidth will allow more of the reference signal’s phase noise to pass
through. As the flicker noise in an oscillator will cause an increased phase noise spectrum
at low offset frequency regions, a reference with low phase noise is required to reduce the
noise floor of the system. Luckily, the reference signal is derived from a crystal oscillator
which has much lower phase noise than an L-C tank based VCO.

The 1 MHz loop bandwidth of the PLL is used after simulating and optimizing
experimentally with actual hardware as a trade-off between the phase noise suppression
and a high chirp slope generation capability.

3.3

Implementation of the chirp generator

To generate a wideband and fast chirp for the radar system, a chirp generator is designed
by adopting the DDS+PLL architecture. The block diagram of the chirp generator is shown
in Fig. 3.8.

Fig. 3.8 Component level implementation of the chirp generator

The DDS generates a chirp signal as the reference of the PLL and the PLL further
multiplies the chirp to the system reference frequency for the transceiver chip. The output
frequency of the chirp generator ramps from 15 GHz to 17.5 GHz for normal operation
and from 10 GHz to 20 GHz in full bandwidth mode. The chirp period and chirp
bandwidth can be adjusted by configuring the DDS chip. The generator can also be
configured to generate single tone signal for testing purposes.
3.3.1

DDS chirp signal generator

The DDS board is an evaluation board with the model number AD9910PCBZ-ND ordered
from Analog DeviceTM. The PC-based software for the evaluation board can provide control
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and access to all the registers of the DDS chip AD9910. The system clock of the DDS board
is 1 GHz, which is also the clock rate of its DAC. The 250 MHz DDS clock (a
divide-by-four division of the system clock), drives the address register pointer through a
configurable divider. This means the frequency/phase update rate of the DDS output is
maximally 250 MHz, or equivalently, has a 4 ns frequency update period. The frequency
resolution of the DDS is determined by the 32-bit frequency tuning word (FTW) :

 FTW 
f OUT =  32  f SYSCLK
 2 

where

(3.9)

fSYSCLK is the 1 GHz system clock.

Given the 1 GHz system clock, the frequency resolution of the DDS output is 0.233 Hz.
The DDS can be configured in continuous ramping mode to generate the triangular-shaped
chirping signal and is controlled by four parameters: starting frequency, stopping frequency,
frequency update interval and frequency step. The up or down chirp time can be calculated
by:

(

)

t chirp _ time = t update _ int ercal × f stop - f start / f step

3.3.2

(3.10)

PLL board

The PLL board is used to multiply the chirp signal generated by the DDS board to the
required frequency range. The block diagram of the PLL board is shown in Fig. 3.9. The
ADF4106 is a commercial PLL chip with integrated charge pump, N divider and R divider.
The VCO is HMC733LC4B from ADITM and has a tuning range of 10 GHz to 20 GHz. The
output of the VCO is divided by four and then feed into ADF4160. A third-order active filter
is designed to scale the tuning voltage and provide loop filtering with a 1 MHz loop
bandwidth.
There are several limitations with the PLL design. According to its datasheet, the input
frequency of the ADF4106 PLL chip should be less than 6 GHz and the output frequency of
the pre-scalar within the ADF4106 should be less than 300 MHz. To lower the amplification
factor of the reference noise, it is desirable to have a PFD frequency that is as high as
possible. With these considerations, the final configuration is shown in Fig. 3.9.
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Fig. 3.9 The block diagram of PLL board with divider’s division ratio shown.

3.4
3.4.1

Chirp generator test
DDS board single tone phase noise measurement

The phase noise of the DDS board output is measured first. A 1 GHz signal to the DDS
board is generated from an Agilent signal generator 4438C and a spectrum analyzer HP
8563E is used to measure the phase noise. The board is configured to generate different
CW frequencies, and the measured phase noise results are shown in Fig. 3.10.

Fig. 3.10 Phase noise measurement of the DDS output signal. Red: 50 MHz; Blue: 150 MHz; Purple:
300 MHz; Yellow: 400 MHz.
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3.4.2

Single tone phase noise test

The DDS board is then configured to generate a single tone of 270 MHz as the reference
frequency of the PLL and the PLL output frequency becomes 17.28 GHz, correspondingly.
The measured phase noise is shown in Fig. 3.11.

Fig. 3.11 Phase noise of the 17.28 GHz single tone output.

The phase noise at 1 MHz frequency offset is -95.5 dBc/Hz. The increased phase noise with
respect to the DDS phase noise agrees well with the theoretical noise increase caused by
the PLL’s RF division ratio of 192, or 45.7 dB correspondingly. It can be observed that the
phase noise in the region where the frequency offset smaller than 300 kHz is dominated by
the reference signal phase noise generated by DDS.
3.4.3

Chirp signal in frequency domain

The DDS is configured to generate a triangular chirp signal ranging from 0.234375 GHz to
0.2734375 GHz, with a step frequency of 30 kHz. The limited tracking ability of the PLL
caused by its limited loop bandwidth is the main cause for chirp non-linearity.
The measured signal spectrum with a different chirp rate is shown in Fig. 3.12-Fig. 3.14.
The chirp has a flatness less than 3dB across the sweeping band. The amplitude peaking at
the edges of the spectrum is due to the sweeping “turn-a-round” dwellings within the
resolution bandwidth (RBW) of the spectrum analyzer.
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Fig. 3.12 Chirp spectrum with frequency update interval of 4 ns (5.21 µs chirp time)

Fig. 3.13 Chirp spectrum with frequency update interval of 20 ns (26 µs chirp time)
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Fig. 3.14 Chirp spectrum with frequency update interval of 80 ns (104 µs chirp time)

3.4.4

Chirp signal in frequency - time domain

The detailed frequency measurement of the linearity of the chirp generator is characterized
with a digital storage oscilloscope (DSO). The oscilloscope samples the chirp signal and the
acquired data is processed to find the instantaneous frequency and amplitude information of
the chirp signal. The measurement setup is shown in Fig. 3.15.

Fig. 3.15 Chirp generator test: using DSO for chirp signal acquisition, accurate linearity estimation
can be performed by post processing the data

The linearity of the chirp is visualized by using the digital oscilloscope to sample the
divide-by-four output of the VCO and post processing the data, as shown in Fig. 3.16 and
Fig. 3.17.
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Freq. [GHz]
Freq. [GHz]

Fig. 3.16 Visualization of the 3.6 GHz to 4.48 GHz chirp, frequency update interval is 4 ns (14.67 µs
chirp period)

Fig. 3.17 Visualization of the 3.6 GHz to 4.48 GHz chirp, frequency update interval is 20ns (73.3 µs
chirp period)

When using 1 MHz loop bandwidth, it can be seen that the PLL can track the 14.67 µs chirp
with visible tracking errors while, for a longer chirp period of 73.3 µs, the error is only
visible at the starting and ending sections of the chirp.
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4

Frequency multiplier topologies and circuit realization

As discussed in chapter 2.3, a frequency multiplier will be implemented in each transmitter
and receiver chip to multiply a centrally-fed chirp signal. In this chapter, the topologies and
circuit design techniques of frequency multipliers will be explored. Several
high-performance designs will be presented based on novel multiplier topologies.
This chapter will be organized as follows. The design considerations and specifications of
the frequency multiplier will be discussed in chapter 4.1. Chapter 4.2 will introduce the
Gilbert cell-based frequency multiplier and discuss its imbalanced output. From chapter 4.3
to 4.7, several frequency multiplier designs will be presented, which are aimed at improving
the bandwidth, harmonic suppression and output balance by applying novel topologies and
circuit design techniques. These designs will be summarized and compared in chapter 4.8.

4.1

Design considerations of the frequency multiplier

The function of the frequency multiplier is to up-convert a fundamental input frequency to
its higher harmonic frequency. An ideal frequency multiplier only generates frequency at
the desired harmonic, while suppressing the other harmonics. From the system point of view,
for the FMCW application, the harmonics generated from the frequency multiplier will lead
to ghost targets in the final range profile. Thus, the frequency multiplier must have a large
harmonic suppression ratio to maintain the radar system’s performance.
For the targeted radar system, the power of a chirp signal is divided to feed elements in the
array, thus low input power at each input port is expected. This requires the multiplier to
have a high conversion gain. A frequency multiplier can be realized by using non-linear
passive components, e.g. a diode, or by using active circuits. In the discussed application, a
high conversion gain is required and thus only active frequency multipliers will be
considered. Considering N stages of divider networks, the power delivered at each input of
the radar element will be:
Punit [dBm] = Pin [dBm] − N ⋅ (3 + Ladd [dB])

(4.1)

where Pin is the total input power, N is the number of stages and Ladd is the additional
insertion loss of the Wilkinson divider. If 5 dBm is provided by the chirp generator, and it is
further divided to 32 frontend chips using 5 stages of Wilkinson networks, then each chip
will receive a power less than -10 dBm. If the output power of the frontend ends up being
larger than 0 dBm, the frequency multiplier should provide a conversion gain larger than 10
dB.
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The radar system needs a large bandwidth to realize a high range resolution. Thus, as the
signal source of the system, the frequency multiplier must have a large bandwidth. A large
bandwidth is also beneficial to overcome the process spread. However, in conventional
frequency multiplier design, a large bandwidth also means that the harmonic suppression
may suffer.
The required specification for frequency multiplier is summarized in Table 4.1.
Table 4.1 Multiplier Design Specifications

Multiplication factor

8

Output power

≥ 0dBm

Input sensitivity

≤ -10dBm

6 dB bandwidth

120-140 GHz (output)

Harmonic suppression

-25 dBc

Input form

Single-ended

Output form

Differential

4.2

Gilbert cell based frequency doubler and its imbalanced output

There are several types of active frequency multipliers. The Gilbert-cell based frequency
multiplier is widely used due to its simplicity and differentially-in and differentially-out
topology, which can be easily cascaded [39]. However, the Gilbert cell based frequency
multiplier suffers from by the imbalanced differential output signal.

Fig. 4.1 (a) Simplified schematic of a Gilbert cell. (b) Simplified schematic of a Gilbert cell based
frequency doubler
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Fig. 4.1 shows a simplified schematic of the Gilbert cell mixer. If the two ports were fed
with signals with the same frequency, the input frequency will be doubled at the output. This
can be explained by multiplying of two sinusoidals signals with the same frequency in the
time domain.

1
sin(ωt + θ1 )sin(ωt + θ2 ) = [cos(θ1 − θ2 ) − cos(2ωt + θ1 + θ2 )] (4.2)
2
Notice the term:

1
cos(θ1 − θ2 )
2

(4.3)

represents the DC offset, which leads to different DC levels at the output if the two input
phases are not in quadrature. This term can be minimized by feeding the RF and LO port
with quadrature signals [40][41]. In addition to the DC offset, a common mode 2nd
harmonic will appear at the output. A circuit model is developed to explain this as shown in
Fig. 4.2. It is assumed that no RF signal has been applied, and the input pair is modeled as
their equivalent output resistance rO. In this case, the LO signal will appear across RL as the
output. This phenomenon can be analyzed as follows: during the first half cycle, Q1 and Q4
will be switched on, and during the other half cycle Q2 and Q3 will be switched on, thus
only the positive halves of the signal at port1 will appear in Vx. During each half cycle, the
active switching transistors are acting as common emitter amplifiers with a degeneration
resister rO, resulting a gain of RL/rO. Therefore, when no signal at RF is applied, the signal at
LO will appear at the output and the output voltage can be described as a rectified
sinusoidal:

VO+ _ fromLO ( t ) = VO-_ fromLO ( t ) = vLO

RL
sin (ωt )
rO

(4.4)

This signal only contains even harmonics, as shown in its Fourier transformation:
VO + _ fromLO (ω ) = VO -_ fromLO (ω )
= vLO

RL
rO

(4.5)

2 4
cos(nωt ) 
 
∑
2
 π π n = 2,4,6,... n -1 
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As a frequency doubler, only the second harmonic will be selected by filtering. It is
important to note that the output voltage at VO+ and VO- are the same, meaning that it only
contains common mode signal, thus the second harmonic is amplitude balanced and
in-phase [50].
Unfortunately, the desired output signal must be differential, and the common mode 2nd
harmonic will cause imbalanced output for the doubled signal.

Fig. 4.2 Illustration of the output signal generated by LO feed through. The circuit state and the time
domain voltage waveform are plotted for (a) the first half cycle, and (b) the other half cycle
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Fig. 4.3 Illustration of the contribution from RF port to the output. The circuit state and node
voltage are plotted for (a) the first half cycle , and (b) the other half cycle.

In an ideal Gilbert cell-based doubler, the desired differential 2nd harmonic is generated by
switching the input signal at RF port via LO switches. This is illustrated in Fig. 4.3, where
the four switching transistors Q1-Q4 are modeled as ideal switches. Note this is not the
accurate model of the circuit, since the transistor is a three terminal device, while in this
model it is modeled as a four terminal device – two terminals for the inputs, rather than a
single base terminal. This model is only used here to represent the desired operation of the
doubler. With the ideal model, the output is a differential rectified sinusoidal, which can be
written as:

VO+_ fromRF ( t ) ≈ +vRF gm RL sin(ωt ) , rO >> 1/ gm
VO-_ fromRF ( t ) ≈ -vRF gm RL sin(ωt ) , rO >> 1/ gm

(4.6)

where gm is the input pair’s trans-conductance.
As a result, the Gilbert mixer can switch the RF input alternatively to the output, generating
a perfect differential 2nd harmonic (Equation (4.6)), but it will be combined with the
common mode feed through from the LO port (Equation (4.5)), creating an unbalanced
second harmonic output. This effect is illustrated in the vector domain as shown in Fig. 4.4.
When the RF and LO inputs are in phase, the outputs are 180º out of phase, but their
amplitude is not balanced. It can be further derived that if the RF and LO are in quadrature,
the outputs will have equal amplitude, but not 180º output of phase (Fig. 4.5); Thus, for the
Gilbert cell-based doubler, it is not possible to obtain amplitude and phase balance
simultaneously by only manipulating the phase relation between the RF and LO signals
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[50].

Fig. 4.4 Illustration of the reason for the unbalanced output of the Gilbert cell, which results from
the summation of the common mode LO feed through and the differential mode contribution from
RF signal. First published in: [50] ©2013 IEEE.

Fig. 4.5 When the RF and LO have quadrature feeding, the output are amplitude balanced but not
180º out of phase. First published in: [50] ©2013 IEEE.

The imbalanced output from the Gilbert cell-based doubler will degrade the performance
both at the circuit level and at the system level. When cascading frequency doublers, the
imbalanced output from the previous stage will cause fundamental tone leakage in the
current doubler stage and the final output will be rich in harmonics. In an FMCW radar
system, these harmonics are highly undesirable since they will appear in the baseband as
ghost targets, as discussed in section 2.3.6.

4.3

A V-band frequency doubler with balanced output

To suppress the imbalanced output of the Gilbert cell based doubler, a novel doubler design
is developed. This design makes use of the transformer to suppress the common mode
second harmonic component at the doubler’s output.
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4.3.1

Topology and design of the circuit

The schematic of the proposed doubler is shown in Fig. 4.6.

Fig. 4.6 Simplified schematic of the proposed doubler. First published in: [50] ©2013 IEEE.

The Gilbert cell is driven by an on-chip balun which is used to convert the single-ended
input to a differential form. In order to generate a well-balanced 2nd harmonic, a special
transformer is proposed for this doubler. As shown in Fig. 4.7, the transformer is designed
using of the top-metal 2 and top-metal 1 – the two top thick metal layers of the process. Both
input and output of transformer are differential. The transformer’s primary coil has a tap
connecting to the power supply, providing DC power to the Gilbert cell. A large MIM RF
bypassing capacitor is placed between the primary coil’s feeding node and the ground. On
top of the primary coil is the secondary coil, where the common mode signals cancel each
other and the differential mode signal is coupled to the output. The secondary coil is
designed without ground tap for better common mode rejection, and only a virtual ground
will be formed by the differential output of the transformer.
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Fig. 4.7 A 3D layout of the common-mode rejection transformer. First published in: [50] ©2013
IEEE.

The transformer size is optimized by EM simulation. An insertion loss around 3.5 dB can be
achieved, which mainly comes from the substrate loss, and the reduced EM coupling caused
by the spacing gap between the two stacked metal coils. The size of the coil is 48×23 µm2.
The common mode signal can leak to the output as a result of capacitive coupling between
the primary coil and secondary coil. Also, the slightly asymmetric layout can cause a
residual common mode signal due to incomplete cancelling. The former is negligible, since
the capacitance between the two coils is less than 5 fF. Still, the transformer based design
can provide effective cancellation of the common mode output. As shown in Fig. 4.8, the
EM-schematic co-simulation shows that the output of the Gilbert cell has an amplitude and
phase imbalance as large as 6.8 dB and 38º, while at the output of the transformer, the
remaining amplitude is reduced to 0.2 dB and phase imbalance is only 1º.
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Fig. 4.8 Amplitude and phase imbalance at the input and output of the transformer. First published
in: [50] ©2013 IEEE.

A cascode amplifier with a gain of approximately 10 dB is used to buffer the Gilbert cell’s
output signal and compensate the coupling loss of the transformer. To verify the
transformer’s common-mode rejection concept, and detect the residual imbalance at the
output of the transformer, the amplifier is pseudo-differential with no common-mode
rejection, so the signal imbalance measured at its output can represent the imbalance at the
buffer’s input. To further balance the output, a differential amplifier with common-mode
rejection can be used.
Due to the circuit topology the chip size is very compact. As shown in Fig. 4.9, it only
occupies a silicon area of 150 µm by 128 µm.
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Fig. 4.9 Layout of the frequency doubler (540 µm by 455 µm). The doubler core is highlighted. First
published in: [50] ©2013 IEEE.

4.3.2

Measurement results

The chip has been measured using a V-band harmonic mixer and a spectrum analyzer. With
a 2.5 V DC supply, the current consumption is 20 mA. Fig. 4.10 shows the measured output
power at POUT+ and POUT-. The 3dB-bandwidth is about 20 GHz from 55 GHz to 75 GHz.
The maximum output power is located at around 65 GHz, where 0.3 dBm output power is
obtained. The measured output power is about 2 dB lower than the simulated value, which
is possibly due to the process variation and insufficient model accuracy.
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Fig. 4.10 Simulated and measured output power vs. frequency (input power is 0 dBm). First
published in: [50] ©2013 IEEE.
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The amplitude imbalance at the output port is characterized by subtracting the powers
measured at POUT+ and POUT-, which is plotted in Fig. 4.11. Two samples are measured with
the same setup, and the amplitude imbalance of the two samples is within the range of
+0.55/-0.3 dB for the entire V-band and the output amplitude imbalance of +0.3/-0.2 dB is
achieved from 60 GHz to 75 GHz. The measurement suggests that the probe contact
position and pressure may lead to a measurement difference as large as 0.6 dB, so the
measured amplitude imbalance is possibly degraded by the probe contact.
Meas. amplitude imbalance, Sample #1
Meas. amplitude imbalance, Sample #2
Simulated amplitude imbalance
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Fig. 4.11 Simulated and measured amplitude and phase imbalance. First published in: [50] ©2013
IEEE.

The fundamental leakage is plotted in Fig. 4.12. The doubler exhibits a fundamental
suppression of 25 ~ 30 dB in V-band.
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Fig. 4.12 (a) Measured output vs. input power (output frequency fixed at 65 GHz) (b) Measured
harmonic power vs. input frequency (input power is 0 dBm). First published in: [50] ©2013 IEEE.

4.4

Bandwidth extension technique

The Equation (2.3) shows the direct relation between the system bandwidth and the radar
resolution: the larger the bandwidth, the better the resolution. Therefore, it is desirable to
investigate the possibility of extending the bandwidth for various circuit building blocks. In
[9], the large bandwidth of the LNA was achieved using a wideband inter-stage matching
network. In this section, a similar bandwidth extension method will be successfully applied
to large-signal circuits – the frequency multipliers. Additionally, a new method of analyzing
the wideband matching circuits will be proposed, which enables a fast design and
simulation methodology.
As shown in Fig. 4.13, the wideband matching network is formed by the transmission lines
TL1, TL2, TL3, the output parasitics of Q1 (C1, R1) and the input parasitics of Q2 (C2,
R2). For simplicity the transmission lines are approximated and modeled with lumped
components L1-L3.
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Fig. 4.13 Simplified schematic of the bandwidth extension network and its simplified circuit
approximation by replacing microstrip lines with inductors

The equivalent model of the bandwidth extension circuit is shown in Fig. 4.14. The Q1 is
modeled as a voltage-controlled-current-source (VCCS), and the second stage amplifier
formed by Q2 is modeled as a voltage-controlled-voltage-source (VCVS) with a
transconductance of gm. Q2 is only used as a voltage buffer to buffer its base voltage with
unity gain. The transfer function of the circuit can be derived according to the equivalent
circuit model. And the following relation can be found assuming the R1 and R2 have
infinite resistance, and the VCVS has unity gain.

Fig. 4.14 Equivalent circuit of the bandwidth extension circuit. The transistors are modeled as
voltage-controlled-current-source and voltage-controlled-voltage-source.
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Vo
jω L1gm
=
4
Vi ( L1L2 + L2 L3 + L3 L1 ) C1C2ω − ( L1C1 + L3C1 + L2C2 + L1C2 ) ω 2 + 1

(4.7)

The denominator of equation (4.7) has two zeros caused by L1, L2, L3, C1, and C2, leading
to two gain maxima. Neglecting R1 and R2, the simulated frequency response is plotted in
Fig. 4.15.

Gain [dB]

The two poles located at different frequencies of equation (4.7) lead to a wideband response
with two gain peaking frequencies, and R1 and R2 can be used to lower the Q of the circuit
and “flatten” the bandwidth. Fig. 4.15 also shows simulated frequency response with
different R1 and R2 values.
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Fig. 4.15 Simulated frequency response of the wideband circuit with different R1 and R2 values.

In practical design the output resistance of Q1 and rbe of Q2 are usually high enough to
maintain the circuit’s bandwidth while not causing too much peaking, and additional
resistors can be used to further lower the circuit’s Q value if necessary.
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4.5

A novel 50-75 GHz frequency quadrupler with low gain variation

In this section, a novel frequency multiplier by four was designed to enable a signal source
covering the entire V-band with very low gain fluctuations. This new frequency multiplier
circuit was achieved by manipulating the fundamental frequency signal using polyphase
filters, which feature a compact size, a large bandwidth and a well-balanced output.
For a quadrupler design with two doubler stages, normally the doubler in the first stage has
to deliver differential signal for the next stage. The Gilbert cell-based doubler can generate a
differential output, but as analyzed in chapter 4.2 and [50], its output is not truly balanced.
Another approach is to use a push-push doubler which can achieve better output power and
efficiency; however, it only generates a single-ended output. To avoid the use of bulky
passive baluns for single-to-differential signal conversion, this design adopted a new
frequency multiplication approach using polyphase filters, which leads to a compact
solution for a frequency quadrupler working at V-band.

4.5.1

Circuit topology

The simplified schematic of the quadrupler is shown in Fig. 4.16. The quadrupler is realized
by cascading two doublers.
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Fig. 4.16 Simplified schematic of the novel quadrupler. First published in: [42] ©2014 IEEE.

After the active balun, a differential, quadrature signal is generated by the polyphase filters
for the first stage, and by doubling the differential quadrature signal with two push-push
doublers, a well-balanced differential output with doubled frequency is generated, which is
used to drive the next doubler stage.

4.5.2

Circuit design and simulation

It is worth noting that there are several other options to generate the quadrature signal; for
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example, a hybrid coupler. Although the hybrid coupler has small conversion loss, it also
consumes a large chip area in this frequency range and is difficult to implement in
differential form. In this work, the generation of the differential quadrature signal is realized
by RC polyphase filters in an attempt to preserve chip area. The disadvantage of polyphase
filter is its relatively high loss (more than 6dB for two stages in cascade); however, it can be
easily compensated by the active amplifier and the conversion gain of the doubler stages.
The two stages of the polyphase filter have slightly different time constants, forming a wider
bandwidth to compensate for process variations. The outputs of the polyphase filter is a
differential quadrature signal, and the I and Q differential output are fed to two push-push
doublers, and after frequency doubling, the quadrature signal will become a balanced
differential signal to drive the next stage. The quadrature phase error from the polyphase
filters will cause an imbalanced signal at the doubler output. To further suppress this error,
Q3 and Q6 form a differential common base amplifier with common-mode rejection. The
amplifier topology differs from the conventional ones as the bases of Q3 and Q6 are not
AC-grounded; instead, they are connected to each other and left floating over ground with
a resistively connected DC bias. As a result, a virtual ground is formed at the base of the
differential common-base amplifier for the differential input signal, so the gain for the
differential input is the same as that of a conventional cascode amplifier. But for the
common mode signal, the gain is suppressed, since the base will follow the common mode
input.
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Fig. 4.17 Simulated performance of the polyphase filter quadrature generation circuit. First
published in: [42]©2014 IEEE.
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Fig. 4.17 shows the simulated phase response of the polyphase filter. A quadrature phase
error less than 2º and an amplitude imbalance about 0.2 dB were achieved over the desired
band. The simulation shows that this small mismatch of the phase and the amplitude,
together with the common mode rejection from Q3 and Q6, leads to a fundamental tone
suppression better than 50 dBc at the doubler’s output. The desired second harmonic is well
balanced with a phase and amplitude imbalance of 1.5º and 0.4 dB, respectively. The actual
performance could be degraded by the layout and fabrication mismatch of the components
and the EM coupling of the adjacent signal wires.
To guarantee the performance of the polyphase filter based doubler, the parasitics of the
capacitors, resistors and the interconnections should be considered for the layout. The
conventional layout topology of a polyphase filter is shown in Fig. 4.18(a) and suffers from
long and mismatched inter-connection lines. A novel layout topology is developed in this
design. As shown in Fig. 4.18(b), from stage to stage, the polyphase filter is laid out in a
spiral fashion which allows short interconnection length, between stages. One additional
benefit of this topology is that the component matching requirement of the polyphase filter
is also easier to satisfy compared to the conventional layout. This is because when
polyphase filters are used for quadrature generation, the requirement for component
matching is less critical in the early stages than in the latter ones [43] and, given the relation
that the mismatch is inversely proportional to component size [44], the position of the
second stage (located as the outer ring of the circular pattern) makes it possible to use
large-sized components in this stage to improve matching.

Fig. 4.18 (a) Conventional polyphase filter layout. (b) Proposed polyphase filter layout (not to scale).
First published in: [42] ©2014 IEEE.

Unlike the LC hybrid, the polyphase filter can easily provide a broadband frequency
response with small chip area. To achieve a wideband frequency multiplier, the inter-stage
coupling between the doublers is tuned with transmission lines TL1~TL3, as discussed in
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section 4.4. The second doubler stage has approximately 5 dB conversion gain without
further amplification to buffer the output.

Fig. 4.19 Quadrupler chip photo. First published in: [42] ©2014 IEEE.

4.5.3

Measurement results

The circuit is implemented with the 0.13 µm SiGe:C BiCMOS process with ~250 GHz fT.
The chip only occupies of 700 µm×440 µm and the photo of the fabricated chip is shown in
Fig. 4.19.
On-wafer measurement with a V-band harmonic mixer and a spectrum analyzer was
performed to characterize the chip. The measurement is automatic via a computer controlled
GPIB bus. The undesired harmonic power was also measured with a V-band harmonic
mixer, a Ka band harmonic mixer and a basic spectrum analyzer. The measured output
power is displayed in Fig. 4.20. There is only 1.8 dB gain variation for the entire V-band
from 50 GHz to 75 GHz noting that the fluctuations inside the band are very likely caused
by the harmonic mixer itself since it is very similar to the mixer’s calibration curve. The
output power versus input power for different frequencies is shown in Fig. 4.21. The circuit
has a conversion gain larger than 11 dB, and it saturates at an input power of about -13 dBm.
The maximum output power is -0.2 dBm at 67 GHz.
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Fig. 4.20 Measured output power vs. input frequency (input power is -10dBm). First published in:
[42] ©2014 IEEE.
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Fig. 4.21 Measured output power vs. input power for different output frequencies. First published in:
[42] ©2014 IEEE.

The measured harmonic power levels are shown in Fig. 4.22, where the strongest harmonic
is the 2nd harmonic about -20 dBc below the desired output tone. The 1st and 3rd harmonics
are below -28 dBc. With a 2.5 V supply voltage, the chip consumes 29 mA without an RF
input signal, and 37 mA when feeding with -10 dBm input power.
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Fig. 4.22 Measured harmonic power vs. input frequency (input power is -10 dBm). First published
in: [42] ©2014 IEEE.

Table 4.2 Comparison with other V-band quadrupler designs. First published in: [42] ©2014 IEEE.
Process

In-band
flatness
(dB)

In-band Conv. Gain Output power/
(dB)
harm.
power
rejection
consumption
(dB)

Chip size
(mm2)

Bandwidth
(GHz)

[45]

0.25µm SiGe

2.4

N.A.

-4

-4dBm /79mW

0.565*

72-80

[46]

0.25µm SiGe

2.8

16

-18

-10dBm /11.7mW

0.422

52-75

[47]

90nm CMOS

3

27

0~3

3dBm /53.4mW

0.340

62-70

[48]

pHEMT

8

20

-15 ~ -18

-10dBm / N.A.

1.9

56-66

[49]

N.A.

1

>20

0

8dBm/18W***

N.A.

50-75

This
work

0.13µm SiGe

1.8

29

>10

-1dBm /92mW**

0.308

50-75

*

Estimated size.

***

**

Power consumption including the active balun.

Power consumption of the entire module.
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The performance of the proposed doubler is compared with other designs in Table 4.2. It
can be seen that the conversion gain, as compared to commercial quadrupler in [49], is
increased by more than 10 dB while the reducing the circuit size and power consumption by
orders of magnitude.
The polyphase filter in the multiplier provides a compact solution for generating wideband
differential quadrature signals that can be used for frequency doubling. The resulting circuit
achieves a low gain variation of 1.8 dB across the entire V-band, and similar performance
is only reported in commercial multipliers [49].
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4.6

90-140 GHz frequency multiplier by 8 using a bootstrapped technique

As analyzed in section 4.2, the Gilbert cell based frequency doubler’s primary drawback is
its poorly balanced output and, as a consequence, the output of the frequency doubler is rich
in harmonics. In this section, improvements on the Gilbert cell based doubler will be
explored, leading to the development of a novel bootstrapped topology. A frequency
multiplier by eight will be designed using the proposed technique and achieves better
performance than the conventional Gilbert-cell designs in terms of conversion gain and
differential output balance.

4.6.1

Circuit topology

The proposed doubler modifies the standard Gilbert cell with a novel "bootstrap" input
connection. The standard Gilbert-cell frequency doubler was shown in Fig. 4.1, and its
problem is illustrated in Fig. 4.4. The undesired common mode second harmonic at the
output combines with the desired balanced second harmonic generated by the Gilbert cell,
resulting in an imbalanced output [50]. When cascading such doublers, the imbalanced
output from the previous stage will cause undesired harmonics at the output of the present
stage [51]. Additionally, the conversion gain of the Gilbert-cell based doubler suffers from
the non-zero generator impedance of the LO source, as the switching transistors can also be
viewed as common-base amplifiers with respect to the RF input, where an RF-grounded
base is preferred for higher gain.
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Fig. 4.23 Simplified schematic of proposed bootstrapped doublers. (a) Low power version and (b)
High performance version. First published in: [52] ©2014 IEEE.
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The schematic of the proposed bootstrapped doubler is shown in Fig. 4.23 [52]. As
compared to the standard topology, the switching transistors Q1-Q4 are driven by the output
of the lower differential pair Q5 and Q6, using a transmission line based bootstrapping
technique. Its function is explained in Fig. 4.24. The transmission lines TL3 and TL4 are
used to generate the driving signal for the switches Q1-Q4, and C1 and C2 function as DC
blockers. Using TL3 as an example, if the voltage at the collector of Q7 is referred to as Vm,
and the voltage at the common emitter node of Q1 and Q2 as Vx, a phase shift θ between
these two potentials will be introduced by the transmission line length, which can be
described as:
Vm = A sin(ω)

(4.8)

Vx = A sin(ωt+θ)

(4.9)

where A is the amplitude of Vm and Vx , As the base potential of Q1, Vxb, is AC-shorted to Vm
through C1, the resulting phase difference between Vxb and Vx is θ. And the base-emitter
voltage of Q1, Vbe_Q1, can be described as:

Constant
64
748
θ
 θ 
Vbe _ Q1 = Vxb - Vx = 2 Asin  -  cos  ωt + 
2
 2 

(4.10)

Its amplitude is dependent on θ with the relation 2Asin(θ/2), thus, the amplitude of the
driving signal is determined by the length of the transmission line. TL3 does not have to be
very long, and for example, for a phase shift of 60º, the phase dependent amplitude factor,
2sin(θ/2), is already unity. It is also desirable for TL3 to introduce a 90 degree phase shift
between the Q1 switching voltage and TL3 output current so that the doubler produces a
more balanced output amplitude. For doublers working in lower frequency applications,
lumped components ( e.g. inductors ) can be used as bootstrapping components to avoid the
use of long transmission lines. To enhance the performance, a common base amplifier
formed by Q7 and Q8 can be added as shown in Fig. 4.23(b) and Fig. 4.24.
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Vxb = Vbe _ Q1 + Vx

θ
 θ

Vbe _ Q1 = Vxb − Vx = 2 A sin  −  cos  ωt + 
2
2



Vx = A sin (ωt + θ )
θ

Vxb = Vm = A sin (ω t )

Fig. 4.24 Simplified schematic of the bootstrapped frequency doubler. First published in: [52]
©2014 IEEE.

The new bootstrapped topology enjoys several advantages. Firstly, the required input signal
power level is lower since it only needs to drive the lower input pair. Secondly, the
common-mode second harmonic components, which are the main cause for an imbalanced
output, are reduced since the driving signals of Q1 and Q3 are applied directly across their
bases and emitters, so they strictly behave as switches and produce little common mode
second harmonics. Thirdly, if TL3 and TL4 are viewed as signal sources, they resonant with
cbe of Q1-Q4, and the conversion gain is much higher since the switches are driven with
very low generator impedance and high amplitude.
As shown in Fig. 4.24, the common-base amplifier formed by Q7 and Q8 with a floating
common base node. Similar to the common base amplifier discussed in 4.5.2, it has two
functions. Firstly, it suppresses the common mode fundamental frequency components from
the input, delivering a good output balance to drive Q1-Q4 and reducing the fundamental
leakage at the output. Secondly, a higher impedance is seen into the collectors of Q7 and Q8,
leading to a high common mode rejection of the differential pairs Q1, Q2 and Q3, Q4,
reducing any common mode components at the load. As a result, as shown in Fig. 4.25, the
common mode second harmonic can be suppressed up to 30 dB at VO+ and VO-, leading to
a well-balanced output.
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Fig. 4.25 Simulated common mode second harmonic voltage at nodes ’Vx’ and ‘Vy’, and nodes
‘VO+’ and ‘VO-’, of a bootstrapped doubler working at 120 GHz. First published in: [52] ©2014
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Fig. 4.26 Simulated output power of (a) a standard Gilbert-cell doubler, and (b) a bootstrapped
doubler, for different drive powers. First published in: [52] ©2014 IEEE.

To demonstrate the improved performance of the proposed doubler, two circuits working at
120 GHz, one Gilbert-cell doubler and one bootstrapped doubler, were designed and
simulated in a 0.13 µm SiGe BiCMOS technology. Both circuits have the same bias current
and loading structure as well as the common-base amplifier for buffering the input pair. In
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Phase difference btw. VO+ and VO-

the bootstrapped doubler, a phase shift of 50ºat 120 GHz is used to generate the drive
signals for the switching transistors. Simulation results are compared in Fig. 4.26 and Fig.
4.27. The conversion gain of the bootstrapped doubler is about 10 dB higher than the
standard topology. Within 30 GHz of bandwidth, the amplitude imbalance is 3~5 dB and
phase imbalance is as large as 30º for the standard topology, while for the bootstrapped
doubler, these values are reduced to within 1 dB and ±3ºfor different input power levels
ranging from -20 dBm to -10 dBm.
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Fig. 4.27 Simulated output phase difference of the standard Gilbert-cell doubler and the
bootstrapped doubler. First published in: [52] ©2014 IEEE.

4.6.2

Circuit design and simulation

To validate the proposed topology, a multiplier-by-8 based on the new bootstrapped
topology was designed using a 0.13 µm SiGe:C technology with 250 GHz fT. The block
diagram of the circuit is shown in Fig. 4.28. The multiplier cascades three stages of doublers
with an active balun at the input and a differential buffer at the output, thus the input of the
circuit is single-ended and the output is differential.

IN

active
balun

X2

X2

X2

Fig. 4.28 Block diagram of the implemented chip.
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buffer
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The schematic of the doubler stage is shown in Fig. 4.29. A wideband matching technique
discussed in chapter 4.4 and [9] is used to broaden the circuit bandwidth. A total bandwidth
of 50 GHz from 90 to 140 GHz was targeted.
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Fig. 4.29 Simplified schematic of (a) the doubler stage and (b) the output buffer. First published in:
[52] ©2014 IEEE.

The output buffer is designed with the consideration of enabling single-ended
measurements. As shown in Fig. 4.29(b), two common-base amplifiers were stacked. The
one formed by Q11 and Q12 doesn’t have an RF short at the base, which is designed for
common-mode rejection; the one formed by Q13 and Q14 has a capacitor (C7) at the base to
shunt the RF signal, providing a solid RF ground for both differential mode and common
mode signals. C7 enables accurate single-ended power measurement at the output; this is
because when the circuit is loaded asymmetrically, the common base node of Q13 and Q14
is not an ideal virtual ground anymore. For the same reason, without C7, the differential S11
measured at VBO+ and VBO- will also differ from the single-ended S11 measured at either
port with the other one floating.

4.6.3

Circuit measurement

The fabricated chip photo is shown in Fig. 4.30 with a size of 1050 × 550 µm2. Differential
wafer probes at F-band are not commercially available, so the chip was measured using an
F-band single-ended waveguide probe at each of the output ports consecutively, together
with a calibrated F-band harmonic down converter and a spectrum analyzer.
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Fig. 4.30 Chip photo of the multiplier with a size of 1050 × 550 µm2. First published in: [52] ©2014
IEEE.

Output Power [dBm]

The measured output power is shown in Fig. 4.31. The saturated output power is between -1
to 7 dBm from 90 to 140 GHz, with an input power of -23 dBm. This corresponds to a
conversion gain larger than 22 dB. The output amplitude balance is shown in Fig. 4.32.
Over the entire bandwidth, the output amplitude balance is within 1dB.
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Fig. 4.31 Measured output amplitude imbalance (input power is -23 dBm). First published in: [52]
©2014 IEEE.
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Fig. 4.32 Measured amplitude balance vs. frequency (input power is -23 dBm). First published in:
[52] ©2014 IEEE.

Fig. 4.33 shows the measured output harmonic power. The 6th, 7th, and 9th harmonics that
fall into F-band were measured. Most of these harmonics are suppressed by 20 dBc~30 dBc,
and the minimum harmonic suppression is 14.7 dBc. These undesired harmonic levels were
predicted to be lower in simulation, and the increased harmonic levels found by
measurement are possibly caused by the coupling between the closely spaced transmission
lines. Proper separation of the transmission lines should be considered in future designs.

Single-ended
Harmonic Power [dBm]

5
0
-5
th

8
th
6
th
7
th
9

-10
-15
-20
-25
-30
11

12

13
14
15
16
Fundamental Freq. [GHz]

17

18

Fig. 4.33 Measured harmonic output power (single-ended) vs. input frequency. Input power is -23
dBm. First published in: [52] ©2014 IEEE.

The IC consumes about 250 mW of power from a single 3.3 V supply voltage.
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4.6.4

Summary of the design

In this section, a high performance bootstrapped frequency doubler is demonstrated. The
proposed bootstrapped doubler is a good alternative of the standard Gilbert-cell based
doubler, since it exhibits higher conversion gain, better output balance and common mode
rejection. The frequency multiplier-by-8 implemented based on this new topology covers
the entire F-band from 90 to 140 GHz, and delivers an output power of -1 to 7dBm with
an amplitude output imbalance better than 1dB for the entire band. The high conversion
gain feature of the bootstrapped doubler is confirmed by the multiplier’s more than 22dB
conversion gain. On the output side, the proposed buffer with two stacked common base
stages deliver a better balanced output, while it still enables an accurate single-ended
measurement of the output power. In terms of bandwidth and conversion gain this
multiplier achieves the state of the art performance compared with other multipliers either
in SiGe or compound semiconductor technologies. This multiplier can be used in many
applications as an ultra-wideband signal source. Its very high conversion gain makes it
particularly suitable for applications where the same LO reference signal is distributed to
many up-converting modules, such as in phased-array and MIMO imaging radar sensors.
The bootstrapped doubler topology was later adopted by other researchers, and their
publications are included as reference [53] and [54].
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4.7

Wideband frequency multiplier by 8 with high harmonic suppression

In previous sections, both the polyphase based frequency multiplier and the bootstrapped
multiplier demonstrate a wideband performance. In this section, possible topologies of the
frequency multipliers are further explored. Aimed to achieve a more compact chip size and
higher undesired harmonic suppression, a transformer based push-push frequency
multiplier will be presented.

4.7.1

Push-push doubler

The schematic of a simplified push-push doubler is shown in Fig. 4.34. Since the doubler
has a differential input and the collectors of the input pair are connected together, for a
differential input signal, the common collector nodes are virtual grounds for the
fundamental, leading to a strong suppression of the fundamental frequency at the output.
The common collector nodes remain virtual grounds for all odd-numbered harmonics,
causing their suppression. However, the even-numbered harmonic currents in both
branches will add in phase, so the output signal will be rich in even- numbered harmonics.
The harmonics will be further filtered by the loading of the circuit, e.g. an LC tank circuit.

Vout
2F 4F

Vth

Vin+

VinQ1 Q2

Fig. 4.34 Harmonic generation principle of push-push doubler. Odd harmonics are rejected at the
output.

The harmonic suppression feature of the push-push doubler is particularly useful to reduce
number of ghost targets in an FMCW radar system.

4.7.2

Cascadable push-push doubler

The push-push doubler has a symmetric topology and requires a differential input, however,
it only provides single-ended output [55][56][57], in order to make it cascadable to achieve
higher multiplication ratio, the output has to be converted to a differential signal ( e.g. by a
Marchant balun), but it consumes a large chip area. The proposed design adopts a
transformer to convert the single-ended output to a differential signal, and the transformer
is further integrated as the resonant load of the doubler to enable a more compact solution.
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The schematic of proposed push-push doubler is shown in Fig. 4.35 [58]. For a maximum
conversion gain, Q11 and Q12 are the push-push pair biased in class B mode. Similar to
[56] and [57], a common-base amplifier formed by Q13 is inserted to increase the
conversion gain. Capacitors C1 and C2 are used for proper inter-stage matching. For each
doubler stage, it is critical that a well-balanced differential input is provided for high
conversion gain and low output harmonics. A transformer T1 is used to generate the
differential output signal for the next stage. The transformer is also a resonant load
enhancing the gain at the desired frequency while suppressing the undesired harmonics.
Compared with transmission line based balun designs, the transformer solution enjoys a
smaller size, a better output balance with comparable insertion loss. Another advantage of
using a transformer is that DC feeding to the amplifier is possible through the primary coil,
which is not feasible for other baluns, e.g. a Marchand balun.

Fig. 4.35 Schematic of the push-push doubler. First published in: [58] ©2013 IEEE.

4.7.3

Design of the push-push frequency-multiplier-by-eight

In this section, the design of a frequency-multiplier-by-8 will be discussed, which is
formed by cascading three stages of the proposed push-push doubler.
As shown in Fig. 4.36, the multiplier consists of an active balun, three stages of push-push
doublers and an output buffer. The multiplier has a single-ended input and a differential
output.
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Fig. 4.36 Block diagram of the frequency multiplier. First published in: [58] ©2013 IEEE.

A balun is required to generate the differential signal from the input to drive the first
push-push doubler. For the input frequency range, the physical size of a passive balun will
be too large, thus an active balun is designed for compact on-chip implementation. The
schematic of the active balun is shown in Fig. 4.37.

Fig. 4.37 Schematic of the active balun. First published in: [58] ©2013 IEEE.

For wideband operation and smaller chip size, a resistive load is used in the active balun
instead of an inductive load. A differential signal is generated by the first stage of the
balun. Since the signal is not perfectly differential, common mode residue will exist. The
following two stages not only amplify the differential signal but also suppress the common
mode in two folds. The first suppression effect is realized by the differential amplifier
topology. Further suppression is achieved by the “floating base” common-base amplifier
formed by Q3 and Q4.
Three stages of the transformer based push-push doubler are cascaded to form a frequency
multiplier by 8. The 3D layout of the transformer is shown in Fig. 4.38.
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Fig. 4.38 3D structure of the transformer. First published in: [58] ©2013 IEEE.

The transformer is designed using top metal 2 and top metal 1, which are the two thick
metal layers provided by the process. Three transformers for different frequency bands are
designed for the three doubler stages; the layout and size of the transformers is shown in
Fig. 4.38, Fig. 4.39 and Table 4.3, where the primary and secondary coils are placed on top
of each other. It is shown by EM simulation that the stacked configuration leads to a lower
coupling loss and a better balance than placing them in the same metal layer. At F-band
frequencies, the substrate loss is actually reduced compared to lower frequencies due to
the smaller coil size. To achieve broadband operation, the resonating frequencies of the
transformers are deliberately not aligned with for different stages. Also, the Q value of the
transformer coil is tuned by choosing the proper coil line width, which is good for
broadband operation. The EM simulation shows that the last stage transformer can achieve
a loss of less than 2 dB (with matching components), with a 3 dB bandwidth from 110GHz to 150 GHz. The simulated amplitude imbalance is within 0.1 dB and phase
imbalance is within 1º from 90 GHz to 180 GHz.
Top Metal 1
Top Metal 2
Via TM2 to M1
M1

S

3

W

3
4.83

9.83

L

A

B

Unit: µm

M

Substrate

Fig. 4.39 Layout of the transformer and top metal stack structure in the SiGe technology
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Table 4.3 Transformer dimensions

Stage I
Stage II
Stage III

L
281
62
25.5

S
W
39
6
52.5
3
30
6
Unit: µm

A
9
3
3

B
8
16.5
7

M
14
37
26

Thanks to the inserted common base amplifier in the push-push doubler, the conversion
gain of each doubler stage is about 2.5 dB and no more inter-stage buffers are used for the
three doubler stages.
As discussed in section 2.3.6, one of the problems for CW radar sensors using wideband
frequency multiplication is that unwanted multiplier harmonics will pollute the baseband
signal after direct down-conversion. Here, since the absolute bandwidth is higher than the
fundamental chirp frequency range, more than one harmonic will always appear inside the
up-converted band. Thus harmonic filtering would need a tracking filter which is very
difficult to implement. In this work, the undesired harmonics were removed by rejection.
As shown in Fig. 4.40, the harmonics can be rejected due the fact that the transformers
used in each of the doubler stages provide a well-balanced output over a wide relative
bandwidth, converting both fundamental and harmonics into differential form, while the
push-push doubler in the next stage can reject any differential mode frequency
components presented at the input and prevent them to appear at the output. Thus, the
frequency multiplier rejects the undesired harmonics stage by stage and only the 8th 16th
24th etc. harmonics can be delivered to the output, where the 16th and 24th and higher
orders will be strongly suppressed by the circuit frequency response.
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Fig. 4.40.Simplified schematic of the doubler stage and the frequency multiplier harmonic rejection
scheme. First published in: [58] ©2013 IEEE.

Fig. 4.41 Simplified schematic of the output buffer. First published in: [58] ©2013 IEEE.

The output of the last doubler is fed into the cascode buffer amplifier shown in Fig. 4.41.
The amplifier has a wide bandwidth due to the low Q of the resonate circuit. It is designed
to buffer the large signal, which is good for the flat frequency response and reduction of
the amplitude noise. The amplifier is designed in a quasi-differential form to enable
accurate measurement of the output power using single-ended probes.
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4.7.4

Measurement of the push-push frequency multiplier

The circuit is fabricated in a 0.13 µm SiGe:C process with an fT of 250 GHz. The chip
photo is shown in Fig. 4.42 and the chip size is 920×516 µm2. The measurement setup is
shown in Fig. 4.43.

Fig. 4.42 Chip photo of the multiplier with a size of 920 × 516 µm2. First published in: [58] ©2013
IEEE.
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OUT-

Fig. 4.43 Measurement setup of the frequency multiplier. First published in: [58] ©2013 IEEE.

Since an F-band differential probe is not available, each of the differential output ports is
measured using a single-ended (GSG) probe. The circuit simulation shows that the
summation of the measured power at each output port using singled-ended probes can well
represent the power measured by a differential probe. The measured output power is
plotted in Fig. 4.44; with a -10 dBm input, the 3 dB bandwidth is about 30 GHz from 110
GHz to 140 GHz. Since the maximum power is located at around 137 GHz, the actual
bandwidth should be much higher than 30 GHz. Unfortunately, due to the limitation of the
setup, the frequency response above 140 GHz could not be measured. The actual
bandwidth was indirectly characterized in an FMCW radar system, as will be discussed in
chapter 6. By using the multiplier as the signal source, the radar system can achieve a
bandwidth up to 56 GHz. According to FMCW equation, a 30 GHz bandwidth
corresponds to a possible range resolution better than 5 mm.
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Fig. 4.44 Measured output power vs. frequency (input power is -10 dBm). First published in: [58]
©2013 IEEE.
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Fig. 4.45 The measured output amplitude imbalance of the multiplier. First published in: [58]
©2013 IEEE.
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Fig. 4.46 Measured output vs. input power (output frequency fixed at 140 GHz). First published in:
[58] ©2013 IEEE.

Single-ended Output Harmonic Power [dBm]

As shown in Fig. 4.45, the measured amplitude balance of the differential output is in the
range of -0.5/+0.2 dB from 110 GHz to 140 GHz. Although the phase imbalance of the
differential output can’t be measured due to the measurement limitations, the simulated
phase imbalance is within 5º for the entire operating bandwidth. The maximum power of
5.4 dBm is achieved at around 137 GHz and the output power at 140 GHz is 4.7 dBm.
The input versus output power is plotted in Fig. 4.46, showing a conversion gain of 15 dB.
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Fig. 4.47 Measured harmonic power vs. input frequency (input power is -10 dBm), the discontinuity
of the curve is due to that the harmonic level is below the noise floor of the measurement setup. First
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published in: [58] ©2013 IEEE.

Thanks to the well balanced signal produced by the transformers and the active balun as
well as the bandpass characteristic of each stage, the detectable 6th, 7th, and 9th harmonics
that fall into F-band are all below -38 dBm (Fig. 4.47). Since the doubler stages work in
class B mode, the total current consumption of the chip is only 28 mA without the RF
input signal. The current consumption at -10 dBm input power is about 68 mA; with a
2.5V power supply, this corresponds to a power consumption of 170 mW.

4.8

Comparison of the different types of frequency multipliers

In section 4.2-4.7 different types of frequency multipliers were discussed. In this section
the performance parameters of these frequency multipliers will be compared. Since every
design has its targeted frequency range and also may differ from their multiplication ratio,
only a general comparison will be given. The comparison will be carried out on the key
parameters of the multiplier for the FMCW radar application.
Table 4.4 Performances Comparison of different Multiplier Topologies
Conversion
gain

Harmonic
suppression

Gilbert based

Good

Poor

Gilbert based
+ transformer

Medium

Polyphase
+doubler

Bandwidth

Cascadable

Output
power

Power
consumption

Chip
size

Medium

Yes

Good

Low

Small

Good

Medium

Yes

Medium

Low

Small

Good

Good

Very
good(with
bandwidth
extension )

No (Yes if
with a balun)

Good

Low

Medium

Bootstrapped
doubler

Very good

Medium

Very
good(with
bandwidth
extension )

Yes

Good

Medium

Medium

Push-push +
transformer

Good

Very good

Very good

Yes

Good

Low

Small

The performance comparison is summarized in Table 4.4, which can provide a guideline
for the topology selection of the proper type of the frequency multipliers. The popular
conventional Gilbert-based multiplier’s primary drawback is its poorly balanced output. A
transformer at the output can be used to suppress the output harmonic as discussed in
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section 4.3, however, the transformer brings insertion loss which leads to a lower output
power, especially, at high frequency range, and, as a result, the output power may not be
sufficient to drive the next stage if multi-stage cascading is wanted for higher
multiplication ratio. When a high multiplication ratio is not required, e.g. a frequency
multiplier-by-4 (quadrupler) is desired, one can use the topology discussed in section 4.5,
whereby a polyphase filter splits the phase into quadrature and the following two
push-push doubler stages multiply the signal up to its fourth harmonic. This topology has
a good symmetry, which is beneficial for a high harmonic suppression; however, since the
output is single-ended, a higher multiplication ratio requires a balun to generate the
differential signal to cascade with the next stage. The two-stage polyphase filter has more
than 6 dB loss, requiring the previous stage to deliver a high driving power. It is worth
noting that the polyphase filter based design is particularly suitable to be used in lower
frequency range since the circuit size will be much larger otherwise, i.e. if quadrature
generation were realized by L-C circuits. The bootstrapped doubler discussed in section
4.6 outperforms the other topologies due to its high conversion gain. Good harmonic
suppression was predicted by simulation, but since the implemented circuit is designed
with bandwidth extension transmission lines, and the isolation between stages were not
well controlled in a small chip area, the harmonic suppression performance may suffer.
For the bootstrapped topology, the harmonic suppression is confirmed in literature by later
researches [53], yet an ultra-wide bandwidth was demonstrated to be possible in the
experimenting chip. Finally, the transformer based push-push frequency multiplier wins
out, due to its high conversion gain, wide bandwidth, ultra high harmonic suppression and
low power consumption, which is further used in the project as the key component to
realize the FMCW radar system.
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5
5.1

Design of the On-Chip antenna
Advantages and challenges of the on-chip antenna

Millimeter wave frequencies have short wavelengths. At 140 GHz frequency, the
wavelength is 2.143 mm in air. This small dimension raises several concerns for the antenna
design and interconnection.
On one hand, the small physical size means the parasitics of the inter-connection lines are
more pronounced. For example, the bondwires which are often used to connect the pad of
the chip to the antenna can generate a significantly large inductance, which, at the given
frequency, leads to a severe matching loss. For example, as a rule of thumb, 1 mm of
bondwire generates 1nH of inductance and at 140 GHz, it has an impedance of 879 Ω
which will block most of the power delivered to the antenna. This example assumes that
the bondwire is a lumped element, but at 140 GHz a 1 mm bondwire should already be
considered as a distributed element, which further complicates the analysis. In practical
design, the bondwire length should be minimized as much as possible and usually a
compensation network will be designed to compensate the parasitic inductance [59].
On the other hand, the small physical size of the antenna makes it possible to integrate the
antenna directly on chip [60]. This approach will lead to great advantages in both circuit
and system level design, especially for this targeted application, where an antenna array
needs to be deployed.
One of the advantages with the on-chip antenna is that the connecting line length between
the chip output/input and the antenna can be minimized. This means there are very small
parasitics existed and eventually can lead to a very large bandwidth. On contrary, in the
case of off-chip antenna, compensation networks have to be used for the large parasitic
inductance brought by the long bondwire from the chip to the antenna. However, the Q of
the network will increase, leading to a small bandwidth.
As the on-chip antenna has very short connecting line, the achievable matching bandwidth
is well controlled and is eventually limited by the radiation bandwidth of the antenna
itself.
In an antenna array system, which relies on coherent constructive and destructive phase
interactions, the performance uniformity between each antenna element is important for
the system level performance including main lobe width, side lobe suppression etc.. With
off-chip antennas, the uniformity highly relies on repeatability of the chip-to-antenna
interconnection technique. For example, if the interface is realized by a bonding process,
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then the bondwire width, length, and landing angle of each antenna element must be
precisely controlled to produce as little difference as possible. This adds stringent
requirements for the packaging and bonding procedure and very possibly leads to an
expensive and low yield solution.
Compared to off-chip antenna array, the on-chip antenna array is much simpler to
implement, gives better matching and leads to a highly economic system solution. As the
antenna is fabricated on chip using advanced lithography technology, the physical size and
performance of antennas are well matched between each other. They just need to be
accurately placed in an array configuration, without the need of any compensation
network or high frequency bondwire interface. This greatly reduces the system complexity,
increases the yield, and also enhances the system performance.
As the advantages are attractive, the design of the on-chip antenna is equally challenging.
In most semiconductor technologies, the designer has very limited freedom to optimize the
antenna performance. In the BEOL stack-up of the SiGe technology used for this work,
the distance between the ground metal and the top metal is only 9.83 µm which is not
large enough to make an efficient patch antenna at 140 GHz; the substrate is lossy, with a
50 Ω·cm specific resistance, which will attenuate the radiated power. Due to these
limitations, the on-chip antennas usually have a low radiation efficiency compared with
their off-chip competitors. Thus, many attempts were made to increase the efficiency for
the on-chip antennas. In [57] and [16] backside etching was used to reduce the substrate
loss. In [17][15][21], dielectric materials were placed on top of the on-chip radiation
element to enhance the antenna gain.
Those approaches can effectively increase the antenna efficiency, however, they require
special post-micromachining or process to complete the fabrication of the device. For
example, the backside etching method needs to employ MEMS process for the etching of
the silicon substrate which is time-consuming and is not a widely available technology.
Also, the dielectric constant is lower when the silicon substrate is removed, thus the size
of the antenna and the depth of the etching cavity have to be enlarged to maintain the same
resonance frequency. The other processes, requires specially fabricated quartz resonators
and must be accurately placed on top of the on-chip exciter. This stacking procedure is not
supported by standard packaging technology which will increase cost and limit the
productivity.

5.2

Design goal of the on-chip antenna

The design goal of the on-chip antenna for this work is to implement an on-chip antenna
with high radiation efficiency, wide bandwidth, non-directional radiation pattern, compact
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size, and compatible with the current silicon technology, which does not need special post
micromachining process. The next sections will discuss about the design of the antenna
which focuses on achieving these design goals.

5.3

On-chip antenna using silicon substrate as the dielectric resonator

The basic idea of this novel on-chip antenna design is to include the silicon substrate as a
part of the antenna. This approach can lead to several advantages. First, the silicon
substrate has a high εr of 11.9, shortening the wavelength inside the substrate by a factor of
about 3.45, which can significantly reduce the physical size of the antenna. Second, the
gain will be enhanced by placing a backside metal plane at the substrate base, forming an
antenna with a backside reflector. Finally, a dielectric resonator antenna configuration can
be achieved by properly choosing the substrate size. The dielectric resonator antenna has
wideband performance and also features a compact size. The low-resistance substrate is
lossy, but it is also beneficial for extending the bandwidth due to the low Q factor of the
resulting antenna.
Based on these considerations, the option of using the substrate as part of the antenna
structure was investigated.

Fig. 5.1 Structure of the proposed antenna.

Fig. 5.1 shows the proposed antenna model. For simplicity, it only contains a rectangular
substrate with a dipole fabricated on its top metal layers. The substrate is glued on a metal
plate that functions as a backside reflector.

5.3.1

Choice of the substrate size and the substrate field distribution

With the substrate functioning as a resonator of the antenna, the dipole antenna model
cannot sufficiently represent the antenna’s behavior. The radiated energy from the dipole
will propagate through the substrate, and form various mode patterns for different
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frequencies. From this point of view, the antenna can be viewed as a dielectric resonance
antenna (DRA) [61]. However, since the substrate is thin, lossy and with relatively low εr
compared to the characteristics of the materials commonly used to implement DRAs, the
traditional DRA’s simplified model cannot be accurately applied for this design. For this
reason the analysis of the on-chip antenna is mainly based on basic theory and EM
simulation.
The mode patterns in the antenna have direct impact on the antenna performance, e.g., the
antenna radiation pattern. The antenna benefits from different field distributions on the
substrate which lead to a very wide bandwidth, however, higher modes are not preferred
since they can render a far field pattern with undesired spatial nulls and peaks. The design
of the antenna must take care of all the modes for the designed frequency range to
maintain a good radiation pattern.
The mode patterns are related with the signal frequency, and the size of the substrate. The
larger the substrate size, and the higher the frequency, the more modes can exist.

Fig. 5.2 Simulated electrical field distributions at different frequencies of the example antenna with
a substrate size of 1×1×0.2 mm3. The input power is 1W. (a) 120 GHz (b) 140 GHz (c) 150 GHz
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(a)

(b)

(c)
Fig. 5.3 Simulated radiation pattern at different frequencies of the example antenna with a substrate
size of 1×1×0.2 mm3. (a) 120 GHz (b) 140 GHz (c) 150 GHz

As frequency increases, higher order modes will occur. Fig. 5.2 shows the simulated
electrical field distribution at 120 – 150 GHz. The onset of higher modes can be identified
at 150 GHz. The field maxima of the modes at the substrate surface have the strongest
electrical field, and thus function as parasitic radiation centers which have significant
influence on the antenna’s radiation pattern. Due to the gradual on-set of the radiation
centers caused by the higher modes, the radiation pattern will be compressed along the
x-axis with increased side lobes for increased frequencies, as shown in Fig. 5.3. Fig. 5.4
shows the E-field vector distribution inside the antenna at 120 GHz, which displays the
desired pattern without discernible higher modes.
Reducing the substrate size can suppress the higher order modes while also causing the
resonating frequency to increase and leading to a lower radiation efficiency at lower
frequencies. Thus, the substrate size needs to be well adjusted to maintain good radiation
efficiency at lower frequencies while avoid generating dominant higher order modes and
associated undesired radiation patterns at higher frequencies.
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Fig. 5.4 E-field distribution of the example antenna in vector form at 120 GHz

5.3.2

Backside metal size and radiation pattern

The backside metal plane that serves as antenna reflector also influences the antenna’s
radiation pattern. The millimeter wave propagating along the metal plane surface sees the
edge of the metal plane as a discontinuity causing reflections and additional radiations
which will sum with the waves directly emitted from antenna, resulting in fluctuations
within the radiation pattern. To minimize the fluctuation, either a large metal backplane a
small backside metal plane is preferred.

5.4

Implementation of the on-chip antenna

Fig. 5.5 shows the 3D structure of the on-chip antenna. The on-chip antenna is integrated
together with a frequency multiplier-by-8 circuit (discussed in section 4.7) on the same
substrate, as shown in Fig. 5.6. The technology offers different substrate thickness options,
and in this work, a substrate thickness of 150 µm was chosen for the best efficiency and a
good matching at the antenna feeding point. The dipole was fabricated using the top metal 2,
which is the metal layer with highest thickness (3 µm). The antenna has a silicon area of 930
by 1240 µm2. The circuit side is heavily grounded to prevent substrate radiations outside the
antenna area. Fine tuning of the dipole position and the substrate size is carefully applied
during simulation to ensure a desired radiation pattern.
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Fig. 5.5 3D structure of the proposed on-chip antenna. The chip is glued to a metal plate, which is
used as the antenna reflector. Antenna area dimension is 1.24×0.93×0.15 mm3. First published in:
[62] ©2014 IEEE.

Fig. 5.6 Photo of the implemented antenna integrated together with a multiplier circuit as a signal
source.

Fig. 5.7 Simulated radiation patterns of the implemented on-chip antenna from 110 to 160 GHz
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Fig. 5.8 Simulated 3D radiation pattern of the implemented on-chip antenna at 130 GHz. First
published in: [62] ©2014 IEEE.

Fig. 5.9 Simulated S11 and radiation efficiency of the implemented on-chip antenna

5.5

Measurement of the on-chip antenna

The on-chip antenna was measured by using a horn antenna with known gain as a detector
and an F-band harmonic mixer with a spectrum analyzer to measure absolute received
power. The measurement setup is shown in Fig. 5.10 - Fig. 5.12. The on-chip antenna was
mounted on a rotational platform driven by a step motor, for each step, the received power
by the horn antenna was recorded, from which the radiation pattern along the E-plane can be
derived.
The actual antenna gain is calculated using a one-way radar equation, which takes distance,
receiver antenna gain and transmitted power into account, as described by Equation (5.1).

 c2 

Pr = PG
t t Gr 
2
 ( 4π fD ) 

(5.1)
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where the Pr, Pt are the received and transmitted power respectively, Gr and Gt are the
receiver and transmitter antenna gain respectively. D is the distance between the
transmitter and the receiver. The on-chip antenna gain can be calculated with the following
equation:

Gr =

Pr
 c2

PG


t t
2
4
π
fD
 (
) 

.

(5.2)

In this measurement, the transmitter power is characterized with a separate frequency
multiplier chip, by measuring the output power at different frequencies using a waveguide
probe. The matching loss between the antenna and the chip is neglected, since the antenna
is optimized to a 100 Ω differential port impedance which matches the load impedance of
the multiplier chip.

Fig. 5.10 Antenna gain and radiation pattern measurement setup.

Fig. 5.11 Detailed illustration of the on-chip antenna testing platform assembly. The actual setup is
placed vertically.
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Fig. 5.12 Photo of the on-chip antenna testing platform

The measured antenna radiation patterns for different frequencies are shown in Fig. 5.13.
The characterized antenna uses a large aluminum backplane as the reflector which will
contribute to the gain fluctuations observed in the radiation pattern. Another cause of the
fluctuation could be attributed to the multiple reflections occurring from the wall of the horn
antenna.
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Fig. 5.13 Measured antenna gain at different frequencies. First published in: [62] ©2014 IEEE.

The 3D radiation pattern of the on-chip antenna was also characterized using an industrial
robotic arm. Since the absolute received power cannot be accurately determined due to the
limitations of the measurement system, only the antenna radiation pattern normalized to
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the peak gain is measured. The measurement setup is shown in Fig. 5.14.
To better describe the coordinates of the measurement results, a 3D polar coordinate
system is defined, as illustrated in Fig. 5.15. The front-view direction is defined as the
direction of ϕ = 0° and θ = −90° ; The side-view direction is defined as the direction of

ϕ = −90° and θ = −90° ; The top-view direction is defined as the direction of θ = 0° .

Fig. 5.14 Photo of the on-chip antenna testing platform
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Fig. 5.15 Coordinate definition of the radiation pattern
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Fig. 5.16 Measured radiation pattern at 140 GHz of the on-chip antenna (θ= -45 ~ 45°)
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Fig. 5.17 Measured antenna radiation pattern at 130 GHz (θ= -45 ~ 45°)
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Fig. 5.18 Measured antenna radiation pattern at 120 GHz (θ= -45 ~ 45°)

The measured 3D radiation pattern is shown in Fig. 5.16 - Fig. 5.18. Due to the limitation
of the robotic arm, the measured range is limited to θ= -45 ~ 45°. The measured results
show that the antenna has good isotropic property for a wide frequency range from 120 to
140 GHz. The antenna can be further coupled with dielectric lens for beam focusing.
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6

Realization of a single-channel FMCW radar system

Two MMICs were designed and fabricated in a 0.13 µm SiGe:C BiCMOS technology[62].
The main building block of the two MMICs is the frequency multiplier by 8, which is
presented in chapter 4.7. The multiplier generates the desired F-band and D-band signal as
transmission signal in Tx chip, and as LO signal for in Rx chip. The receiver chip contains a
mixer for received signal down-conversion.
Although the final goal is to build a MIMO radar system, it is necessary to first build a
single channel FMCW radar system for performance characterization. The block diagram of
the single channel FMCW radar shown in Fig. 6.1 and Fig. 6.2 is formed by a chirp
generator, a frontend module, an IF amplifier, a sound card and a computer. The frontend
module contains a power splitter, a transmitter chip, and a receiver chip.

Fig. 6.1 The block diagram of the transmitter (Tx) chip, and the receiver (Rx) chip.

Fig. 6.2 The block diagram of the single channel FMCW radar system
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6.1

Frequency down-convertor for the Rx chip

A double balanced Gilbert mixer is used for signal down-conversion in the receiver chip,
shown schematically in Fig. 6.3. The mixer used in FMCW direct conversion receivers
normally suffers from the strong Tx-Rx feed-through and LO leakage, which could lead to a
high DC offset at the output. The IF output of the mixer is DC-coupled for two purposes, the
first one is to enable possible off-chip DC-offset cancelation strategies [63], and the other
purpose is to enable the flexible choice of the chirp slope to be used. This is because when
a very long chirp with low slope profile is used, the resulting beat tone for the near
distance target is near DC region in the IF profile, and if the IF output is AC-coupled on
chip using capacitors, the beat tone can be strongly suppressed by the high-pass
characteristic of the coupling capacitors.

Fig. 6.3 Simplified schematic of the Gilbert mixer

6.2

Module packaging

Since the antenna is integrated on chip, the packaging becomes much easier. Still, the chirp
signal corresponding to a frequency range of 13 to 20 GHz must be distributed to the chips.
The wire-bonding technique between chips were also studied for this project, and for
wideband bonding techniques for much higher frequencies, please refer to Appendix A for
more details.
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Rx

Tx

Fig. 6.4 Photo Tx and Rx chips.

To minimize the bondwire length and reduce the parasitic inductance, several packaging
methods were developed.
The first packaging method is similar to the assembly shown in Fig. 5.11, where the chip
is glued on an aluminum base, and another feeding PCB is used to route the RF signal to
the chip with bondwire interface, as shown in Fig. 6.5-Fig. 6.6.

Fig. 6.5 Type-I packaging method. The chip is glued on an Aluminum base.
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Fig. 6.6 Top view of the type I packaging method. The feeding board is specially shaped and
half-surrounding the chip.

The advantage of this packaging is that the aluminum base provides a good heat sink and
functions as a strong mechanical support. However, the aluminum surface will cause the
radiation pattern to fluctuate due to the surface propagation of the radiated EM wave. Also,
this packaging only allows limited number of landing pad around the chip as the feeding
board is not fully surrounding the chip. The feeding board needs a specially-shaped outline
to surround the chip for bonding.
In later designs this packing was replaced by another packaging structure. As illustrated in
Fig. 6.7 and Fig. 6.8.

Fig. 6.7 Side view of the type II packaging method. The chip is glued on an FR4 PCB carrier.
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Fig. 6.8 Photo of the type II packaging example. Two chips are packaged on the same carrier board
[64].

The type-II packaging method allows the signal bonding and routing on the carrier PCB.
Also, the antenna reflector’s size can be well controlled. The carrier board made of FR4
only routes the DC and IF signal. The RF board on top of the carrier board is made of
Rogers 3003 laminate, and is used to route the RF signal via microstrip lines. The two
boards are stacked together and glued using conductive silver epoxy. The dielectric
thickness of the RF board is 128 µm, and with 17 µm copper layers on both sides, so the
total thickness is 162µm, which is comparable to the chip thickness of 150 µm, thus the RF
signal bondwire between the PCB and the chip can be made very short, reducing the
parasitic inductance.

6.3

MIMO system packaging

The final MIMO demonstrator was packaged with more advanced PCB technology. As
shown in Fig. 6.9-Fig. 6.10. The RF feeding board is stacked together with the FR4 carrier,
but a cavity for fitting the chip was fabricated using laser etching process. This packaging
allows fully automatic fabrication of the PCB module but requires a special process for the
cavity etching. With this packaging approach, the surrounding board of the chip has a
surface height similar to that of the chip permitting very short bondwires can be utilized in
every direction, thus allowing a low-parasitic chip-to-board bondwire interconnection.
This feature is particularly useful for a multi-chip system with high frequency
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interconnections.

Fig. 6.9 Photo of the MIMO system packaging. The chips are glued in the laser-etched cavities.
First published in: [28] ©2015 IEEE.

Fig. 6.10 Zoomed view of the MIMO system packaging
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7

System characterization

Several experiments were performed with the single channel FMCW radar system,
including a range resolution test, a SAR imaging experiment and a MIMO radar
experiment. The radar system using ultra-wide bandwidth is fully validated by these
experiments and demonstrates that the designed chips are well-suited for many challenging
scenarios.

7.1

Tx-Rx frequency response measurement

The radiated energy at higher frequencies was estimated from the received power of the
receiver chip on which the same on-chip antenna was implemented.

Fig. 7.1 Block diagram of the fixed-IF test setup for characterizing Tx and Rx chips. 26 kHz IF was
selected for this measurement since the IF signal will be sampled by a soundcard for the FMCW test.
First published in: [62] ©2014 IEEE.

Fig. 7.1 shows the block diagram of the test setup and Fig. 7.2 shows the receiver output
harmonic power versus frequency at a distance of 20 cm from the transmitter. The antenna
gain in F-band derived from this measurement is around 3 dBi. The detectable unwanted
harmonics received by the Rx chip from the Tx are all below -39 dBc for the 10
dB-bandwidth from 105 to 160 GHz. In Fig. 7.3, the received power of Rx chip versus Tx
rotation angle for different frequencies is plotted. A wide radiation angle over a large
bandwidth can be observed and confirms the previous measurements with the horn antenna.
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Fig. 7.2 Receiver output level due to the desired 8th and the undesired harmonics. The 10-dB
bandwidth is approximately 56 GHz and all the detectable harmonics are below -39 dBc within this
band. First published in: [62] ©2014 IEEE.
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Fig. 7.3 Measured received power at 20 cm Tx-Rx distance vs. Tx rotation angle

7.2

FMCW radar range resolution test

The block diagram of the radar test setup is shown in Fig. 7.4, where a common FMCW
chirp signal is fed to receiver and transmitter through a Wilkinson divider. The assembled
radar frontend module is shown in Fig. 7.5(a). Pictured are the transmitter and receiver
chips mounted on an aluminum base with an intermediate PCB board for chirp signal
feeding and signal routing. The IF signal is amplified and sampled by the soundcard of a
computer. The transmitted FMCW chirp signal is swept from 104.4 to 161.2 GHz, across a
band of 56.8 GHz. The photo of the radar test setup is shown in Fig. 7.5(b).
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Fig. 7.4 Block diagram of the FMCW radar test setup. First published in: [62] ©2014 IEEE.

Fig. 7.5 (a) Photo of the frontend module. (b) Photo of the radar module under test. (c) Tested targets:
tiny corner reflector with about 3.8 mm spacing. (d) Two Ø=0.75 cm mirror reflectors with 5 mm
spacing. (e) Two Euro-cent coins (Ø=1.625 cm) with 1cm spacing.

To better identify the reflected signal from the targets, the IF profile of the background
scatter without targets was measured first, and then the targets were put into the scene for
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another measurement. The final result is generated by subtracting the background IF profile
from the target-in-scene IF profile. IF signal averaging was also used to improve SNR and
reduce the spurious interference from the power supply and USB cables. This was achieved
by performing synchronized IF measurements for multiple chirps and, as a result, the
measured signals were coherent and were capable of being processed by software.

Fig. 7.6 (a) Raw IF data profile of a metal plate. (b) IF profile of the same metal plate with
background subtraction. (c) IF profile of the same metal plate with background subtraction and 30
averages. (d) Photo of the measurement setup.

A metal plate target was measured to demonstrate the processing of the measured signal.
As shown in Fig. 7.6 (d), in this setup, only a half-open chamber with a length of 0.5 m
was used to shield the frontend. Fig. 7.6 (a) shows the raw data obtained by a single chirp
where a considerable quantity of reflections from the chamber can be observed. In Fig. 7.6
(b), the background subtraction suppresses the chamber reflections by approximately
20dB, but only suppresses the reflections by approximately 10 dB for the more distant
objects located at a distance of nearly 1.8 m away. The reason for the different in
suppressions is due to the trigger signal for the chirp-start control also being sampled by
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IF Amplitude [V]

the sound card, which is not synchronized with the radar system clock. Due to the low
sampling rate of the soundcard, the background signal is not well aligned with the actual
background signal in the time domain. The misalignment can be improved with averaging
and, as shown in Fig. 7.6 (c), an averaging of 30 times suppresses the background
significantly.
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Fig. 7.7 Time domain signal of different targets (with background subtraction). (a) Two 1-cent Euro
coins (Ø=1.625 cm) targets 74 cm away with 1 cm spacing (b) Two Ø = 0.75 cm mirror reflectors
26cm away with 5 mm spacing. First published in: [62] ©2014 IEEE.
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Fig. 7.8 Measured IF profile of different targets. (a) Two 1-cent Euro coins targets 74 cm away with
1cm spacing. (b) two Ø = 0.75 cm mirror reflectors 26 cm away with 5 mm spacing. Targets were
measured in a closed chamber, and background subtraction and 50-times averaging were applied to
reduce the feed-through, interference and noise. First published in: [62] ©2014 IEEE.
101

Magnitude [dB]

20
10

-20
-30

0
-40

-10

0.75

0.8

0.85

0.9

-20
-30
-40
0 0.2 0.4 0.6 0.8 1 1.2 1.4 1.6 1.8

2

Distance [m]
Fig. 7.9 IF profile of two tiny corner (4 mm side length) reflectors at about 83 cm distance with
3.8mm spacing, measured with a single chirp and background subtraction in a setup shown in Fig.
7.6(d). An IF profile of a single corner is added in the zoomed view for comparison.

Various targets were used to test the performance of the radar. Fig. 7.7 shows the measured
time domain IF signal of (a) two 1-cent Euro coins (Ø=1.625 cm) placed 0.74 m away with
1cm spacing (range difference), and (b) two Ø = 0.75 cm mirror reflectors placed 26 cm
away with 5 mm spacing. The periodic shape of the signal envelope reveals the constructive
and destructive interference of the reflected signals from the two targets. The corresponding
frequency domain profiles are plotted in Fig. 7.8. All the tested objects can be separated
well. To demonstrate the range resolution, the IF profile of the 3.8 mm spaced corner
reflectors is shown in Fig. 7.9, where the two targets can be clearly distinguished. The
measured 6-dB width of the beat tone from the single corner reflector is also 3.8 mm.
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Table 7.1 Summary of the single channel FMCW radar

Performance of the single channel FMCW radar

Technology

0.13 µm SiGe:C, fT~250 GHz

Power consumption

Tx: 170 mW @ 2.5 V
Rx: 205 mW @ 2.5 V

X8 output power

2~5.5 dBm

Tx-Rx Bandwidth with on-chip
antennas

105~160 GHz (10 dB)
118~160 GHz ( 5 dB)

Measured on-chip antenna gain

5±3 dBi @110 ~ 140 GHz

System bandwidth

56.8 GHz (104.4~161.2 GHz)

Range resolution

3.8 mm

Harmonics

No harmonics visible above -45 dBc

7.3

SAR imaging experiment

Given the large bandwidth achieved with the radar frontend, as well as the wide radiation
angle and small size of the on-chip antenna, it is possible to obtain a high resolution
synthetic aperture radar (SAR) image with this frontend. The range resolution of the SAR
image is determined by the radar bandwidth, while the ideal cross range resolution can be
approximated by one half of the antenna length. The derivation of the cross range
resolution is beyond the scope of the thesis, and in this section only the experimental
results will be presented.
It is worth noting that in theory, the range or cross range resolution of the linear scanning
SAR radar will not be degraded by the detection distance, and is a great advantage when
compared to an optical camera image. However, since the power from the antenna is spread
over a large illuminated area, the reflection from the distant objects may be too faint to be
detected. In a practical case, due to the on-chip antenna’s small aperture, and associated low
antenna gain, the system has a limited detection range as an SAR radar; thus to obtain a high
resolution image for the distant objects, a large transmitting power is required.
A SAR experiment is designed to demonstrate the radar’s capability of achieving high
resolution image. Fig. 7.10 shows the experimental setup. Unlike the traditional SAR radar,
which moves along a certain path to take snapshots of the stationary targets, this SAR radar
has a stationary radar sensor, but the targets are moving. This approach was taken only
because the radar system is too large to be moved by the mechanical platform.
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Fig. 7.10 Setup of the SAR measurement platform.
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Fig. 7.11 Block diagram of the SAR measurement system.

The targets are made of three small corner reflectors with 3 mm edge size placed on a
metal plate, as shown in Fig. 7.10. The target array was moved linearly on a slide platform
driven by a stepper motor for a total range of 18 cm. The step length of the sliding platform
can be accurately determined by controlling the motor’s step size, which is 1 mm in this
experiment. For every step, the radar system transmits and receives a 55 GHz-bandwidth
chirp signal (105-160 GHz) and records the IF signal. Lastly, the 180 slices of IF profiles
was post-processed to reconstruct the SAR image. Fig. 7.12 shows the obtained SAR image
of the target.
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Fig. 7.12 SAR image obtained with the wideband FMCW radar system. Left: Optical image; Right:
SAR image (Axes unit: m).

The algorithm used to reconstruct the image is the very basic matched-filter algorithm.
However, faster algorithms can also be used (e.g. back-projection algorithm).
As shown in Fig. 7.12, the three targets are well distinguished with superior range and
cross range resolution. The cross range’s 3 dB peak width is smaller than 1.5 mm.

7.4

Experiments with dielectric lens

9mm

Above 100 GHz, radio waves can be easily focused by a dielectric lens, even if the
dielectric constant of the lens is not high. The required size of the lens becomes smaller as
frequency increases; thus, the loss is significantly reduced. In this section, a 3D-printed
dielectric lens will be demonstrated. The material of the lens is low-εr, low-cost polyamide.
The low-εr material allows high coupling efficiency between the on-chip antenna and the
lens. Also, the fabrication error tolerance is narrower as compared to materials with a
higher dielectric constant. The size of the dielectric lens is shown in Fig. 7.13.

18mm

Fig. 7.13. Sketch of the 18 mm-dielectric lens
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Fig. 7.14. Simulated radiation pattern of the on-chip antenna coupled with 18 mm dielectric lens
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Fig. 7.15. Measured radiation pattern of the on-chip antenna coupled with 18 mm dielectric lens

The fabricated lens is characterized with an industrial robotic arm for its radiation pattern.
The measurement result is shown in Fig. 7.15. The measured difference between the
simulated and measured radiation pattern may be due to the use of an inaccurate dielectric
constant during simulation. The fabricated lens provides a 3 dB beam width around 7º.
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Fig. 7.16 Packaged sensor frontend with dielectric lens

The lens is also installed on the transceiver frontend for gain characterization. The radar
receiver receives 30 dB more power if the lens is installed, indicating that the gain of the
single lens is approximately 15 dB, as shown in Fig. 7.17.

Fig. 7.17 Measured normalized received power level at different frequencies with and without lens.
The Tx and Rx lens increase the gain by 30 dB

A scanning radar system was developed to explore the possible applications by combining
the dielectric lens and the wideband radar frontend. The proposed system is shown in Fig.
7.18, the wideband FMCW radar sensor with on-chip antenna is used as the sensing device,
and the proposed dielectric lenses are used to focus the radiated energy into a beam. A 45º
mirror rotated by a step motor is used to re-direct the beam into a horizontal scanning
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beam, at every scan angle the radar performs the measurement and the range profile will
be recorded. With these data the 2D environment map surrounding the radar system can be
plotted.

13.056 –
20.16GHz

frontend module
Tx chip

chirp
generator

Rx chip
X8

chirp
start

PC

X8

104.4 –
161.2 GHz
Mirror

IF amp.

sound
card

step
motor

(a)

(b)

Fig. 7.18. (a) Sketch of the scanning radar system. (b) Block diagram of the scanning radar system
[66]

Fig. 7.19 Photo of the scanning radar system. The rotational mirror is made of aluminum with
polished surface.

The photo of the assembled radar system is shown in Fig. 7.19. The frame of the radar is
made of PVC material, and the rotational mirror is made of Aluminum with polished
surface.
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The radar system is placed in a corridor for an experimental test. The geometries of the
surrounding walls are plotted in Fig. 7.20. A 10 ms chirp with 8.9 GHz bandwidth is used
for the test. The measured results are shown in Fig. 7.20. Despite that the RCS of the target
is strongly dependent on the injection angle of the radar signal [65][66], an image of the
corridor can still be obtained where the surrounding geometry can be clearly identified.

(a)

(b)

Fig. 7.20 (a) Geometry of surrounding walls of the corridor at the test site. (b) Image of the
scanning radar system, obtained with 10 ms chirp with 8.9 GHz bandwidth and displayed with
45dB dynamic range.

The frame rate is limited by the sampling rate of the sound card (44.1 ksps), and the chirp
time used. The achievable frame rate for different bandwidth is listed in Table 7.2.
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Fig. 7.21 Image of the scanning radar system, obtained with 18 GHz bandwidth and displayed with
45 dB dynamic range.

When a higher chirp bandwidth is used, more range resolution can be obtained. As shown
in Fig. 7.21, where an 18 GHz chirp bandwidth is applied to obtain the radar image. It is
interesting to note that the radar can penetrate deeper in some wall regions, indicating that
the reflected signal is not only from the surface of the target, but also back-scattered from
the inside of the material, as shown in Fig. 7.22. This property enables the radar to provide
additional information about the material of the target being scanned. If the target is not
thick, the radar can eventually “see through” and detect the objects behind.

wall

Fig. 7.22 Reflection mechanism of the radar signal at the wall (made of non-conductive material)

This experiment demonstrates that a low-cost, short range and high resolution millimeter
wave radar can generate a high quality image of the surrounding environment, which
could be used in many potential automotive and robotic applications and possibly become
a low-cost alternative to laser LiDAR scanners in certain applications [67].
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Table 7.2 Summary of the parameters used in the scanning radar

Bandwidth [GHz]

Frame rate [fps]

Number of pixels
in the image radius

2.2

2

128

4.5

1

256

8.9

0.5

512

18

0.25

1024

Table 7.3 Performance of the scanning radar

Angular resolution

7.3°(3 dB)

Angular step

1.8°

Steps per frame

200

Range resolution

Min: 3.8 mm (56 GHz BW)

Dynamic range

80 dB

7.5

Experiment with MIMO radar

A 1D-MIMO radar is built using the wideband Tx and Rx ICs to verify the MIMO radar
concept by Airbus group [28]. The construction of the sensor ICs are shown in Fig. 7.23.
The elements are uniformly spaced for every 3 mm. The two Tx and six Rx channels form
12 virtual elements. To make the spacing of the virtual elements uniform, an additional
virtual element (marked with cross) was later added by interpolating the values of the
other elements.
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Fig. 7.23 TX/RX configuration of the radar sensor and the resulting virtual array (black dots)

The photo of the complete setup is shown in Fig. 7.24. A chirp ranging from 120 GHz to
125 GHz with duration of 1.67 ms was used for the test, leading to a range resolution of 3
cm; larger bandwidth up to 20 GHz is also possible [28].
First, a calibration was performed to equalize the phase and amplitude response of each
element. The simulated and measured power pattern of a target near 0 degree is shown in
Fig. 7.25, and the simulation and measurement results are matching well.

Fig. 7.24. Photo of the complete radar sensor docked onto an IF Board. First published in: [28]
©2015 IEEE.

To improve the sidelobe levels, a virtual element was generated to form a uniformly
spaced array. The power profile of the target with and without the virtual element is
compared in Fig. 7.26. An improved redistribution of sidelobes is achieved with the help
of the additional element.
Finally, a test scene with three corner reflectors was built and a MIMO radar image was
generated. The results are shown in Fig. 7.27. The three corner reflectors are
well-separated, and the wall behind was reproduced as a point target.
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Fig. 7.25. Simulation and measurement results for a target at an angle near 0 degree. First
published in: [28] ©2015 IEEE.

Fig. 7.26. Compare of the measured power pattern of the array with and without the interpolation
element, the former improves the sidelobe levels significantly. First published in: [28] ©2015
IEEE.

Fig. 7.27 Photo of the test site (left) and the radar image (right). The test site is a room with three
trihedral reflectors placed at different positions. First published in: [28] ©2015 IEEE.
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Conclusion

Through the designs and results presented in the previous chapters, the potential and
performance of the silicon based millimeter wave radar building blocks have been
demonstrated in many ways.
A wideband, low phase noise radar signal source can be realized using a wide range VCO
with frequency multipliers. As the linearity of the chirp signal is critical for the
performance of the radar system, a chirp generator is proposed using a PLL with DDS low
frequency chirp feed. The chirp generator is able to synthesize a fast and linear chirp from
10 GHz to 20 GHz with low phase noise and good chirp linearity.
By exploring and innovating various frequency multiplier topologies and design
techniques, frequency multipliers have been achieved in SiGe technology which cover
frequency ranges from 50-160 GHz. These designs show excellent performance
characteristics including, a very good in-band flatness of 1.8 dB from 50 to 75 GHz, an
ultra-wide bandwidth from 90 to 140 GHz, and from 104 to 160 GHz, and a high
harmonic suppression of -38 dBc. Some of the topologies discussed in the thesis were
invented and reported for the first time by the author, such as the polyphase-based
quadrupler, transformer based push-push doubler and the bootstrapped Gilbert cell. It has
been demonstrated that these new designs outperform the conventional topology in terms
of conversion gain, in-band flatness, output balance, and harmonic suppression. It has
been found that some topologies achieve better performance in certain aspects than others.
For example, the cascaded push-push based doubler shows the best harmonic suppression
while the bootstrapped topology shows the best conversion gain. The properties of these
different topologies can be utilized according to different system requirements. As the
FMCW system favors a low harmonic chirp signal, the low-harmonic push-push based
frequency X8 has finally been selected as the signal source of the radar system.
Another focus of the work is to realize a wideband antenna for the radar frontend. It had
been found that the on-chip antenna has a great potential to achieve a wideband
performance, but the radiation efficiency might suffer due to the substrate loss. This
problem was solved by introducing the dielectric resonance concept in the antenna design
where the substrate was considered as a dielectric resonator. The proposed on-chip
antenna was demonstrated to have 56 GHz bandwidth, with a simulated efficiency better
than 75%. As the antenna is compatible with the general SiGe technology, it can be used
with very low cost in mass-production applications. The on-chip antenna can be used
together with a dielectric lens to boost its gain. It has been demonstrated that the lens can
be realized with common plastic materials using low-cost 3D printing techniques. At
frequencies above 100 GHz the size of the lens can be small enough to reduce the loss.
Compared with horn, or antenna arrays, the printed lens is a very low-cost and robust
115

solution to focus a millimeter wave radiation into a beam.
To address the potential need of millimeter wave chip interconnections, wideband
bondwire interface between chips were studied. A bondwire compensation method is
presented in appendix A. An insertion loss better than 2 dB has been achieved for the
frequency range from DC to 150 GHz. The proposed bondwire compensation method can
also be used in chip-to-board bondwire interfaces.
A single channel FMCW radar system using the fabricated wideband radar chips was built
to verify the chip performance. The radar system shows an excellent bandwidth of 56GHz
and an ultra-high range resolution of 3.8 mm. Several low-cost packaging methods were
also developed. A SAR measurement was also carried out, and the imaging results further
demonstrated the wideband performance of the chipset. In the scanning radar experiment,
the on-chip antenna was coupled with a low cost dielectric lens to form the millimeter
wave beam, and it was demonstrated that this combination can be used to sense the
surrounding environment, which may find many applications such as industrial
localization.
All the ICs in the previous chapters were designed and fabricated using SiGe BiCMOS
technology. The ICs achieve state of the art performance with a small chip area and low
power consumption. Further integration of ADC / DAC or digital circuitry can be applied,
leading to a fully integrated radar system.
There are increasing applications emerging with constant innovations in the millimeter
wave technology. The unique advantage of the millimeter wave radar, that it is immune to
inclement weather and is unaffected by particulate matter-containing air, makes it an
indispensable sensor in autonomous cars. Another big emerging application is in full-body
scanning systems in commercial airports since millimeter wave technology’s unique
feature is that it can penetrate through clothes while not causing health problems to the
human body. These applications all ask for a sensor solution that is low cost, high
resolution and can be easily mass-produced. The techniques and topologies discussed in
this thesis can satisfy these requirements and can be used for these applications without
significant modifications. Beyond the works presented in this thesis, there are many more
topics to explore. Looking ahead, the silicon based millimeter wave radar sees a great
future and constitutes a rich area of research and development in the years to come.
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Appendix A
Chip to chip interconnection
Millimeter wave modules frequently require high performance chip-to-chip interfaces.
Wideband, low-loss, and compact millimeter wave chip-to-chip interconnects can bring
much more flexibility for the design by connecting different individual ICs or antennas
together. In this appendix, the possibilities of realizing impedance matching between
millimeter wave ICs are explored. A chip to chip interconnection structure that can achieve
sub 2 dB loss at 140 GHz will be presented.

A.1 Compensating the interconnecting bondwires
Despite that differential bondwires are preferred as interconnecting structures due to its
virtual ground, single-ended bondwire structures are often necessary for many reasons, for
example, the components only have single-ended interface, or, in order to save the power
consumption and chip size, the circuit is designed in a single-ended topology. In these
cases, high performance single-ended interface will be required. This section will start
with the analysis of the single-ended interconnecting line, and then will demonstrate that
wideband and low-loss chip-to-chip interfaces can be achieved using short bondwires with
compensation structure. Design and simulation results of the proposed single-ended
bondwire interface are discussed hereafter.

A.1.1 Compensation structure design
As shown in Fig.A.1, even with very short bondwires, e.g. 150 µm, at frequencies above
100 GHz, it is still necessary to compensate for the transmission loss. Due to the mismatch
loss caused by the bondwire inductance, the uncompensated bondwire interface suffers a
loss higher than -1.46 dB, and the reflection coefficient is worse than -6.7 dB above 150
GHz.
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Fig. A.1 EM simulation results of an uncompensated interconnect with 150 µm long bondwires.
Compensated interconnects with 150 µm and 175 µm long bondwires are shown as well [68].

To improve the loss and matching, a simple on-chip compensation structure has been
designed in a 0.13 µm BEOL technology. As shown in Fig. A.2, a C-L-C-L-C-L-C topology
is used for the design. The required on-chip capacitance and inductance are created by
designing the proper sized pad (40x60 µm2) and two high impedance microstrip lines with
dimensions 130x3 µm2. Ground-signal-ground bondwires form CPW connection between
two chips are spaced by 150 µm. The bondwires were made using an ultrasonic wedge
bonder. A chip photograph as well as the EM model of the bonded interconnect are shown in
Fig. A.2(b) and (c).
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(a)

(b)

(c)
Fig. A.2 (a) Layout of the EM model (b) equivalent circuit model (c) chip photograph of the
realized single-ended interconnect. All dimensions are in µm.

Fig. A.3. Electrical field distribution around (a) single-ended bondwire interface (b) differential
bondwire interface. A virtual ground is formed in the middle of the differential bondwires, which
can lower its characteristic impedance.
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It is worth noting that the two ground bondwires in the CPW bondwire interface are
important for reducing the equivalent inductance, since the spacing between the ground
bondwires and the signal bondwires determines the characteristic impedance of the CPW
structure, as shown in Fig.A.3. Bringing the ground bondwires closer to the signal
bondwire will lower the characteristic impedance and thus reduce the effective inductance.
This is also why the differential bondwire interface benefits a lower parasitic inductance,
since the virtual ground can be made very close to the signal lines by bringing the signal
bondwires closer to each other, an operation that is much easier for the differential
bondwires than for the single-ended bondwire.
Fig.A.1 shows the EM simulation results for two compensated interconnects with bondwire
lengths of 150 µm and 175 µm. These two values have been used to represent actual
bondwire length variation during manufacturing. EM simulation shows that the
transmission loss is within 1 dB, and reflection coefficient is better than -10 dB in the entire
bandwidth from DC to 170 GHz [68].

A.1.2 Measurement Results
Five samples of single-ended chip-to-chip interconnects were glued on a glass carrier and
measured. Three samples were left undiced, sharing the same silicon substrate, while two
samples were diced in order to remove the substrate between the chips and determine the
influence of the low-resistivity silicon substrate that is located below the bondwires. All
chips were bonded using manual bonding and were characterized on-wafer. S-parameter
measurements were made using two network analyzers, one covering the range from DC to
110 GHz (Agilent E8361A with 67-110 GHz waveguide TR modules N5620-60003) and
the other one from 110 GHz to 170 GHz (Rohde&Schwartz ZVK 24 GHz with 110-170
GHz TR modules ZVA-Z170). Fig.A.4 shows the simulated and measured reflection and
transmission coefficients. The measurement results are in a good agreement with EM
simulation results. All samples have achieved excellent performance: a reflection
coefficient better than -12 dB from DC to 170 GHz and a loss lower than 2.5 dB. The
variation of the transmission loss is within 1 dB from DC to 170 GHz. It is worth noting
that the diced sample shows lower loss than the undiced ones, e.g. the transmission loss at
140 GHz is around 1 dB for undiced samples and 0.75 dB for diced samples. This is
possibly due to the effect that the silicon substrate below the bondwires in the undiced case
lowers the Q of the bondwires, as the alternating E-field around the CPW wire will be
attenuated by the resistive silicon substrate. The diced samples achieve a bandwidth from
DC to 170 GHz with 1±0.5 dB loss [68].
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Fig.A.4. S-parameter measurement results of five bonded samples (three samples with and two
samples without low-resistivity Si substrate under the bondwire connection) in the frequency range
1 GHz to170 GHz [68]. For comparison, simulation results are shown as well.
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